
Abstract 
YUCE, MEHMET RASIT. A Differential-Based Multiple Bit Rate PSK Receiver: Theory, 
Architecture, and SOI CMOS Implementation.(Under the direction of Professor Wentai Liu.) 

The development of telecommunications electronics with low power and low mass will be 

significant for future deep-space communications. The design of a receiver for deep-space 

communication requires the receiver to be robust against frequency variations due to Doppler 

effect in addition to radiation tolerance and low-power consumption. This dissertation reports 

a very low-power differential-based phase-shift keying (PSK) receiver that is targeted at deep 

space and satellite communications, on both architectural and implementation levels. The 

power consumption of the PSK baseband circuit alone is less than 100 µW, which is 

significantly better than previously reported designs. Another major feature that has not been 

previously offered for PSK modulation is the use of 1-bit analog-to-digital converter (ADC) 

with sub-sampling front-end. 

The receiver uses double differential detection with traditional PSK modulation in the 

baseband to eliminate the impact of Doppler shift. Furthermore, the baseband can be 

employed in IF-sampling and sub-sampling front-end. Both front-ends offer minimal power 

consumption and differ from many traditional ones by eliminating some existing problems 

such as DC offset, dc voltage drifts and 1/f noise. The receiver also incorporates digital 

decimation stages to accommodate variable bit rates, and therefore it is highly 

programmable. The ability to support a wide range of data rates is an important feature of the 

receiver. This is achieved via digital channel selection by means of digital signal processing 

(DSP). A timing circuit robust to Doppler shift is also introduced for the proposed PSK 

receiver. Unlike conventional timing circuits, the proposed circuit consists of a 1-bit ADC at 

the front to convert analog signal to digital signal and a pre-filter to eliminate frequency error 

due to Doppler. In addition, the circuit is designed for multiple bit rates. The worst-case 

observed timing offset from the implementation for all data rates is less than 1/10 of the 

symbol period of the highest bit rate 100 Kbps (i.e. ∆TBmax B=1 µs).  

The baseband and an analog part of the receiver are realized in 0.35 µm Silicon-on-

Insulator (SOI) CMOS. SOI Complementary Metal Oxide Semiconductor (CMOS) 

technology is used mainly because it is a radiation hardness process. SOI technology is 
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currently the most attractive choice in transceiver designs due to its advantages in both speed 

and power over standard CMOS because of lower parasitic capacitances. The designed 

baseband circuit consumes a power as low as 90.6 µW from a 1.1 V power supply. The 

analog part of the designed test chip consists of a two-stage differential IF amplifier that 

consumes a power of 0.8 mW from a 2.5 V supply. The primary goal of the proposed 

receiver is to achieve a higher  integration at chip level, therefore resulting in significant size, 

power, and mass reductions for orbiter-lander communications while still meeting the 

system-level constraints. 

This dissertation also identifies the implementation issues of wideband next generation 

receivers. The recent trend for IC designers is to design extremely flexible receivers that can 

support multiple standards in wireless communication. Thus the aim of the next generation 

receivers is to operate with multi-standard and multi-band channels. Herein, new sampling 

wideband front-end architectures are discussed for this application. The proposed 

architectures are well suited for wideband receiver architectures due to the limited dynamic 

range of analog-to-digital converters (ADC’s) in today’s technology. They differ from 

conventional types by providing low power and high integration. 

The dissertation also presents some ultra low-power PSK receiver architectures. Those 

receivers use the 1-bit ADC at the front-end to digitize the input signal. After the ADC, the 

rest of circuit can efficiently be implemented digitally. Using a 1-bit ADC at the front-end 

with the subsampling process  reduces complexity as well as size. The 1- bit A/D converter is 

selected instead of a multibit A/D converter for low power applications because the 

implementation is much simpler and more power is saved compared to the multibit A/D 

converter. The 1-bit A/D front-end eliminates mixers, PLL and AGC devices or replaces 

them with very low power digital ones. Therefore, these receivers are designed such that less 

power is consumed than many conventional receivers. The differential-based receiver 

proposed for orbiter-lander communication is also one kind of those receivers.  
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Organization of Thesis 

Chapter I. gives the motivation of the work presented in this dissertation.  Various 

receiver circuits with emphasis on low-power applications in CMOS technology are 

discussed in chapter II (i.e. a literature review). Almost all types of receiver techniques were 

also review there. Chapter III studies the SOI technology, which is used for the fabrication of 

the test chip. Chapter IV describes the system and the implementation of a low-power PSK 

receiver for space applications in SOI CMOS technology. Chapter V covers the system and 

circuit design of a low-power symbol timing recovery circuit (STR) for phase-shift keying 

(PSK) receivers. The STR circuit is generalized such that it can be employed to all other 

digital modulation schemes. Chapter VI gives the results obtained from the fabricated chip. 

Chapter VII concludes with a discussion of future work. 
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Chapter I 

Introduction 

 

1.1. Motivation 

Low-cost and low-power receivers have gained importance due to increasing demands 

from wireless communication systems. In traditional digital communications, the RF signal is 

down converted to lower frequencies by means of analog mixers and filters. Current attempts 

in wireless communications are towards digitizing the received signal as close to the antenna 

as possible. Therefore, analog-to-digital converter (ADC) should be placed as near as 

possible to the antenna. After the ADC, with the use of robust digital signal processing (DSP) 

techniques, digital circuits will implement complicated filtering, down conversion and 

demodulation. In future receivers, antenna, LNA and ADC will be individual blocks only. All 

other functions will be processed in the DSP part. As a result a minimal set of RF and analog 

component will be required, as depicted in Figure 1.1. However, in such receivers, the ADC 

must achieve a high linearity in order to be able to digitize the input signal with minimal 

inter-modulation of interferers and exhibit a thermal and quantization noise floor well below 

the signal level at the output. The level of noise reduction varies different applications, which 

maybe in the range of 40-100 dB. For some applications a radio-frequency (RF) filter may be 

necessary to remove out-of-band noise so as to relax the dynamic range of the ADC. 

 

DSPADC

LNA
RF

Filter
Antenna

fs  
Figure 1.1. Next generation receiver architecture. 
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Sampling receivers [1]-[3] are the primary attempts toward next generation receiver 

architecture. This dissertation focuses on designing a low power sampling PSK receiver for 

Mars orbiter-lander communication system in a deep-space environment. Deep space 

communication receivers must be robust to radiation hardness and Doppler effect as well. 

The receiver circuit is implemented in SOI CMOS technology to provide radiation 

hardening. SOI CMOS circuits exhibit performances superior to those of their bulk 

counterparts because of the following properties: the reduced parasitic capacitances, the 

absence of latch-up and its robustness against radiation hardness [4]. 

Sometimes the Doppler shift is several times wider in a space application for low data 

rates and often must be handled by circuit techniques. In an environment with a high Doppler 

shift, many modulation schemes require either pilot transmission technique or additional 

circuits [5][3] to handle the frequency shift. The proposed receiver uses a double differential 

technique with phase-shift keying (PSK) modulation to eliminate Doppler frequency offset. It 

requires no extra circuit such as pilot signal or PLL for carrier recovery [6][7], therefore 

resulting in high transmission efficiency and a simplified, low power circuit implementation. 

The work presented in this dissertation is an effort towards a fully integrated PSK receiver 

for deep-space communication system in a deep space environment. And low power is one of 

the most critical priorities. All digital baseband circuit makes the design of low power 

receiver feasible. The power consumption in a digital CMOS circuit is P ∝ CVP

2
Pf, where C is 

the capacitance in the circuit, V is the supply voltage, and f is the operating frequency [8]. We 

adopt subsampling technique [3] to reduce the operating frequency, 1-bit A/D converter to 

reduce circuit complexity and capacitance, as well as SOI CMOS technology to potentially 

reduce the operational voltage and capacitance [4]. Novel circuits for low power in 

demodulation and synchronization of the receiver for multiple data rate (0.1–100 Kbps) 

transmission are also designed and described for the receiver given here. Combining all these 

with power efficient circuit methods has resulted in a highly flexible and low power receiver. 

The detailed description of this receiver is presented beginning from chapter-IV. 
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Chapter II 
 
Low Power CMOS Wireless Communications: System 
and Circuit Design Analysis 

 
 
2.1.   Introduction 
 

In this section, we will explore many of the fundamental issues that arise in receiver 

designs. Early receiver circuits especially RF parts have been designed in GaAs, bipolar and 

BICMOS. Scaling down the dimension of CMOS technology has resulted in an increase in 

device bandwidth that has made possible the realization of RF circuitry. Due to its low cost 

advantage, designers have found it interesting to consider implementation of wireless 

receiver circuits in CMOS technology. Moreover CMOS technology resolves a number of 

issues such as substrate coupling, parameter variation with temperature and process [1].  

Wireless CMOS radio receivers require low cost, low power, flexibility as well as 

portability. Current transceiver includes many discrete components and they are power and 

cost inefficient. The trend in receiver design evolves towards a fully integrated single chip 

providing higher performance, lower power, lower cost and increased portability in CMOS. 

Recent works have indicated that almost all components to implement a receiver for wireless 

communications can be realized in CMOS technology by the merging of RF front-end, 

analog part and baseband onto a single die [2][3]. 
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2.2. Traditional Receiver Architectures 

In traditional receivers, a front-end consists of single or multiple stages of down 

conversion, filtering and amplification of a RF transmission. The choice of a suitable 

wireless architecture should carefully be made because it can have a direct impact on the 

overall power consumption and performance. Besides low-power, the two most important 

specifications of a receiver to be considered are its selectivity and sensitivity. Selectivity of a 

receiver front-end is its ability to reject adjacent channels and image frequencies, while the 

sensitivity is its ability to detect weak signals at the receiver input such that a sufficient 

signal-to-noise ratio (SNR) will be obtain at the output of the receiver [4]. The most standard 

receivers are super heterodyne and homodyne receivers. They have been used for a long 

time, almost half a century. The homodyne receiver is also known as “zero-IF” or direct-

conversion receiver [5] [6]. In the following sections, well-know conventional receiver 

architectures are discussed with advantages and disadvantages.  

2.2.1  Heterodyne Receivers 

The best-known and most widely used wireless transceivers utilize heterodyne 

architecture. This architecture has good performance due to its high selectivity and 

sensitivity. In a super heterodyne receiver, as shown in Figure 2.1, the input signal is first 

passed through a RF filter (It is sometimes called “band-select” or “preselection” filter.) to 

remove the out-of-band signal as well as partially reject image band signals. The received 

signal is then amplified by a low-noise-amplifier (LNA). The image-reject filter (IR) filter 

suppresses the undesired input signals (i.e. image signals). The received signal after IR filter 

is then down converted from carrier frequency to a lower intermediate frequency (IF) by 

multiplication (mixing) with a local oscillator (LO). The channel select filter with variable 

gain amplifier (VGA) selects the desired channel and reduces the distortion and dynamic 

range of subsequent blocks [3]. In a heterodyne receiver, the received signal is 

downconverted to relatively lower frequencies in order to relax the Q value of the channel 

select filter for a narrow-band channel [7]. The Q factor of a filter is defined as the ratio of 

the center frequency to the bandwidth (Q=WIF/BW). 
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 Figure 2.1. Heterodyne receiver architecture. 

 
A frequency plan of the heterodyne receiver is illustrated in Figure 2.2. The undesired 

signal, called the image band, will be superimposed on the desired signal band after the two 

down conversion stages, as shown in Figure 2.2-(b). The role of the image-reject filter (IRF) 

together with the RF filter is to suppress the image band as much as possible [8]. There 

would be no need for a specific image-reject filter if the IF frequency is chosen sufficiently 

high so that the image band lies in the stop-band of the RF pre-selection filter. However, this 

is not the case for most heterodyne receivers. Amplification and filtering at high IF 

frequencies comes at the price of power dissipation. 
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Figure 2.2. Frequency plan of a heterodyne receiver. 
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Furthermore, it requires a large number of off-chip components that increase the receiver 

size. Almost all filters employed in heterodyne receivers are high-Q discrete filters-such as 

surface acoustic wave (SAW) or ceramic filters so as to obtain higher-quality channel-select 

filter [7]. 

From above discussion, heterodyne receivers depend on the trade-off between the image 

rejection and channel selection. The drawback of implementing off-chip components due to 

the required high Q image-reject filter is that it increases cost as well as power consumption. 

In addition, IR filter requires to be driven with 50Ω by the preceding stage-LNA. Driving a 

signal close to RF frequency for such impedance requires power hungry driver blocks [5]. 

Despite all above, heterodyne receivers have been most reliable receivers in wireless 

communications due to fact that they can sense the desired small signals even in the presence 

of large interferers. However, they have been limited to miniature, low-power and highly 

integrated transceivers.  

2.2.2    Direct Conversion Receivers 

The major driving force for direct conversion receivers is motivated by their cost, size and 

power reduction potentials. Direct-conversion receiver eliminates many off-chip components 

and offers significant power saving. The received signal is down converted to zero Hz or dc 

rather than a high intermediate frequency. The frequency of the LO signal is equal to the 

carrier frequency which means the desire signal and the image signal are the same. The 

advantage of this is that it relaxes or eliminates the need for the image rejection filters [5]. It 

has been used widely in digital cellular telephones, GSM receivers and miniature radio 

pagers [9][8].  

In Figure 2.3, general direct conversion receivers are shown. Down conversion with I/Q 

paths (Figure 2.3-(b)) is used mostly for PSK and FSK modulated signals that includes 

different information on I and Q signal. The separation for those modulated signals must be 

provided in the receiver in order not to loose any information [10]. The first RF filter or 

“band-select” filter suppresses all out-band signals and noise, and thus relaxes the required 

dynamic range for the following blocks. An integrated low-pass filter (LPF) is employed to 

select the desired channel and to reject all adjacent channels. 
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Figure 2.3. General schematic of direct conversion receiver, a) simple direct-conversion receiver, b) I/Q down 
conversion direct conversion receiver. 

The LPF can function as anti-aliasing filter and along with a variable-gain amplifier (VGA) 

they relax the dynamic range of the A/D converter.   Despite its higher levels of integration, 

direct-conversion receivers may suffer from a number of issues that either don not exist or 

are not as serious in a heterodyne receiver. 

Direct–conversion receivers are very sensitive to LO feed-through that arises from 

capacitive and substrate coupling and bond wire coupling. Due to imperfect isolation 

between the LO and the inputs of the LNA and the mixer, a leakage signal, called “LO 

leakage,” appears at the inputs of LNA and the mixer which is mixed with the LO signal, as 

shown in Figure 2.4. This self-mixing (can be time-varying) produces a DC-component in-

band and for some cases it may be stronger than the desired signal (i.e DC offset problem) 

[8]. This problem was the main reason why super heterodyne receivers have been more 

popular than direct-conversion receivers in many applications. 
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Figure 2.4. Self-mixing of LO signal and a strong interferer. 
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Aside from self-mixing problem, direct conversion receivers are exposed to flicker (1/f) 

noise since the desired signal is situated at low frequencies. Down conversion mixers and 

baseband circuits may introduce unexpected noise in narrow band that can impact the 

receiver performance. In addition to self-mixing and flicker (1/f) noise, second order 

distortion produces an unwanted tone that adds to the signal [7]. A power spectrum density, 

PSD of a down converted signal in a direct conversion receiver is shown in Figure 2.5.  

PSD

f, frequency

white noise, N o

inform ation

1/f

DC

 
Figure 2.5. A PSD of the down converted signal with impairment effects in down-conversion receivers. 

Another serious problem associated with direct-conversion CMOS receivers is phase and 

gain imbalance of I/Q components for the receivers that use the scheme shown in Figure 2.3-

(b). Most frequency and phase modulation architectures utilize a quadrature I/Q down 

conversion scheme because in general two-side bands of RF spectrum are different.  The 

error in 90o shift and mismatch between I/Q components corrupts the detected signal, 

resulting in an increase in BER (Figure 2.6-(a))[11]. 

 
Figure 2.6. Impairment effects in 4-FSK down-conversion receiver, a) degradation due to I/Q phase mismatch 
[11], b) the effect of DC offset on the BER performance [12]. 
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The DC offset degrades the receiver BER performance if it is not eliminated. Especially, 

for the modulation schemes which contain significant energy at and around DC. Figure 2.6-

(b) shows the effect of DC offset on the BER of 4-FSK. As the offset level gets stronger, the 

BER becomes quite worse [12]. Several offset cancellation methods have been introduced to 

prevent all DC offsets [13][9]. Generally, the offset cancellation system has a very low 

bandwidth to eliminate the interference signals with the desired one. Direct-conversion 

receiver is the most preferable choice for the modulation that includes little energy around 

DC (e.g. 4-FSK or HQAM [14]). It can be suitable for wideband channels as well where a 

few kilohertz of the channel can be wasted which will not be that significant considering 

overall BER performance [7]. For narrowband applications, a suitable DC offset cancellation 

method must be used either in RF front-end with sort of ac coupling and filtering techniques 

or in the baseband with the DSP technique. Due to its excellent integration and low cost 

potential, direct-conversion receivers will continue to be used more often. 

2.2.3.  Low-IF Receivers 

The goal behind low-IF is to combine the advantages of both heterodyne and homodyne 

receivers. It is well suited for full integration with high performance as well as reduced power 

consumption. It uses an IF frequency slightly higher than DC (e.g. a few hundred kHz) and is 

therefore not affected by DC offsets and 1/f noise. The IF frequency is chosen to be as low as 

possible so as to relax the requirements for the ADC. It is generally set to half the channel 

bandwidth so that the mirror signal is the adjacent channel. The image rejection is done on IF 

signal rather than RF, which exhibits excellent integration, because the image rejection and 

the channel selection no longer require high-Q filtering [15].  

The IF signal can be converted to digital domain (DSP) where the final down conversion 

is done using I/Q down conversion mixers. The channel selection is achieved by the poly-

phase filter that is used to reject image band as well. A general low-IF receiver block diagram 

where the I/Q down conversion is performed in the digital domain is given in Figure 2.7 

[16][17]. By using the structure, the image signal is cancelled with proper signal processing. 

The in-phase (I) and quadrature (Q) components of the desired signal are added in pairs, 

while the image signals are cancelled.  
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Figure. 2.7.  A low-IF receiver.  

 
Wide-band IF or Low-IF Receiver with Double Conversion Receiver 

There exists another architecture which is well suited building for highly integrated 

receiver known as wide-band IF architecture [3]. A wide-band double-conversion IF receiver 

is shown in Figure 2.8. This architecture is similar to that of given in Figure 2.7 except that 

here the IF frequency can typically be high. Also, it does not require a higher resolution ADC 

as in that of low-IF because the ADC comes after when image band is eliminating. After the 

prefilter and LNA, the RF signal is down converted to IF via first quadrature down 

conversion. A wide-band filter is used at IF to translate all of the received channels to the 

second stage of mixers. All of the channels are then transferred to baseband using channel 

select filters. Finally, the selection of the desired signal is performed at baseband with 

digitally programmable filtering.  In the second complex mixing, by adding the outputs of the 

real multiplier in pairs, the image band is cancelled [3].  

One disadvantage that wide band IF has is that as in conventional quadrature down 

conversion receivers, any I/Q phase and gain mismatch will degrade the performance of the 

receiver. However, in low-IF since the complex I/Q down conversion or image reject mixers 

is implemented in digital domain, the I/Q mismatches can easily be controlled. Roughly 

speaking, the difference between low-IF and wide-band down-conversion except the 

selection of the IF frequency is that the tight specification has to be achieved in analog or IF 

level before the ADC while in low-IF it is shifted to the ADC or after the ADC. The ADC in 

low-IF works at IF frequency and is required to transfer all necessary information for image 

suppression into digital domain. The signal plus image are sampled together, which may 

require 50 dB higher dynamic ranges [17]. 
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Figure 2.8. A wideband double-conversion IF receiver.  

 
2.2.3 a) Image Rejection in Low-IF and Wide Band IF 

In low-IF and wide band IF receiver, the image rejection is achieved at IF level with the 

solution of integrated on-chip. The IR filter used in these architectures is similar to Weaver 

technique [18][7]. Avoiding the image band is based on the theory of mixing with a complex 

exponential rather than mixing with a real signal. As an example, down conversions 

illustrated in Figure 2.9 are accomplished by using a complex exponential signal. The input 

signal in Figure 2.9-(a) is a real signal while the input signal in Figure 2.9-(b) is a complex 

signal. The resulted spectrums of mixing for both cases are shown in Figure 2.10. As can be 

seen, there is no image problem for such down conversions [16][14]. On the other hand, the 

suppression of the image in this image rejection technique is limited by the quadrature 

accuracy of mixer input phases and gain matching of the mixers. 
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Figure 2.9. Mixing with a complex exponential. 
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Figure 2.10. The spectrums of the inputs and outputs of down conversion mixers, a) the mixing of a real signal 
with an exponential signal, b) the mixing of a complex signal with an exponential signal.  
 

The realization of I/Q down conversion mixers used for the IR filter is done with 

polyphase filters. Those filters are usually band-pass filters that have a pass-band at either 

positive or negative frequencies. A circuit implementation of this filter with the active-RC 

filter can be found in [16]. Quite interesting and digital implementations of such image-

rejection filters or aliasing filtering have also been introduced in [19][20]. 

2.2.4.   Digital-IF Receivers 

In heterodyne receivers (Figure 2.1), the second down-conversion stage-mixing and 

filtering can be employed in digital domain. The principle issue in this architecture is the 

performance required from the ADC. The IF frequency cannot be chosen low because of the 

BPF before the ADC; it is not possible to design such a BPF to suppress the image signal 

unless the image is eliminated in baseband by digital signal processing technique. The IF 

frequency cannot also be more than 200MHz due to Today’s ADC requirements: dynamic 

range, linearity, noise floor, and most importantly power dissipation. The dynamic range of 

the ADC must be wide enough to accommodate signal level variation [7]. The low-IF 

architecture shown in Figure 2.7 is also a class of digital IF receiver. Due to tight 

specification of the ADC, the utilization of such architectures has been limited to some 

applications. There have been very few published works until now [21]-[23]. However they 

will be very active in research subject for next generation receiver designs. 
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Current goal for receiver designers is to eliminate the analog signal processing or to 

replace them with digital counterparts. This would only be achieved by directly digitalizing 

the signal right after antenna, and performing all the operation in the digital domain. With the 

use of robust digital signal processing (DSP) techniques, digital circuits will implement the 

complicated filtering, down conversion and demodulation. For such application, the ADC 

would require at least 16-bit resolution and would need a dynamic range of more than 100 dB 

at 0.8-2 GHz frequencies [24][25]. Such an ADC is not practical in current technology. Even 

if they can be designed, the power consumption will be the fundamental limitation. As an 

example, a 7-bit ADC with the speed of 1 Gs/s consumes a power of 1.75 W [24], which is 

not acceptable for a low power application. The digital–IF architecture was a step toward 

SDR idea wherein the last down conversion stage in heterodyne receivers is replaced by an 

ADC. This idea is sometimes called IF-sampling [23]. If the sampling frequency is chosen 

very less than the IF frequency, it is then called subsampling [26]. This approach will be 

discussed more in detail as both architecture and system level later in the next section. We 

will also introduce some of our studies on this subject through this dissertation. 

2.3.   Next-Generation Receiver Architectures 

In previous section, we have discussed some traditional receivers that are currently 

employed in many radio applications. In this section, we will introduce some of new 

architectures that have been targets of receiver designers for last two years. And many 

attempts are towards these architectures due to their excellent properties and answer the 

demands from industry.  The recent increasing demand from wireless communications to IC 

designers is to design extremely flexible receivers that can support multiple standards.  

The existence of wireless standards within the US and the world includes spread spectrum 

technique to provide worldwide access, coverage, and roaming incorporating with satellites 

to serve most of population. Most of them have been based on wideband code division 

multiple accesses (W-CDMA), as example: major three standards are W-CDMA (Japan), 

UMTS (Europe) and cdma200 (U.S) [17]. As to provide unity among all standards, 

tremendous efforts are being devoted to the development of receivers that support multiple 

standards. This can only been obtained with a receiver whose front-end accommodates a 
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wide range of frequency bands and channel bandwidths [27][28]. This is a unique problem 

and critical feature of next generation wireless receivers. Unlike traditional narrow band 

receiver architectures, here the LNA and the ADC will be exposed to a large number of 

carriers and channel bandwidths. Wide band LNA’s have already been active research 

subject [29][30] and more such LNA designs will be seen in near future in the publications of 

the IEEE Solid-State Circuit Society. The signal dynamic range as well as the number and 

power of the interferers determine the performance of an ADC. In future wireless 

communications, all of filtering will be done in digital domain on-chip and perhaps only the 

RF passive filter will be the necessary off-chip component. Digitizing the received signal will 

be achieved with a high performance and wide band ADC. 

UAdvance in ADC 

The most important key of the success in next generation receiver is definitely the 

advance in the ADC. The rapid evolution of integrated circuit processing enables the scaling 

of technology feature sizes to smaller dimensions. A fundamental figure of metric to evaluate 

the impact of the technology scaling on analog circuits is [31][24] 
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Applying this to an ADC will result in the following: 
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where N is the quantization bits, fBsB is the sampling rate and PBdiss B is power dissipation. The 

measure of the ADC performance is  PBerf B= 2 P

N
Pf Bs. B The figure of merit for the ADC emphasizes 

efficiency with respect to power dissipation [24].  Figure 2.11 shows the FoM a function of 

year that is obtained from some designed ADC’s since 1970. As can be seen from the figure, 

the efficiency is improved by a factor of five every three years. The frequency of operation is 

limited by the technology constraints and so is the power-efficiency of ADC [31].  

 



 
Figure 2.11.  Power efficiency of ADC’s [31]. 

 
Although progress has been made in terms of power efficiency in ADC’s, the same is not 

true for the resolution and power dissipation. High performance ADCs dissipate more power. 

Another survey shows that an average improvement is only ~1.5 bits in the resolution for six 

to eight years [24]. Figure 2.12 shows log-log relationship between the increased resolution 

and dissipated power in ADC’s [32]. The results have indicated that little improvement has 

been made over a period of 8 years. ADC’s with wide bandwidth and high resolution 

required for next generation receiver architectures are at present unfeasible and consume too 

much power [25]. As an example, two examples that would represent Today’s state_of_art 

are 13-bits, 10Ms/s, 1.1W and 7-bits, 1Gs/s, 1.75W [24]. 

 

 
Figure 2.12. ADC power dissipation versus resolution [32]. 
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2.3.1.   Software-Defined Radio (SDR) Receivers 

A multi standard receiver should have enough flexibility and programmability to be 

applied to different standards. The concept of software-defined radio (SDR) is an emerging 

technology enabling the development of flexible multistandart/multiuser systems, 

reconfigurable and adaptable by software. This flexibility is achieved by performing all of 

signal processing in software [33]. The front-ends suitable for software radios must have 

wide bandwidths to accommodate a large range of frequencies.  

The original idea in SDR is to place the ADC right after the antenna, as depicted in Figure 

2.13. This ideal front-end is limited by the Today’s technology due to difficulties in 

designing high dynamic range ADC structures, as discussed above. Instead, current designs 

are mainly focused on digital-IF architectures [32][34].  
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Figure 2.13. An ideal SDR configuration. 

 

2.3. 2.  Ultra-Wide Band (UWB) Receivers 

After FCC allowed marketing and operating of new products that incorporate ultra-

wideband (UWB) technology with some restrictions (May 16, 2002 [35]), tremendous effort 

has been spent  by universities and industry on designing and developing such a technology, 

due to their excellent high-throughput superior over conventional systems. UWB systems are 

perfect candidates for future-generation short-range wireless communications. They differ 

from conventional narrow band receivers in that half-power bandwidth of the signal is 

generally from 25 to 100% of the center frequency. Instead of transmitting a continuous 

carrier waveform modulated with information, UWB system transmits a serious of narrow 

impulses, and thus spreads the radio signal over a wide range of frequencies. These pulses 

generally have time duration of less than 1 ns [36][37]. Figure 2.14 shows a typical UWB 

and sinusoidal waveforms used for conventional communications as well as their spectrums. 
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A general UWM transceiver is shown in Figure 2.15 [38]. The choice of a modulation 

scheme will affect the architecture of UWB receivers. There are different modulation 

schemes proposed for UWB systems - pulse position modulation (PPM), pulse amplitude 

modulation (PAM), binary shift keying (BPSK) on-off keying (OOK), as shown in Figure 

2.16 [39]. The main concern regarding UWB waveforms is the potential interference that 

they can cause to specific critical wireless systems.  

Sinusoidal, narrowband 

Pulse, ultra-wideband 
Time Frequency

Time
 

Figure 2.14. Waveforms and spectrums of conventional communication systems and UWB systems [38][36]. 

 
Figure 2.15. UWB transceiver architecture [38]. 

 18



 19

1 0 01

 
Figure 2.16.  Different modulation techniques for UWB pulses, a) OOK, b) PAM, c) BPSK, and c) PPM. 

The motivation for UWB can be understood by looking at Shannon’s well-known channel 

capacity equation [40] 

 )1(log2 N
SWC +=   (2.3) 

where C is the maximum channel capacity (bits/sec) of an additive white Gaussian noise 

(AWGN) channel, W  is the channel bandwidth (Hz), N is the noise power, and S is the signal 

power. As can been seen from (2.3), the channel capacity C is linearly dependent on the 

bandwidth W, whereas it increases only with the logarithm of the signal-to-noise ratio (SNR) 

S/N. In UWB systems the available bandwidth W is quite high (W ≥1GHz), and therefore low 

transmitted power or low SNR is required. UWB technology seems to have great potential 

for future high-capacity wireless systems [37]. 

2.3. 3.   MIMO Receiver Architectures 
Unlike conventional receiver architectures, multiple antenna techniques are used in 

multiple-antenna transmit and multiple antenna receive (MIMO) wireless communication 

systems. Main advantages of MIMO systems are: increased capacity, increased data rate, 

increased coverage and resistivity to fading. Disadvantages are complex receiver 

architectures and cost. The presence of co-channel interference (CCI) and inter symbol 

interference (ISI) are also more challenging in a MIMO system than in a conventional 

receiver.  MIMO communication architecture is presented in Figure 2.17. The goal of the 

transmitter (Tx) and receiver (Rx) diversity is to reach high spectral efficiency [41]. The 

spectral efficiency of a single (SISO, no diversity) is given by 
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Figure 2.17. MIMO communication architecture.  
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A spectral efficiency of a MIMO, N Tx and M Rx antennas for an unknown channel is  
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As can been seen, the spectral efficiency of a MIMO channel grows approximately linearly 

with the number of antennas. Figure 2.18 shows some examples for antenna diversity. MIMO 

systems have a better capacity at high SNR while conventional RX schemes are more 

attractive at low SNR values [42]. Due to its complex structure, a receiver circuit for MIMO 

system will be cost and power inefficient. For example, 4-channel diversity for quadrature-

amplitude modulation (QAM) receiver [43] consumes 1.1 W at 3.3 v where most of front-

end, RF and IF sections were not included in the chip. 

 
Figure 2.18. Channel capacity of MIMO vs single conventional receiver [42].  



2.4. Alternative Front-end Architectures for 
Wideband Receivers 

New wide-band receiver technologies such as ultra-wide band (UWB) and SDR have 

made it necessary to sample at much higher rates than the current ADCs allow. As we 

discussed earlier, the wide dynamic range requirement and high power consumption make it 

difficult and unfeasible at present to employ a Nyquist-rate ADC in wideband front-ends. 

Nevertheless, the performance limitation of ADC’s can be alleviated by incorporating 

subsampling technique [23][44].  This approach does not only relax the ADC requirement 

but also eliminates some of analog down conversion stages.  

2.4.1.   Subsampling Front-end via ADC’s 

The subsampling process is often called bandpass sampling due to applying the Nyquist 

Criterion to bandpass signals. It samples the bandpass signal dependent upon the signal’s 

bandwidth rather than its position [44]. In particular, it behaves like a mixer by sampling the 

input RF signal at a frequency that is lower than the carrier but at least twice of data rate. 

Therefore, traditional analog down conversion components can be eliminated by the 

sampling process. The effect of Nyquist sampling on a lowpass bandlimited signal and 

bandpass signal in the frequency domain is shown in Figure 2.19. According to the sampling 

theorem, the spectrum of the original signal is repeated at integer multiplies of the sampling 

frequency after sampling a lowpass signal, as illustrated in Figure 2.19-(a). 
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Figure 2.19. Sampling: (a) Nyquist sampling for a lowpass signal, (b) bandpass sampling (subsampling). 
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The sampling rate must be at least two times the highest frequency component of the analog 

signal (i.e. f Bs B≥ 2fBmaxB) to avoid the loss of information [45]. However, for the bandpass 

sampling, the sampling frequency has to be at least two times the bandwidth of the 

information to prevent aliasing (i.e. fBs  B≥ 2B). To sample a bandpass signal without a spectrum 

overlap, the relation between the sampling frequency fBs B and the carrier, fBcB is given by 

 1      ,2  and12
4 >>=
+

= nB  sffnf cs
 (2.6) 

The images resulted from subsampling are located at the frequencies fBim B= (kfBs B± fBcB), where k 

is an integer number [44]. Using (2.6), the spectral images (Figure 2.19-b) will be located at  

 f Bim B= (k ± 1/4)f Bs B.B  B(2.7)  

A problem arises in practice at the front-end of a receiver due to the fact that the front-end 

RF filter (that is usually a bandpass filter (BPF)) cannot remove all of the out-of-band 

interference completely. Therefore, during transferring the replicas of the signals, the 

undesired interference signal may overlap with the desired signal (Figure 2.19-b.). The 

relative power of the desired signal to the interference (signal-to-interference ratio) is 

important for the system performance. If fBs B= KBb BfBb B, where fBb Bis the information rate or “bit” 

frequency, and then the number of samples taken by the ADC is  

 binbs
b

s Tf
n

Tf
f
f

K
12

4
+

===   (2.8) 

where TBbB is the duration of symbol.  

A practical issue associated with sampling front-end is its sensitivity to the jitter due to the 

sampling clock that can cause degradation on the system performance. The aperture jitter on 

the sampling clock results in phase noise and its spectral density is amplified by MP

2 
P[26]. A 

jittered clock can create interference in the desired band caused by the adjacent channel. The 

power density of the interference signal will be greater with a higher phase noise clock. So a 

lower phase-noise oscillator is required in a subsampling system for the sampling clock 

generation. The maximum allowed input frequency of the ADC will also be limited by 

aperture jitter. The ADC’s SNR imposed by sampling jitter can be specified by [46] 

 SNRBj B= -20log(2π f Bin BtBa B) (2.9) 



where ta is the aperture jitter for the sampling clock. As can be seen, even the system is 

operating at a frequency lower than the input frequency fin in subsampling front-end, the jitter 

is still a function of fin. The theoretical SNR degrades as the input frequency increases. 

Typical range of the jitter in practical ADC’s has been 1-2 ps [24].  As an example for a 500 

MHz input signal (fsample/2=500MHz), the SNR due to the clock jitter will be 44 dB. The 

defined two problems (the overlapped noise and clock jitter) associated with subsampling 

systems are only significant when the subsampling coefficient M is very large. However, if 

the input signal frequency to the ADC, fin, is low enough (by using one down conversion 

stage to decrease the carrier frequency), then those two effects can be ignored.  

Another non-ideality that affects the ADC’s SNR is the quantization noise. The dynamic 

range due to the quantization noise is given by [24][45] 

 SNRq = 6.02N+1.76+10log(fs /2fbmax) (2.10)  

where N is the resolution bits and fbmax is the maximum frequency of the input signal. Usually 

fs = 2fbmax and then the SNR=6.02N+1.76. Notice that, the dynamic range of the ADC can be 

increased by increasing the number of bits. With respect to the type of the modulation 

scheme is used, in order to obtain a reasonable system bit-error rate (BER) performance, the 

non-idealities (2.9) and (2.10) have to be taken in consideration for the design of the 

receiver’s ADC. 

2.4.2.   (Sub)-Sampling Receiver Architectures  

Shown in Figure 2.20-(a) and (b) are a direct-subsampling and I/Q down-conversion 

direct-subsampling receiver, respectively. In addition to the elimination of some analog 

components, these architectures will give us advantages of flexibility, compactness and 

reliability with digital processing. The ADC dynamic range is arranged via the AGC by 

providing adequate gain to the input signal. Direct digital frequency synthesizers (DDFS) are 

used to generate sample frequencies for the sampling circuit, the decimators and the 

accumulators. The decimator together with accumulator (Decimator/Accumulator) behaves 

as a digital low-pass filter replaced with the analog LPF used at front-ends of most 

conventional receivers.  
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Figure 2.20. General schematic of subsampling receivers, a) simple direct-subsampling receiver, b) I/Q down 
conversion direct-subsampling receiver. 
 
If the sampling frequency for this receiver is chosen as given in (2.6), then the subsampling 

ratio M = fBcB/f Bs B= (2n+1)/4. Choosing the sampling ratio as (2n+1)/4 provides the signal to be 

sampled at the values of 1,0 and -1, resulting in significant reduction in hardware complexity 

in a receiver front-end. The reference signals in Figure 2.20-(b) are given as the followings: 
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The IBRB and QBRB components are generated by a numerical control oscillator (NCO) digitally 

and consist of the values of 1,-1, and 0. This dramatically simplifies the design of the digital 

mixer. At the outputs of the digital mixers, signals are  
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At the outputs of the accumulators: 

 )(
/

kxI
LbK
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∑=      and     .
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LbK

Qi
k

kxQ   (2.13) 

where K=fBs BT/L, the number of samples at the accumulators in a symbol duration TBb B, and L is 

the decimator rate. Note that each accumulator has to be reset periodically (every TBb B =1/fBbB 

period) in order to realize uncorrelated samples Since the signal is not downconverted to zero 

frequency (fBimB≠ 0) in direct conversion receivers, the problems associated with the traditional 

analog architectures such as DC offset problem, flicker noise (1/f ), and I-Q mismatches are 

negligible.  

2.4.3.   IF (Sub-) Sampling Receiver Architectures  

Although with increase advance in VLSI technology, the idea of direct subsampling is 

very attractive for some practical applications (e.g. short distance and low-speed 

communications). In high-speed applications (fBcB>1GHz), however, it is not practical due to 

limited dynamic range of the ADC in Today’s technology. For such applications we suggest 

using one down conversion stage before the sampling to relax the Q of the IF BPF filter (i.e. 

IF subsampling), as indicated in Figure 2.21. The IF amplifier provides adequate gain to the  

input  signal  to  ease the ADC requirement.  The ADC dynamic range is arranged by the 

gains of LNA and IF amplifier. Notice that the signal is amplified by a LNA and an IF 

amplifier with only the LNA is working at carrier frequency. However, for direct-

subsampling approach, the high gain required at the RF stage is provided by a high gain 

LNA.  
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Figure 2.21.  An IF (sub)sampling receiver architecture. 
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In wide-band receivers, the receiver circuit must have the ability to detect different data 

rates. In Figure 2.22, the subsampling receiver architecture for wide-band multi-standard 

receivers is shown. It is capable of detecting the signals with variable data-rate. The channel 

selection is done in the digital domain by means of a programmable digital channel select 

filter (DCSF) unit. In order to support a wide range of data rates, one or more decimation 

stages are used to select each channel, as shown in Figure 2.23. The appropriate parallel 

decimation stage is selected by a control signal from symbol timing circuit according to the 

desired data.  
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Figure 2.22. A subsampling architecture for wide-band digital receivers, a) a multi-standard radio architecture, 
b) digital down conversion (DDC) at each stage.  
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Figure 2.23.  Cascaded decimation filter structure for multirate in wideband digital radio. The channel-select 
processing is done digitally in a wide-band subsampling receiver. 



Due to limited dynamic range of the ADC in Today’s technology, one down conversion 

stage might be needed before the sampling to relax front-end dynamic range (i.e. IF 

subsampling), as indicated in Figure 2.24. The wideband RF signal is amplified and down 

converted to a sufficiently high IF frequency that cover all necessary multi-bands (i.e. 

wideband-IF). The role of the image-reject filter (IRF) together with the RF filter is to 

suppress the undesired image band as much as possible. Due to their high level integration, 

IR filter can be realized by using the quadrature complex filter or polyphase filters [3][16].   
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Figure 2.24. An IF (sub)sampling  multi-standard receiver architecture. 

The DCFS unit not only selects the channel but it also decreases the number of samples in 

a manner that a constant-sized accumulator can be used for each data rate, resulting in 

significant reduction of the complexity. At the input of DCFS the data are fb1, fb2…, fbi , where 

fb1> fb2...> fbi. The numbers of samples at the output of the DCFS for each channel are then  

              K = Kb1 = [fsTb1/L1] = Kb2  = [fsTb2/(L1.L2] =  

             … Kbi  = [fsTbi/(L1.L2…Li)].                           (2.14) 

One of the most known approaches to design a decimator filter is the use of a comb filter 

[47]. The Comb filter can efficiently be implemented as shown in Figure 2.25. Note that “F” 

integrated stages are used at the high sampling rate and “F” differential delays (digital 

differentiators) are used at low sampling rate. “F” is the number of cascaded Comb filters.  
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Figure 2.25. A Comb filter implementation as a decimation filter. 

Shown in Figure 2.26-(a) is the typical frequency response of a Comb filter employed as a 

decimation filter. A cascade of F = 6 (sixth-order) comb filters with decimation ratio of LB1 B= 

8 and LB2 B= 32 are considered. The sampling frequency is chosen as 128 MHz. As clearly 

seen, the cascaded structure in Figure 2.23 will exhibit a filter with variable passband. This 

cascaded structure can be designed to meet different standards with multiple data rates. If the 

passband defines the channel bandwidth (fBbiB), then it becomes smaller when higher 

decimation stages (or more cascaded structure) are used, which corresponds to lower data 

rates. Thus the length L defines the bandwidth of the filter. For example, f Bb1B (LB2 B=32) <f Bb2B (LB1 

B=8), as depicted in Figure 2.26(a). B 

The filter order F provides aliasing attenuation. Figure 2.26-(b) shows frequency responses 

of comb filter with different orders (F=4, 6, and 8). As can be seen, increasing the number of 

stages in the Comb filter improves the alias rejection. As a part of filter design, L and F can 

be arranged such that an acceptable pasband characteristic with adequate aliasing attenuation 

can be provided. 

After being decimated, the signal is demodulated in baseband unit by using one of 

demodulation schemes such as PSK, FSK or PAM. Since each standard may use different 

modulation scheme, the baseband must be able to decode different modulated signal with 

DSP techniques. 
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2.5. Key Parameters in Designing Low-power and 
High Performance Transceivers 
 

In this section we will describe steps that will be help full to design a receiver for specific 

applications. To find an optimum design solution, it is necessary to consider the entire 

communication system with both theoretical and practical point of view. This requires the 

involvement and understanding of communication theory (e.g. modulation techniques, 

baseband, signal processing, coding, etc.), integrated circuit (IC) technology, analog, RF and 

digital circuit design, mixed-signal design issues, and layout issues. Therefore receiver 

design requires a highly multidisciplinary task. Two most important parameters that a 

receiver is designed for are the bit-error rate (BER) performance and power consumption. 

The followings are major parameters that need to be defined in order to start the design of a 

receiver.  

 

1-Transmit and receive power 

2-Channel effect and channel loss 

3-Receiver sensitivity and dynamic range 

4-Modulation type 

5-Bit rates 

6-The choice of the technology 

 29



 30

1-Transmit and receive power 

The basic expression for the relationship between the received power and the transmitted 

power for a radio communication system is expressed as [10] 

 2)/4( λπ d
GGPP RTT

R =    (2.15) 

where PBR Bis the received power level,B BPBT B is the ransmitter power, GBTB is the tranmitter antenna 

gain, GBRB is the teceiver antenna gain, d is the distance between the receiver and transmitter 

and γ = c/fBc Bis the wavelength of the transmitted signalB, Bc is the speed of the light and f BcB is the 

frequency of the transmitted signal. The factor LBs B=(λ/4πd)P

2 
Pis called the free-space path loss. 

The received power can be written in dB as  

 (PBRB)dB=(PBTB)dB + (GBTB)dB +(GBRB)dB+(Ls)dB  (2.16) 

From the above equation it is clear that the most crucial parameters that define the power 

level of the received signal is the tranmitter power and the path loss. Designing a low power 

receiver circuit is directly related to the power level of the received signal. Especially,  for 

short distance communication links, the tight requirements of a receiver circuit are relaxed 

because of the possibility of obtaining high signal level. 

2-Channel effect and channel loss 

Transmission of digital information is usually considered through an additive Gaussian 

noise channel (AWGN) and so is the communication system design. The maximum capacity 

of an AWGN channel can be defined with Shannon’s well-known channel capacity formula 

[40]: 

 )1(log2 SNRWC +=   (2.17) 

As can been seen from the above equation, in order to obtain the maximum spectral 

efficiency of the channel, the transmitted bandwidth (i.e. transmitted data rates) has to be 

compensated with SNR.  

The thermal noise that observed at the receiver front-end causes an additive Gaussian 

noise which has a flat power density spectrum: 

 00 TKN B=  W/Hz  (2.18) 
where KBB B= 1.38 X 10 P

-23
P is the Boltztman’s constant and TB0 B is the noise temperature in 

Kelvin. The total noise power in the signal bandwidth is NB0 BB, where B is the bandwidth of 

the receiver’s front-end filter. 



3-Receiver sensitivity and dynamic range 

Two of the most common measures of a receiver performance are sensitivity and dynamic 

range. The receiver sensitivity can be found by using the equation [1],  

 S= N0(B)SNRReqNFT. = -174 dBm/Hz+ (B)dB+ (SNRReq) dB+ NFT   (2.19) 

Here, N0 is the thermal noise, NFT = SNRin/SNRout is the total noise figure , SNRReq is the 

required SNR to get a good performance of BER, and B is the channel bandwidth. Most 

published receivers have an total noise figure from 3 dB to 6 dB. The sensitivity of a receiver 

is defined as the minimum signal level that the system detect with the required SNR. If the 

signal detected at the front-end is well above the sensitivity level for the worst cases, then a 

recever design with high noise figure can be tolerated. Bluetooth receivers are such 

applications where the minumum signal at the receiver is supposed to be high and so is the 

noise figure [48]. Such a sytem is easy to design and will consume lower power. If R is data 

rate (R=1/T), the receiver  dynamic range is calculated as  follow. 

 PR  = (R)dB + (SNRreq)dB + (N0) dBm  (2.20) 

As can be understood from the above equation, for higher data rates, higher dynamic range is 

required. The sensitivity and dynamic range depend on the modulation scheme because the 

required SNR, SNRReq will be defined differently for a threshold value of BER in different 

modulation schemes. 

4-Modulation type 

The choice of digital modulation scheme will significantly affect the characteristics, 

performance and physical size of a communication system. Digital modulation is a technique 

by which the information is modulated on a carrier. Here we will compare some of 

modulation schemes for data transmission. The most used digital modulation schemes in 

transceivers are amplitude shift keying (ASK) or on-off keying (OOK), phase shift keying 

(PSK) and frequency shift keying (FSK). Figure 2.27 illustrates examples of these 

waveforms for a binary baseband signal. In receiver architectures, PSK and FSK have wider 

usage than does ASK due to their lower sensitivity to amplitude noise. In a coherent 

demodulator, exact frequency and the phase of the received signal are required to detect the 

information precisely. 

 31



 32

D a ta

A S K

F S K

P S K

f c

f c

f c f c

f c +   f∆

 
Figure 2. 27.  Waveforms for several modulation schemes: ASK, FSK and PSK. 

 
However, PSK is often more preferable over FSK because it provides a highly bandwidth 

efficient scheme and better BER performance. This is because of the following fact: in phase 

Shift Keying (PSK), the phase of the transmitted signal varies with respect to the input binary 

data, while in a FSK system the frequency of the transmitted signal changes with the data. 

The frequency spacing (∆f) of two symbols in FSK is typically 0.5 times the symbol period. 

After data is transmitted with one of the schemes shown in Figure 2.27, the receiver or 

demodulator will extract the information from those modulated waveforms.  

The detection of the information is done two ways, coherent or non-coherent. In coherent 

scheme the receiver requires the phase and the frequency information of the transmitted 

signal while a non-coherent receiver may only require the frequency information not the 

phase information of the transmitted signal. Since there is no need for phase synchronization, 

non-coherent receivers are generally simple and cheap to build, and thus are widely used in 

wireless communications. The non-coherent form of PSK signal is known as differential PSK 

(DPSK) [10]. An overall ideal BER performance of several demodulation techniques for 

comparison is depicted in Figure 2.28. 

From Figure 27, we observe that the error-rate performance of OOK or ASK signal 
appears to be 6 dB worse than that of BPSK and 3 dB worse than that coherent FSK signal. 
For telemetry applications, PSK is the most efficient way of data modulation because it 
provides the lowest probability of error for a given received signal level. 
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Figure 2.28.  An overall performance comparison between demodulation techniques.  

 
In order to be able to derive the specifications for a receiver circuit, such as sensitivity and 

dynamic range, given in the equations (2.19) and (2.20), the required BER needs to be 

mapped onto a required minimum SNR, SNRReq. As example, to obtain a BER of 10-4 for 

BPSK systems, an SNR of 8.5 dB is required (i.e. SNRReq = 8.5). 

5- Data rate 

Data rate defines a capacity of communication link. It also has impact on the power 

budget  of wireless systems. A higher bitrates (i.e. higher spectrum) requies the transmission 

of the signal with higher power. In a additive white gaussian channel, the bit rate must satisfy 

the following equation, (19). As can be seen the maximum bit rate is mostly limited by the 

minum power level received at the front-end of a receiver. 

 R= PR/(N0xSNRReq)  (2.21) 

6-The choice of the technology 

Speed, performance, cost and the level of integration are the major factors that play 

important roles in designing receiver circuits. Early receiver circuits especially RF parts have 

been designed in GaAs, bipolar and BICMOS. Due to its low cost advantage, designers have 

found interesting to consider implementation of wireless receiver circuits in CMOS 

technology. The power consumption in a CMOS circuit is mostly related to the supply 

voltage and the operating frequency [49]. The scaling down the dimension of CMOS 
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technology has made possible the realization of a receiver circuit with lower supply voltages 

that can result in lower power consumption and high performance. Silicon-on-Insulator (SOI) 

CMOS technology is currently the most attractive choice in receiver designs due to its low-

power advantage over standard CMOS. SOI CMOS circuits exhibit performances superior to 

those of their bulk counterparts because of the following properties: the reduced parasitic 

capacitances, the absence of latch-up and its robustness against radiation hardness [50]. The 

detail SOI CMOS characteristics are deferred to chapter III. 

2.6. Ultra Low-Power PSK Receiver Architectures 

In this section, we discuss some low-power, PSK-based receiver architectures using 

sampling or subsampling front-ends via 1-bit ADC. These receiver architectures can be 

employed in the applications where the receiver power consumption is more crucial. Using a 

1-bit analog-to-digital (A/D) converter at the front-end with the subsampling process  reduces 

the receiver complexity [51][52]. The 1-bit A/D front-end eliminates mixers, PLL and AGC 

devices or replaces them with very low power digital ones. Therefore it is very attractive in 

low power applications. Using 1-bit A/D requires less dynamic range than multibit A/D 

converters which makes it more atractive from practical view. Therefore, 1-bit ADC fron-

tend receivers can be designed such that lower power is consumed than conventional 

receivers have been reported in the literature. 

The architecture given in Figure 2.29 is a block diagram of coherent PSK receiver when 

subsampling and 1-bit A/D is used at the front. The received signal first passed through a low 

noise amplifier (LNA) with a low noise figure and a Band-Pass Filter (BPF) to reject 

interference and the out-of-band signals. The limiting amplifier provides enough gain to the 

input signal to ease the dynamic range of the ADC. The received signal is then quantized by 

the 1-bit A/D after the analog limiting amplifier chain. As a result, the sine/cosine signals are 

converted to square waves. The numerical controlled oscillator (NCO) also generates the 

reference I/Q signals as square waves, as described in the equations 2.11-(a) and 2.11–(b). 

Hence, mixers and low pass filters (LPF's) have been replaced with simple multipliers and 

accumulators. Mixers can be implemented as simple logic XNOR’s, and the low pass filters 

(the match filters) are implemented as the accumulators or by the up/down counters. The 

accumulators’ size depends on the number of samples taken by 1-bit A/D and the decimator.  
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Figure 2.29. A low power implementation of digital PSK with subsampling front-end (Costas loop for BPSK). 

 
The loss resulting from the hard limiting the input signal is about 2 dB as calculated in (2), 

which is also reported in [52]. 
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A digital DPSK receiver in subsampling front-end is shown in Figure 2.30. The receiver 

uses auto-correlation technique [53], and therefore does not need the frequency and the phase 

information of the input signal.  The received signal is assumed to be unknown and adjacent 

symbols are compared each time. This reduces the system complexity dramatically. Unlike 

all other receiver schemes, with the use of autocorrelation demodulation, DPSK does not 

need the carrier frequency and phase synchronizations. In DPSK systems, the binary 

sequence is first differentially encoded and then modulated with a carrier. As an example, 

differentially encoded data sequence (cBk B) is generated from the input binary data aBk B which 

follows the relationship c Bk B=aBk B⊕cBk-1 B, as illustrated in Table 2.1. Figure 2.31 shows a 

transmitted model that generates a DPSK signal from a sample data sequence aBk B. A timing 

diagram of detecting a DPSK signal is depicted in Figure 2.32. The binary data aBkB is 

differentially encoded before transmission. After the 1-bit ADC, the samples of two adjacent 

symbols are compared using a simple XNOR gates. 
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Figure 2.32. Timing diagram of digital DPSK Receiver. 
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Figure 2.33. BER performance of digital DPSK receiver. 

 
BER performance of DPSK in subsampling using 1-bit ADC is plotted in Figure 2.32. As 

can be noticed  2 dB degradation is due to the 1-bit ADC which is also calculated in (2.22). 

For the recevers given in Figure 2.29. and Figure 2.30 , a sampling frequency, fBs B is needed in 

order to sample the input signal. As given in the equation (2.6), the realtionship between the 

input signal and the sampling frequency  is f Bs B= 4/(2n+1)fBin B . For example, assume n = 2, and 

f Bin B= 20 MHz,  then fBs B should be 16 MHz. There are many ways to generate the sampling 

clock at the receiver locally. For low power purpose, the most general way is using ring 

oscillators [1], as swhown in Figure 2.34. However, for high speed aplications, a high 

sampling frequency might be needed (fBs B >50 MHz). Using  a ring oscilator itself would not be 

an efficient method to generate such a high sampling clock. Thus, for high speed 

applications, the sampling cock can be generated from a ring oscilator together using an all-

digital PLL based clock multiplier, illustrated in Figure 2.34-(b). This sytem is one of the 

most efficient and simple way for sampling clock generation in wireless receivers. 
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Figure 2.34. Ring oscillator and an all-digital frequency multiplier to generate the sampling clock. 



2.7.   Conclusion  

We have presented traditional and  recently proposed receiver architectures and discussed 

their advantages and disadvantages. The highest sensitivity and selectivity receiver is the 

conventional heterodyne receiver. However, due to its off-chip components and its narrow 

band channel filters, it is suitable only for a specific application. It is perhaps the least 

attractive for wideband communication systems due to its bandwidth limitation.  Direct 

conversion receiver has a number of drawbacks: DC offset problem from carrier feed through 

and 1/f noise, amplitude and phase imbalance between I/Q branches. These effects distort the 

signal and thereby increase the BER performance. Of the all main RF front-ends discussed, 

the digital IF or low-IF design is the most common in modern receivers, because they 

transfer almost all of their functionality to the digital domain with the great degree of control. 

 One of the recent increasing demands from wireless communications to IC designers is to 

design extremely flexible receivers that can support multiple standards. This can only be 

obtained with a receiver whose front-end accommodates a wide range of frequency bands 

and channel bandwidths. In section 2.4, we have introduced two alternative DSP-based 

architectures: direct subsampling and IF subsampling architectures for such multi-standard 

radios. These front-ends are well suited for next generation wireless communications due to 

the limited dynamic range of ADC’s in today’s technology. They differ from traditional types 

by providing low power and high integration, and eliminating some existing problems such 

as DC offset, dc voltage drifts, 1/f noise, and I/Q imbalance. With the presented subsampling 

architectures, considerable reduction in complexity and high level flexibilty  can be achieved 

via digital  downconversions. Final down-conversion is done digitally using I-Q digital 

down-conversion, and channel selection is done using the cascaded decimation filter 

structure. 

Two new PSK architectures are also presented in this chapter. These architectures use 

subsampling technique via 1-bit ADC at the front-end to obtain maximum power saving. 

Subsampling front-ends can be used with multibit A/D converter or 1-bit ADC. If the1-bit 

ADC is used, there will be a performance degradation of the receiver that is within 2- 2.5 dB 

of the ideal receiver. The 1- bit A/D converter may be selected instead of a multibit A/D 
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converter for low power applications because the implementation is much simpler and more 

power is saved compared to the multibit A/D converter. 

Table-II gives a high level comparison between the receiver’s architectures discussed in 

this chapter. Clearly, direct conversion, wide-IF and subsampling architectures will be often 

used for next-generation wideband receivers because they perform channel filtering in the 

baseband, providing the possibility of highly programmable digital channel filtering for multi 

standard receiver applications. The power dissipation of a receiver circuit depends on many 

factors. We can intuitively observe that direct-conversion and direct-subsampling receivers 

will be the most power efficient architectures for future wireless communications due to their 

high potential of integration level. 

 
Table 2.2. Comparison of receiver architectures. 

Receiver 
architectures 

Discrete 
“off-chip” 

components 

Channel 
filtering 

Image 
rejection 

DC,1/f 
noise 
effect 

Potential 
for 
wideband 
appl. 

Approx. 
power  
diss. 

Super 
heterodyne 
 

RF filter, 
 IF filter 

IF RF IR filter N/A low  

Direct 
conversion 

RF filter Digital 
(Baseband) 

N/A high high 80 mW,3V, 
Raz[54] and 
58 mw,  
0.35µm,[9] 

Low-IF RF filter Digital 
(Baseband) 

RF filter & 
IF-I/Q 
Mixers 

low low 500mW,5V 
[15] 

Wide-IF RF filter Digital 
(Baseband) 

RF filter & 
digital-I/Q 
mixers 

N/A high 200 mW,  
3.3V,[3] 

Direct-
subsampling 

RF filter Digital 
(Baseband) 

N/A low high N/A 

IF-subsampling    RF filter Digital 
(Baseband) 

Digital IR 
filter 

N/A high N/A 
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Chapter III 
 
Silicon on Insulator (SOI) CMOS Technology: its 
Applications in Transceiver Design 
 
 

3.1. Introduction 

Silicon-on-Insulator (SOI) CMOS technology is becoming one of the mainstream 

technologies for low-power, low-voltage, and high-performance VLSI systems.  It is 

currently the most attractive choice in transceiver designs due to its advantages over standard 

Complementary Metal Oxide Semiconductor (CMOS). SOI CMOS circuits exhibit superior 

performance to their bulk counterparts because of the following properties: the reduced 

parasitic capacitances, the absence of latch-up and its robustness against radiation hardness 

[1]. The embedded layer of insulation reduces parasitic capacitances in SOI technologies and 

therefore enables the SOI-based chips to operate at significantly higher speeds while 

reducing electrical losses. In addition, it allows circuits to function at the same frequency 

with lower supply voltages than in bulk CMOS, thus reducing the system power 

consumption. 

Today, SOI CMOS is an emerging candidate for analog/digital and RF circuits in 

wireless transceivers due to its well-known superiority to standard bulk CMOS. The full 

isolation via the buried oxide significantly reduces the crosstalk noise between the digital and 

analog or RF section of a chip. Unlike bulk CMOS, SOI circuits can operate in high 

temperature and radiation environments. 

In order to explore the SOI CMOS benefits, the knowledge of how the SOI material 

behaves is required to have. This chapter highlights the device and circuit level 

characteristics of the SOI CMOS technology in detail. Specifically, characteristics of some 

individual SOI transistors that are fabricated and tested at NC state university are also 

introduced [6]. 
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3.2. SOI CMOS Devices 
In SOI, a layer of silicon thin film on the top of an insulator layer (buried oxide) is used 

to build active devices and circuits. The buried oxide SiOB2 B is used to isolate the active device 

thin-film region from the high resistivity silicon substrate. The parasitic capacitances at drain 

(cBdb B) and source (cBsbB) junctions of SOI CMOS devices are smaller than those of bulk ones by 

eliminating the depletion region extending into the substrate, as shown in Figure 3.1. This 

results in a reduction in the RC delay and thus the speed of circuits using SOI technology is 

enhanced as compared to the bulk CMOS [2]. This is because of the fact that each time the 

transistor is turned on, it must first charge all internal capacitances before it can start 

functioning.  

The thicker the buried oxide, SiO B2 B, the smaller the parasitic capacitances. Typical 

insulator thickness (tBBOXB) changes between 100 nm and 500 nm. An SOI CMOS circuit might 

have a much smaller threshold voltage (VBTB), which makes the circuit operate at lower supply 

voltage. In summary, the ability to reduce parasitic capacitances in SOI technology allows 

circuits to operate with lower supply voltages, thus reducing the system’s power 

consumption and improving speed. Therefore, SOI CMOS has risen as one of the major 

technologies for next generation transceiver circuits. 

Gate 
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Figure  3.1.  SOI CMOS and bulk CMOS devices. 
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The development of SOI technology was initially motivated by the need for a radiation 

hard process with applications in space and the military oriented purposes. Having the 

isolation between the active region and the substrate provides excellent immunity against 

high-energy particles. Figure 3.1 illustrates the effect of radiation on bulk and SOI CMOS 

devices. The induced current from α-particles has little impact in the SOI device 

performance, while electrons resulted from the radiation may flow to the active region of the 

bulk CMOS device. Thus the operations of the bulk CMOS devices are seriously affected 

when used in the environment with high-energy radiation [2]. Radiation hardness makes SOI 

CMOS ideal for space and satellite applications. 

An NMOS SOI transistor is shown in Figure 3.2. An n-type MOSFET presents a 

parasitic NPN type BJT (Bipolar Junction Transistor) in parallel to the FET while a PNP 

parasitic BJT exists in a p-type SOI FET. Another parasitic transistor occurs as an n type 

FET, where the substrate acts as its gate. These parasitic devices appearing between the 

terminals of MOSFET’s should be included in the device model. 

SOI CMOS is available in two forms: Fully Depleted (FD) and Partially Depleted (PD). 

The major difference between a fully depleted (FD) SOI and a partially depleted (PD) SOI is 

the silicon thickness of the active region. The silicon thickness is less than 50 nm in FD 

devices. On the other hand, PD material has a silicon thickness greater than 100 nm. PD-SOI  
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Figure  3.2.  Cross-section of a partially-depleted SOI nMOSFET, and the equivalent circuit. 



is easier to fabricate than FD-SOI because the active region is thicker, which allows greater 

control of the percentage variations in devices. However, PD-SOI suffers from “the kink” 

and floating body effects [3][4]. The kink effect is the main reason of the performance boost 

in digital circuits. The term “partially depleted” comes from the fact that an SOI MOSFET 

does not deplete all of the charge available in the body. 

The body-ties in body-connected structures are either non-ideal or add extra complexity 

to layout and fabrication, and may induce source/drain asymmetry [4]. Floating-body 

operation has therefore been used mostly for digital applications. However, the floating-body 

in the PD device causes hysteretic VT variation. In Fig 3.3, a simulation where VT changes as 

the SOI film thickness changes is shown [5]. When the silicon thickness is reduced, the VT 

voltage improves. As seen, a higher VT can be obtained on PD-SOI devices whereas fully 

depleted devices provide generally low-VT devices.  

When the body is left floating, its body potential is affected by the charging and 

discharging of the body or capacitive coupling of the body through device terminals (the 

body--source/drain diodes). If the body-source junction is forward-biased, parasitic bipolar 

junction transistor (BJT) or diode is activated.   The floating body device has kink effect in I-

V characteristics as shown in  Figure  3.4.  I-V  device  characteristics  for  both  NMOS  and  

C hanne l Leng th  (   m )
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Figure  3.3.  Threshold voltage vs. the channel length on SOI. 
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Figure 3.4.  IDS vs VGS characteristics of PMOS and NMOS PD/SOI devices showing kink effect in 
saturation region. 

PMOS transistors from 0.35 µm PD-SOI with W/L=10um/0.5um is illustrated in Figure 3.4 

(a) and 3.4 (b) respectively [6]. 

The dashed lines represent an actual constant expected drain current.  However due to 

the kink effect, the drain current increases as shown with solid lines in Figure 3.4. The origin 

of kink effect is the impact ionization that high-energy electrons enter the drain region and 

creates a negative and positive charge. The electrons will contribute to the drain current 

while the positive charges will accumulate below the gate on the insulator. In bulk CMOS 

technology, due to the ground connection of the substrate, the positive charges will flow to 

ground. This indicates an advantage of bulk over SOI. Note that the floating body means that 

the base of the parasitic BJT is also floating. So, the body voltage is determined by the p-n 

diode leakages in the parasitic BJT and the impact ionization current. A change in body has 

an impact on threshold voltage VBT B(hysteretic variation). In PD SOI, the body-source voltage 

VBBS B> 0 in most cases whereas VBBS B≤ 0 in bulk all the time. 

One of possibilities to reduce the kink effect except using fully depleted technology is to 

use direct contact to the MOS substrate, grounding it or making short to the source (VBBS B= 0). 

In both cases, fully-depleted or body-tied to source partially depleted SOI, the accumulation 

of the positive charges will be reduced and therefore almost no kink effect will be present. In 
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Fully depleted SOI device, there is a very thin depletion region so that there is no room for 

the accumulation of the positive charge. When the body is shorted to the source in partially 

depletion SOI, the output resistance improves significantly [5]. 

The operation of SOI devices is better than that of bulk CMOS devices at high 

temperatures considering the leakage current, Ioff (i.e. when VG ≈ 0) [2]. A low-leakage 

current may be very important for low power operations. Figure 3.5 depicts measured I-V 

characteristics for PD/SOI NMOS and PMOS transistors under different temperature 

conditions [6]. When temperature is increased to 225 P

0
PC, the leakage current still stays under 

0.01 µA. 

 

 Figure 3.5. Temperature dependence of  SOI NMOS and PMOS devices. 

 

As shown from Figure 3.4 and 3.5, PD SOI transistor have low OFF-state leakage 

current (desirable for analog circuits) , good ON current, high ON/OFF ratio (good for digital 

circuits), and good sub-threshold slope. 

3.3. Partially-Depleted SOI Layout Density 
Higher device density is another important feature of SOI CMOS technology. For 

comparison, layout of a pMOS transistor in bulk and SOI CMOS is shown in Figure 3.6. 

Note that in SOI pMOS N+ is used to connect body to source (i.e. a source-tied body 

transistor). Design rule constraints are more relaxed in SOI technology than that of bulk  



pplusnplus nwell

Si active

 
Figure 3.6.  Layout of pMOS in both bulk CMOS and SOI CMOS technology.  

CMOS. This is especially true for the distance between nwell and transistor active regions as 

well as the distance between N+ and P+ diffusions. As a result, the layout implementation of 

a CMOS cell is more compact. 

Figure 3.7. illustrates an inverter laid out in both bulk and SOI CMOS technologies. Even 

with the smallest gate, the area advantage of the SOI inverter is obvious. It can be seen that 

SOI provides layouts that are about 30-40 % smaller than in the equivalent bulk technology. 

However, in a complete chip the size of the layout will mostly depend on metal 

interconnects. 

2 0 / 1 . 6

8 / 1 . 6

2 0 . 8 / 0 . 5

8 . 8 / 0 . 5

 

Figure  3.7.  An inverter implemented in both bulk CMOS and SOI CMOS technology, respectively. 
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Figure 3.8.  HGate n-MOS, a) layout, b) microphotograph of the fabricated transistor, c) Crossections [6]. 

Another type of device used often in SOI CMOS is H-shape MOSFET. A H-shape 

MOSFET with its body tied to ground is shown Figure 3.8. Placing two body ties, one at the 

top and the other at the bottom, will efficiently reduce the Kink effect. The unique property 

of this device is the independent body contact. Poly gate extensions on the top and bottom 

sections isolate source-drain doping from the body contact. The transistor is “edgeless” since 

the channel edges are defined by poly rather than active edge [6].  

3.4. SOI CMOS in Analog-Digital RF Mixed 
Circuits 

 SOI Technology continues to offer an excellent platform for integrating RF, analog and 

digital circuits on the same chip. The advantages of SOI devices for digital applications are 

well known and have been reported in many publications [1][2][7]. On the other hand, 
Silicon-on-insulator (SOI) CMOS offers a unique additional design advantage for analog circuits. 

Another important feature of SOI technology is that the oxide isolation increases the noise 

immunity between blocks. As shown in Figure 3.9, the insulator in SOI reduces coupling 

(crosstalk) between blocks  within  the  same silicon  substrate. This is very  important when 
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Figure 3.9.   The effect of coupling in Bulk and SOI chips. 

RF, analog and digital circuits are used on the same die. A high power and high frequency 

circuit can inject undesired switching energy to the substrate. This may affect the sensitive 

circuits such as inputs of analog amplifies and digital circuits. Therefore SOI is a better 

candidate compared to bulk CMOS for integration of mixed circuits. 

The substrate of SOI CMOS devices can be high-resistance as opposed to low-resistivity 

substrates in bulk CMOS due to complete isolation structure. There is high signal loss with 

normal Si substrates due to the high conductivity. High-resistance substrates cannot be used 

with bulk CMOS technology because of the latch-up problem. In high resistivity substrates, 

the losses from bonding pads, integrated spiral inductors and noise coupled through the 

substrate are reduced [8]. Also, a high Q value can be obtained in the high-frequency area for 

inductors built on high-resistance substrates. Thus, it is possible to use passive components 

that have superior high-frequency characteristics in RF circuits. 
SOI technology has been available more than 30 years but its application was mainly 

limited to space and military purposes due to the need for a radiation-hard process. The main 

drawback of SOI CMOS for a commercial use in the past was the higher cost of SOI wafers. 

Nevertheless, the suppliers of SOI wafers continue to aggressively increase materials quality 

and reduce cost. Therefore, SOI will be growing considerably in commercial market of next 

generation system-on-chip (SOC) technolgy. 

Another challenge or issue that arises in SOI device is the self-hating effect. SOI CMOS 

transistors exhibit self-heating effects because the device is thermally insulated from the 

substrate by the buried oxide (BOX). Hence heat generated within the device-by-device 

switching is not removed as efficiently in SOI devices as it is in bulk devices [2]. This causes 

changes in the output I-V characteristics of SOI devices. 
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3.5. Conclusion 

Silicon-on-insulator technology is introduced and its inherent advantages and 

disadvantages are discussed. In particular, the contrast between using fully and partially 

depleted SOI devices is described. As the scaling of the Bulk CMOS approaches the limit, 

the SOI technology gains a better chance to become the mainstream technology. Since the 

SOI structure transistors are made up of a very thin SOI layer, they can be easily thermally 

destroyed by electrostatic surge current from a charged human body. We have considered 

incorporating devices such as an ESD protective device into our chip designs.  

The superiority of SOI CMOS and its radiation-hard capability is the main reason the 

receiver circuit presented in this dissertation is designed and fabricated using SOI CMOS 

process. 

The common advantages of SOI-CMOS devices can be summarized as follows: 

• A low operating voltage is possible since the threshold voltage (VBTB) can be set low. 

• Radiation hardness process. 

• Reduced junction capacitances, resulting in high-speed and low-power operation. 

• Reduced cross talk via the substrate. 

• Development of high-speed, low power consumption CMOS devices. 

• Mixed RF-analog and digital circuits will be available on the same chip with a 

reduced power consumption comparing to its counterpart. 

• Eliminates latch-up of the parasitic PNNP thyristor in CMOS. 

• Enables higher integration density due to absence of wells. 
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Chapter IV 
 

A Low-Power Multi-Rate PSK Receiver for Space 
Applications 

 

4.1.  Introduction 

Very low-power and low mass communication device will be significant for future 

MARS orbiter-lander communication in deep-space due to the limited physical size in the 

telecommunication equipment. In addition, deep-space communication transceivers must be 

robust to radiation hardness and as well as to Doppler shift. Silicon-on-insulator (SOI) 

CMOS technology is an attractive choice for deep space applications, offering high-

performance, reduced power consumption and radiation hardness [1]. SOI technology is used 

in the implementation of the proposed receiver to provide radiation hardening. Many 

modulation schemes require coherent detection by using phase-locked loops (PLL’s) or an 

extra frequency-tracking circuit or pilot transmission to detect Doppler shift and frequency 

uncertainty [2][3]. However, in an environment with large frequency offset, the phase and 

frequency recovery of a high frequency carrier using the above systems is a difficult task. In 

addition, those detection schemes add additional complexity to the system and thus will 

increase power consumption and physical size of the receiver [2]-[5]. When used with double 

differential detection technique, the phase-shift keying (PSK) receiver is invariant to 

frequency error and requires simpler implementation and therefore resulting in power saving. 

Moreover, the carrier recovery is not required when auto-correlation method is used [6], [7]). 

The primary goal of this receiver is to achieve a higher  integration at chip level, 

therefore resulting in significant size, power, and mass reductions for orbiter-lander 

communications while still meeting the system-level constraints.  Before attempting to 

design the receiver, two funtamental premises of deep-space communications are important 
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to know: the receiver power consumption is more critical than  that of transmitter (in the 

orbiter), and there is no adjacent channel interference [8][9]. Thus, it is possible to trade off 

transmitter power againts the receiver power consumption. Subsampling technique with 1-bit 

analog-to-digital conversion (ADC) is used at the front-end to dramatically reduce the 

receiver’s complexity, and power consumption. In subsampling front-end, the received signal 

is sampled with a sampling frequency much smaller than the carrier frequency (i.e. fs<<fc) 

and thus significant power saving is achieved since power consumption is proportional to the 

operation frequency in a digital CMOS circuit [11]. Grayver and Daneshrad [8] have 

analyzed the system level of a FSK baseband receiver in a direct subsampling front-end. 

However, only digital circuit portion of the receiver is designed. Our receiver is the first 

designed PSK system with double differential detection that incorporates subsampling with 

1-bit ADC to attain maximum power savings, which is targeted at space and satellite 

communications with the application to terrestrial systems. 

Here in this chapter, we present the system design of the proposed PSK receiver in 

detail. The circuit-level details of the receiver with measured test results and the detailed 

explanation of measured waveforms are deferred to next two chapters. In the receiver, the 

baseband is mainly designed to support two front-ends, subsampling and IF-(sub)-sampling 

in a manner that digital processing could be done as early as possible. It is invariant to any 

frequency error and does not require either an extra circuit or a pilot transmission for 

frequency tracking with the use of double differential detection. The baseband can be 

switched to one-stage differential detection at low Doppler rates to obtain an optimum 

performance. The receiver also incorporates digital decimation architecture stages to 

accommodate variable bit rates before detection and therefore it is highly programmable. 

Furthermore, we derive expressions for the bit-error-rate (BER) performance of the receiver 

in 1-bit ADC sub-sampling front-end and the symbol timing error. Finally, we also address 

the performance issues under non-ideal transmission conditions in a space application 

including carrier offset due to Doppler effect, timing offset, sampling clock offset and phase 

error.  
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4.2.  Space Communications 

The receiver introduced in this dissertation is to meet the needs of NASA’s for Mars 

communications: deep-space and orbiter-lander communications. The problems with the 

design of such a receiver in space environment are that it must be robust to Doppler effect 

and fabricated in a radiation-hardened process (SOI CMOS is highly attractive for deep-

space communications since it is a radiation hard process). This is because of the following 

facts. Unlike terrestrial based systems, which are slow moving, a device in the orbit in space 

moves with relatively high velocities, which results in a varying channel and hence leads to 

frequency error in the carrier signal. Apart from that, satellite and deep-space electronic 

devices are exposed to cosmic rays.  

4.2.1 Doppler Analysis 

The receiver circuit is targeting an orbiter-lander communication system in a deep space 

environment. The orbiter is at an altitude of 400 km above the surface of Mars, which is 

illustrated in Figure 4.2-1.   The Doppler offset can be approximated by [12] 

 )cos(θ
c
vff c=∆  (4.2.1) 

where fBcB is the carrier frequency, c is the speed of electromagnetic wave in the air , ν is the 

velocity of the orbiter and θ is the inclination angle between the orbiter and the lander. Note 

that ∆f = 0 when the orbiting satellite is located just above the lander. The detail scenario of 

the orbiter-lander communication in deep-space is illustrated in Figure 4.2-1. For a carrier 

frequency of 435 MHz and v=6km/s, and additionally considering the mismatch between the 

transmitter and the receiver oscillator frequencies, a maximum Doppler shift of ±10 kHz is 

expected [10].  

In Figure 4.2-2 the Doppler frequency is calculated based on the line of sight distance 

between the orbiter and lander, and the elevation angle. If the orbiter moving towards 

direction of the wave the Doppler offset is positive and if it is moving away, the Doppler 

offset is negative. There is no frequency shift when θ =90°. 
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The carrier frequency is shifted from f BcB to f BcB ± ∆f. Symbol duration for the lowest bit rate 

= TBbB=1/fBb B =10 ms. The normalized Doppler frequency fBd B=  ∆f.TBb_max B=100 Hz. If fBb B=100 Kbps, 

then fBd B=1/10. Roughly speaking, the channel may change over one symbol for some of bit 

rates. The effect is often referred to “fast fading”.  
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FiguTre 4.2-1. T Deep space scenario. 
 

 
Figure 4.2-2. Doppler frequency characteristic for an orbiter-lander communication in deep-space. 



It is essential to develop modulation and demodulation schemes to cope with such a 

frequency offset. Many modulation schemes use either pilot transmission [2] or additional 

circuits [3][8]. It is well known that if coherent detection is considered, then high-order 

PLL’s are required to track the carrier frequency properly. The carrier recovery via PLL is a 

difficult task in the presence of large frequency offset. Considering small data rates, the 

offset due to Doppler will be several times larger; therefore the loop bandwidth in PLL must 

be wide enough to accommodate the worst case frequency offset.  This will require longer 

frequency acquisition times, and mostly consume more power. Consequently, the above 

systems are very complex and thus will consume large power.  They are not well suited for 

low-power MARS deep-space communications.  

Moreover, these techniques may still incur an SNR degradation of approximately 2-3 

dB. As indicated in [2], 2 dB of penalty is required to recover the pilot signal in order to deal 

with Doppler shift. Figure 4.2.3 shows BER performance of a coherent PSK demodulator 

when PLL is used to recover carrier [4].  As seen, the BER performance is plotted based on 

the PLL’s acquisition time [5]. The approximately 3 dB performance degradation is due to 

fact that the recovery operation of the carrier frequency induces phase error in the presence 

of large offset [4] [3]. 

The complexity of the above systems will increase more when multiple bit rates are 

employed. The sampling PSK architecture presented in this paper is invariant to the 

frequency offset by using double differential technique resulting in simpler circuit 

implementation and therefore saving power. The disadvantage of the receiver may incur 3 dB 

degradation (comparable to other techniques), which is a penalty to be paid for the anti-

frequency offset ability. In conclusion, when the frequency offset is higher than the data rate 

and the power consumption of the receiver is critical, using double differential detection to 

eliminate the frequency uncertainty is a superior method from practical point of view.  
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Figure 4.2-3. BER performance of a coherent PSK demodulator using PLL for carrier recovery [4]. 

 

4.2.2 Sensitivity and Dynamic Range 

The calculation shows that the worst-case received signal level at elevation angle of 20o 

is approximately –120 dBm, as shown in Figure 4.2-4 [10]. Transmit powers are chosen 

between 200-400 mW, which is a requirement for low-data rates transmission [9]. The 

simulations shown in Figure 4.2-5 and Figure 4.2-6 give the observed SNR values at the 

receiver site when  when the  transmitter  power of  200 mW  (i.e. 23 dBm) and 400 mW (i.e. 

26 dBm) are used. As can be  a data rate  up to 10 Kbps, and at some high elevation angles a 

 
Figure 4.2-4 Received power for transmitter power of 200 mW and 400 mW. 
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data rate of 100 Kbps, can be transmitted to meet the threshold SNR value (SNRBreq B ≈ 14 dB) 

at the receiver site. Therefore the receiver introduced here is  particularly designed for  data 

rates from 0.1 Kbps upto 100 Kbps.  For fixed data rates (i.e. 0.1-100 Kbps) an SNR value 

equal to  or greater  than 14 dB will provide  a BER performance of 10P

-4 
Por lower  in deep 

space (Figure  4.2-6), which will be calculated later in this chapter. 

 
Figure 4.2-5. SNR values for various data rates transmitter power =200 mW(PBT B =23 dBm). 

  PT = 
     36 dB
∆

 

Figure 4.2-6. Observed SNR values at the input, the transmitter power, PBT  B= 26dBm. 
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For a given transmitted power, the received signal-to-noise ratio varies greatly as the 

elevation angle changes due to changes in the slant range. As we can see from Figure 4.2-6, 

there is about 36 dB dynamic range difference for the lowest bit rate of 0.1 Kbps at 90P

o
P 

elevation angle over the threshold SNR. So, at this point either the transmitter power can be 

reduced or the highest bit rate 100 Kbps can be employed to optimize the system. The 

receiver sensitivity can be found by using the equation [13], S= NB0 B(BW)SNRBReq BNFBTB. Here, NB0 B 

is the thermal noise, NFBTB is the total noise figure (NFBT B≈ 3dB) and BW is the signal 

bandwidth. A worst-case estimate, assuming the signal bandwidth BW = 100 kHz, the 

sensitivity for SNRBReq B=14 10P

-4
P BER, S = -174 +50+14+3 = -107 dBm. The noise figure is 

an important parameter for a receiver’s sensitivity and usually defined by the first 

amplification stage, low-noise amplifier (LNA) [13]. So the folded noise in the 1-bit ADC  

does not have a significant effect on the overall noise figure and sensitivity. In order to detect 

the weak signal, the amplication stage must provide enough gain so that the signal can be 

transferred to digital domain by using the 1-bit sampler.  

The receiver  dynamic range is found to be  between (-140,-110) dBm, which is 

calculated as  follows: 

R=0.1 Kbps  PBr B  = (R)dB + (SNRBreq B)dB + (NB0 B) dBm 

                                                               = 20+14+ (– 203.9+30) ≈ -140 dBm             (4.2.2) 

                                 R=100 Kbps  PBr B = 50+ 14 -174 ≈ -110 dBm 

If the receiver is to be designed for high data rates , for example up to 2 Mbps, thus the 

dynamic range will vary over a 70 dB range from -140 dBm to  -70 dBm. The receiver power 

can be calculated as: 

 (PBRB)dB=(PBTB)dB + (GBTB)dB +(GBRB)dB+(Ls)dB (4.2.3) 

where PBR Bis the received power level, B BPBT B is the ransmitter power, GBTB is the tranmitter antenna 

gain, GBRB is the teceiver antenna gain, d is the distance between the receiver and the factor 

LBs B=(λ/4πd)P

2 
Pis called the free-space path loss, where d = 400km (for elvation angle = 90P

o
P), λ 

= c/fBc B= (3x10P

8
P)/(437.1x10 P

6
P) = .686 m. The relationship between receiver power and bit rate: 



 Pr/N0=R(E/N0)=R . SNRreq (4.2.4) 

where N0 = kBxT ( kB =1.38x10-23 w-s/K, T: Noise temperature at receiver front-end), R is  

bit rate and SNRreq=14dB; (the required SNR to get a good performance of BER for this 

receiver design). Note that increasing transmitter power will increase the received signal 

power. 

4.2.3 A Modulation Scheme Robust to Doppler 

The desing of the receiver introduced in this chapter uses a new modulation scheme 

known as Double Differential Phase Shift Keying (DDPSK), which exhibits inherent 

robustness to Doppler effect while consuming low power. The demodulator requires no extra 

circuit such as pilot signal or PLL for carrier recovery, therefore resulting in high 

transmission efficiency and low circuit complexity. 

The ideal BER performance of most common  modulation schemes are illustrtaed in 

Figure 4.2-7. As it is shown that the performance of the DDPSK under ideal case is similar to 

that of the non-coherent  FSK scheme and is 3 dB worse than the performnace of a DPSK 

receiver. However, under the presence of Doppler-frequency shift DDPSK outperforms 

DPSK and NFSK. In particular DDPSK has a very simple architecture and therefore is 

prefable over other modulation schemes in the channels where there exists Doppler shift.  

 
Figure 4.2-7. An overall comparison between common demodulation techniques and DDPSK. 
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4.3.  A Differential-Based Sampling PSK Receiver 
for Space Communications 

As has been mentioned before, the receiver architecture presented in this dissertation 

implements two-stage differential decoders in the baseband section to make the receiver 

robust in a strong Doppler environment. The first stage implements the autocorrelation 

technique; it converts frequency error into phase error, and then the second stage eliminates 

the phase error. The primary reason is as follows. Differential detection uses the phase and 

the frequency of the input signal corresponding to the previous transmitted adjacent symbol 

as a reference in demodulation (This technique is referred to autocorrelation demodulation of 

differential detection [6]). Since adjacent symbols are affected from the same frequency shift 

and phase error, the demodulator will be invariant to frequency offset. As a result, the 

receiver utilizes non-coherent technique and does not require exact phase and frequency. 

Timing circuit is also designed to be independent of Doppler effect.  

Low-power consumption was the main critical priority in the design. All digital 

baseband circuit makes the design of low power receiver feasible. The power consumption in 

a digital CMOS circuit is P ∝ CVP

2
Pf, where C is the capacitance in the circuit, V is the supply 

voltage, and f is the operating frequency [11]. In order to minimize C, V and f, we adopt 

subsampling technique [14][15] to reduce the operating frequency, 1-bit A/D converter to 

reduce circuit complexity and capacitance, as well as SOI CMOS technology to potentially 

reduce the operational voltage and capacitance [1]. A novel timing recovery circuit for a 

multiple data rate (0.1–100 Kbps) is also designed and described for the receiver given here. 

Combining all these with power efficient circuit methods has resulted in a highly flexible and 

low power receiver. The design of this receiver on system level will be exhibited in this 

section. 

4.3.1. System Description 

Figure 4.3-1 shows the binary double differential PSK receiver and its engineering 

specifications are listed in Table 4.1. The receiver is designed to operate over a wide range of 

data rates from 0.1 Kbps to 100 Kbps and must accommodate frequency uncertainties up to 

10 kHz. In the past, space communications would use only one bit rate because large bit rate  
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Figure 4.3-1. Digital differential PSK (D/DPSK) receiver with two alternative front-ends. 

 
TABLE 4.1. 

RECEIVER SPECIFICATIONS 

Modulation type PSK 
Carrier frequency, fBcB 435 MHz 
Sampling frequency, fBs B 4 MHz 
Technology 0.35-µm SOI 
Sensitivity -107 dBm @ BW = 100 KHz 
Data rates, fBb B 0.1-100 Kbps 
Power consumption 1mW (Baseband & 1-bit ADC only) 

 

changes might cause the transmitter and the receiver to go out of lock. Our receiver scheme, 

however, allows the change of the bit rate in frequent, and the receiver is able to stay in lock 

by means of a timing-circuit that generates the clock for multiple bit rates. 
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The receiver employs both single and double differential Phase Shift Keying 

demodulation in the baseband (DSP part). The 1-bit ADC is used at the front-end to take the 

advantage of low-power circuit techniques. After 1-bit A/D, the system becomes all-digital 

and can efficiently be implemented with the use of application specific integrated circuit 

(ASIC) technology. Four mixers in the baseband are replaced with four logic XNOR gates 

and the low pass filters (matched filters) are implemented as accumulators or by up/down 

counters. The decimator is used to decrease the accumulators’ size. 

The double differential detection scheme at both transmitter and receiver sites are 

illustrated in Figure 4.3-2. At the transmitter site, two differential encoders are employed to 

encode the information twice in phase. If θ (t) denotes the information phase to be 

transmitted, after second-order phase difference (Figure 4.3-2-a), its relation with the actual 

transmitted phase, θB2B(t) becomes 

 )()(2)()( 222 tttt θθθθ +−=    (4.3.1) 

At the receiver site, two stage differential decoders are used correspondingly. The phase 

of the received signal will be affected by Doppler and can be expressed as θB2 B(t) +∆wt, where 

∆w represents the frequency offset. At the end of the first stage differential encoder, the 

phase is  

   θB2 B(t) + ∆wt - [θB2 B(t-T) + ∆w (t-T)] = θB2 B(t) - θB2 B(t-T) + ∆wT  = θB1 B(t) + ∆wT.           (4.3.2) 

θ 1(t) θ 2  (t) A m p .
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T T
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Figure 4.3-2. a) Transmitter model b) corresponding two-differential decoder stages in the baseband. 
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As clearly seen, one stage differential stage eliminates the time-variant frequency uncertainty 

but is affected by a constant phase error ∆wT. The phase error ∆wT will be eliminated at the 

output of the second detector Figure 4.3-2-(b). Here T denotes the bit period.  

Figure 4.3-3 shows an example of timing diagram at transmitter and receiver for the 

sampling differential PSK receiver. Assume the binary data aBkB is differentially encoded twice 

before transmission. After the first and second stage of differential encoding, the data is cBk B= 

aBkB⊕ B Bc Bk-1 Band dBkB=c BkB⊕ dBk-1 B respectively. Figure 4.3-3(c) represents the second order phase 

difference modulated signal (PDM-2) of the actually transmitted data aBkB, which is obtained 

from the data dBkB multiplied by a sinusoidal carrier frequency. Figure 4.3-3 (d) illustrates that 

the received signal has a different frequency (i.e. half cycle loss) from the transmitted signal 

due to Doppler effect. Nevertheless after the second stage differential decoder, the signal (in 

Fig. 4.3-3(f)) is the same as aBkB sent by the transmitter and no bit is detected erroneously.  

+1 
 

- 1 
 +1 

 
+1 

 
+1 

 

+1 
 

+1 
 

+1 
 

+1 
 

+1 
 

+1 
 

- 1 
 

- 1 
 

- 1 
 

- 1 
 

- 1 
 

- 1 
 

PDM-1
 

    
PDM-2

 
(Transmit. Signal) 

 

Binary Data (ak) 

 Received Sig. (rk )
 

After Second Stage
(Detected Data) 

 
+1 

 

After One Stage (In) 
 

+1 
 

- 1 
 

[X] 
 

Hard- limited Samples   
 

    (After 1-bit A/D)  
 

[X] 
 ......

. 
 

Autocorrelation
 

Demodulation   
 

Technique      
 

(a) 
 

(b)  

(c)  

(d)  

(e)  

(f)  

T  

[X] 
 ......

. 
 

Doppler 
effected  

received signal 

Figure 4.3-3. Timing diagram of digital DDPSK receiver. 

The transmitted waveform of a binary PSK signal is geometrically described by the 

signal constellation, as depicted in Figure 4.3-4. This constellation illustrates the phase of 

PSK modulated signal when it is translated to baseband. A logic zero is mapped into a zero 

radian phase, and logic one is represented into a π radian phase. 
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Figure 4.3-4. Phase constellation of a binary PSK modulated signal. 

 

In most digital links, data rate is fixed and therefore design of the baseband section is 

simple. In this receiver design, however, different data rates (0.1, 1, 10 and 100 Kbps) are 

employed. In order the receiver to know which data rate is transmitted; a preamble or 

synchronization pattern is used between each different data rates. Since the aim is to design a 

highly integrated receiver, in order to achieve robust performance and grater flexibility, it is 

desirable that the channel selection be performed in the digital domain by means of 

decimation filters. 

The ability to support a wide range of data rates is an important feature of the proposed 

receiver. In conventional satellite or orbiter-lander communications, transceivers would use 

just one bit rate [10], which was not an optimum scheme because the received signal power 

changes with respect to elevation angles. For example, at some elevation angles the received 

power will be higher, therefore a higher bit rate can be allocated or the transmitted signal 

power can be decreased accordingly to optimize the communication link.  

The receiver given here includes different bit rates to allow the orbiter device to change 

the bit rate in frequent based on the received signal strength. This is done by the design of the 

delay unit T properly. To reduce the complexity, digital decimation stages more than one are 

used for the implementation of the delay units to represent each data rate, as shown in Figure 

4.3-5. The appropriate parallel decimation stage is selected by a control signal taken from the 

symbol timing circuit according to the desired data rate. After digital decimations, a constant 

delay unit T1 is used. For instance; if we choose m = 40, then T1= mTBs B= 40X0.25µs = 10µs, 

which corresponds to the symbol duration of the highest data rate of 100 kbps (fBb B=100 Kbps). 

Then the decimator rate must be equal to 10 (i.e. N=10) at each stage to obtain the duration of 

other data rates.  
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Figure 4.3-5. Delay units design in digital DDPSK for multiple bit rates. 

 

A.  Receiver Front-ends 

As has been mentioned previously, the ultimate goal in receiver design is to digitize as 

close to the antenna as possible and hence implement subsequent operations in digital 

domain via digital signal processing (DSP) techniques. Perhaps, RF filter and LNA will be 

only analog components at the front-end. Sampling receivers [8] [16] [17] are the primary 

attempts toward this goal. As shown in Figure 4.3.1, the DSP part of this receiver is designed 

such that it can be incorporated with two sampling front-ends through the 1-bit ADC: IF-

sampling or subsampling. Both power efficient and less complex front-ends are explained 

below. 

 

1-) 1-bit A/D Converter 

The 1-bit ADC front-end is ideally suited for deep space communications-the target 

application due to the absence of adjacent channel interference. The ADC includes a 

comparator followed by a sampling circuit. The comparator converts input analog sine signal 

to square wave (i.e. hard-limiting). The loss resulting from the hard limiting is about 2 dB, 

which is also reported in [18]. The comparator is designed as a two stage differential 

amplifier providing further  gain to the  input  signal  to  ease baseband processing. Its 

dynamic range is provided by the gains of the previous circuits. For IF sampling front-end, 

the signal is amplified by a LNA and an IF amplifier with only the LNA is working at 435 

MHz. However, for subsampling approach, the high gain required at the RF stage is provided 
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by a high gain LNA at 435 MHz [19]. Since 1-bit ADC is a highly nonlinear device, gain 

control (AGC) is not needed, and the preceding components such as LNA and IF differential 

amplifier do not have to be linear, and thus they can be designed with less power than those 

of their counterparts. The incoming signal is amplified by a power efficient nonlinear LNA, 

filtered and then downconverted to baseband using the 1-bit ADC with a sampling clock of 4 

MHz (fBs B=4MHz). The 1-bit data is then decimated according to the desired data as shown in 

Figure 4.3-5. 

The 1-bit A/D is a 2-level analog to digital converter (i.e. hard-limiter). The analog 

signal is first quantized into 2 levels and sampled at 4 MHz (fBs B = 4 MHz). The sampling 

frequency was intentionally chosen 4MHz to leave the possibility of configuration the 

baseband for a symbol rate up to 2 Mbps. Although it might seem that many samples are 

taken with 4MHz sampling frequency for small data rates 0.1-100 Kbps, it decreases the loss 

due to quantization error. Figure 4.3-6 shows the 1-bit A/D implemented as a comparator 

followed by a sampling circuit.   

  
 

 

 
Figure  4.3-6. 1-bit A/D converter and  its linear model. 

U2-) Subsampling Front-end 

Subsampling is a power tool to reduce power consumption and circuit complexity of a 

receiver when used at the front-end. The subsampling process is often called bandpass 

sampling due to applying the Nyquist criterion to bandpass signals. It samples the bandpass 

signal dependent upon the signal’s bandwidth rather than its position [14]. In particular, it 

behaves like a mixer by sampling the input RF signal at a frequency that is lower than the 

carrier. By using subsampling, analog down conversion and its components such as mixers 

and filters can be eliminated or transferred to the digital hardware. In addition to the 

elimination of a number of analog components, another advantage is the reduction in the 

operation frequency of the digital portion. Significant power saving is achieved since power 

consumption is proportional to the operation frequency in a digital CMOS circuit [11].  
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Subsampling will move the signal from its original frequency to a frequency between 0 

and fBs B/2, as shown in Figure 4.3-7. Since the signal is not down converted to zero frequency, 

the problems associated with traditional front-ends such as DC offset problem and the 1/f 

noise of devices are not available.  The locations of the replicated spectral images from 

subsampling process are given by  

 f Bi B= kfBs B± f BcB (4.3.3) 

where fBcB is the carrier frequency, fBs B is the sampling frequency and k is an integer number. 

For the proposed receiver given in Figure 4.3-1, the sampling frequency is chosen as  

 ,......2,1,0
4

12where , =
+

== nnM
M
ff r

s  (4.3.4) 

M is called sampling coefficient, and the sampling factor n is an integer number. The 

frequency fBr B represents either the carrier frequency, f BcB or the IF frequency, f BIFB. Choosing M = 

(2n+1)/4, the sampled signals results in the values of 1, 0 and -1. Thus the multiplications in 

the baseband are done using a single XNOR gate, since the signal is 1-b quantized. It is 

important to note that the motivation behind (4.3.4) is essentially to define a careful 

relationship between the input signal and the sampling frequency such that the resulted signal 

images will not overlap. Using (4.3-4), the images will be located at fBi B=(k ± 1/4)fBs B.B  BFigure 

4.3-7(a) is a circular convolution illustrating the location of images if subsampling rate is M. 

The input RF or IF signal after the BPF is shown in Figure 4.3-7-(b), and the spectral images 

resulting from subsampling is shown in Figure 4.3-7 (c).  
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Figure 4.3-7. Subsampling: (a) circular convolution, (b) the RF or IF input spectrum after bandpass filtering, (c) 
signal images after subsampling. 
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Table II shows some examples of input frequencies with appropriate sampling factors 

based on the equation given in (4.3.4). To down convert the 435 MHz carrier signal by using 

4 MHz clock would be called direct-subsampling, and no analog mixer stage is needed, as 

illustrated in Figure 4.3-1(b). However, for IF-sampling or IF-subsampling case, one analog 

down conversion stage is used to bring the carrier frequency to one of appropriate IF 

frequencies that meet the equation given in (4.3.4) (As examples, 1 MHz , 3MHz or 15 MHz 

as shown in the table II.).  

TABLE 4.2.  Input frequencies for fBs B= 4 MHz. 

Input signal frequency,  fBiB Sampling factor, n 

1 MHz 0 (oversampling) 
3 MHz 1 (subsampling) 
15 MHz     7       ( || ) 

435 MHz     217   ( || ) 
 

As can be seen from Figure 4.3-7 (c), the image spacing is f Bs B/2 and the neighbor images 

must not overlap with the desired channel. If the bandwidth of the BPF is B, then the 

sampling frequency has to be at least 2B to prevent aliasing. However, a problem arises in 

practical due to the fact that the front-end BPF cannot remove all of out-of-band white noise 

completely. Therefore, during transferring the replicas of the signals the out-of-band noise 

will fall on top of each other. As illustrated in Figure 4.3-7 (b), the front-end filter reduces 

the out-of-band noise from NB0 B to NBpB before the translation of the signal band to a lower band. 

Subsampling by factor of M will multiply the out-of-band noise power by a factor 2M 

[13][14]. As a consequence of subsampling, the overlapped noise will increase to 2MNBp B. To 

ensure that this effect does not influence the receiver performance, the overlapped noise must 

remain well blow the additive white noise NB0 B (i.e. 2MNBp B<<NB0 B). Consider a bandpass signal 

with a spectral power density S, in-band noise power NB0 B, and the out-of-band noise NBp B. The 

new SNR for the subsampled signal becomes degraded by the overlapped out-of-band noise, 

and is thus 

 
p

s MNN
SSNR
20 +

=  (4.3.5) 
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Degradation of the SNR in decibels is  

 )
2

1log(10
0N

MN
D p+=  (4.3.6) 

This places a lower bound constraint on the sampling coefficient, M. The front-end RF filter 

is usually a passive SAW filter, and it can reduce the out-of-band noise by 40-60 dB 

depending on its bandwidthP

1
P. Assume that the front-end BPF is reducing the out of band 

noise from NB0 B to NBp Bby 40 dB (i.e. 10log(NB0 B/NBp B)= 40). TFor n=217, M=435/4=108.75, the 

degradation would be about 0.1 dB. For lower subsampling coefficient the degradation 

becomes significantly lower and can be negligible. 

Another issue associated with subsampling front-end is its sensitivity to the jitter due to 

sampling clock that can cause degradation on the system performance. The aperture jitter on 

the sampling clock results in phase noise and its spectral density is amplified by M P

2 
P[15]. If a 

435 MHz signal is sampled with a 4 MHz clock, there   will be a 40 dB increase in the phase 

noise. A jittered clock can create interference in the desired band caused by the adjacent 

channel. The power density of the interference signal will be greater with a higher phase 

noise clock [13]. So a lower phase-noise oscillator is desired in a subsampling system for the 

sampling clock generation. Another constraint of the clock jitter is its effect on the SNR of 

the ADC at high input frequency fBr B. The ADC’s SNR imposed by sampling jitter can be 

specified by [20] 

 ⎟⎟
⎠

⎞
⎜⎜
⎝

⎛
=

atrf
SNR

π2

1
log20  (4.3.7) 

where tBa B is the aperture jitter for the sampling clock. As can been seen, even the system is 

operating at a frequency lower than the input frequency fBrB, the jitter is still a function of fBr B. 

The maximum input frequency is limited by this aperture jitter since SNR degrades as the 

input frequency increases. 

 To state clearly, the described two problems associated with subsampling systems are 

only significant when the subsampling coefficient M is large. However, if the input 

frequency to the ADC, fBr B is low (by using one down conversion stage to decrease the carrier 

frequency), then those two effects are negligible. For that reason, we suggest an alternate 

P

1
P [Online]: http://www.rfm.com/products/filters.htm#r 
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only one-stage downconversion to eliminate the overlapped noise and the jitter in a 

subsampling front-end. Clearly speaking, IF-sampling front-end (Figure1-a) exhibits better 

performance with the price of more complexity. It is also important to note that the 

bandwidth of the pre-filter (BPF) can be as large as fBs B/2 due to the absence of co-channel 

interference in deep space, thereby greatly reducing the phase and delay instabilities 

introduced by the BPF, as well as phase variations due to Doppler. Also it is assured to 

include the possible worst-case variations (i.e., B ≥ ωBSignalB + ∆ω).  

B.  DDPSK Signal Model and BER Performance 

U1-) Auto Correlated Signal Model in 1-bit ADC Front-End 

The receiver illustrated in Figure 4.3-1 consists of autocorrelation demodulation of 

DPSK and DDPSK signals. In this section we will calculate the BER performances of the 

receiver for both DPSK and DDPSK demodulations in subsampling front-end. Between     

(n-1)T ≤ t ≤ nT,  the Doppler shifted signal at the output of the BPF is expressed as  

 r(t)=Asin ((wBr B +  ∆w )t +ϕ BnB +θ ) + n(t). (4.3.8) 

where A is the signal amplitude, wBr Bis the radian frequency of the signal at the input of the 

ADC, ϕ Bn B is the differentially encoded information phase, θ B Bis the unknown channel phase, 

∆w = 2π∆f is the frequency uncertainty, and n(t) is the band pass additive white Gaussian 

with zero mean and two-sided power spectral density equal to NB0 B/2. The received signal 

amplitude is TEA b /2= , where EBbB is bit energy and T is the symbol period. The band pass 

representation of the noise at the output of the BPF is given by 

 n(t)= nBc B(t)sin((wBrB+∆w )t+θ)+ nBsB(t)cos((wBrB+∆w )t+θ).  (4.3.9) 

where nBcB(t) and nBs B(t) are low-pass Gaussian noise process and the noise variance σBn PB

2 
P= (NB0 

B/2)(2B)=NB0 BB. After sampling at t = kTBs B (fBs B=fBr B/M), the received signal between (n-1)T ≤ t ≤ nT  

can be written as 

 )()2sin()( 1 knwkTkMAkr nnsn +++∆+= θϕπ  (4.3.10) 

where 

 )cos()sin( 111 θθ +∆+++∆+= ssrsssrcn wkTkTwnwkTkTwnn  (4.3.11) 

The signal and the noise in the interval (n-2)T ≤ t ≤ (n-1)T, 
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 )())(2sin()( 211 knTTwkkMAkr nnsn +++−∆+= −− θϕπ  (4.3.12) 

where  

 )cos()sin( 222 θθ +∆+++∆+= ssrsssrcn wkTkTwnwkTkTwnn  (4.3.13) 

 The received signals rBn B

 and rBn-1 B

 will have values 1 or –1, as they are hard limited. The 

information is modulated on the phase difference ∆ϕ BnB =ϕ Bn B-ϕ Bn-1B, taking on values 0 and π. B 

BNow we have two square waves from two adjacent symbols and the multiplication is done 

digitally (i.e. x BIB(k)=r Bn B(k).r Bn-1 B(k) ) P

2
P, The hard limited samples at I  branch can be written as 

[6][7][18] 

 )cossgn()( 2
nI NAkx += φ  (4.3.14) 

212111

112
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where nBc1 B, nBc2 B, nBs1 B and nBs2 B are the noise components of nB1nB and nB2n B. Since both rBn B and r Bn-1 B are 

affected from the same frequency error ∆w, after the digital mixer (or the first stage 

differential decoder) this frequency error will be removed and yet the samples will include 

only the phase difference between two adjacent signals, φ = ∆wT + ϕBn B- ϕBn-1 B= ∆wT + ∆ϕ BnB. 

We can assume that the decoded phase ∆ϕBn B= 0. Note that ∆wT will be eliminated after 

utilizing the second stage differential decoder. The decimator input for inphase (I) branch of 

Figure 4.3-1 is described by a Bernoulli random variable. In the case of a transmitted bit b = 

+1, and following the approximation approach given in [4, Eq. 20] [6, Eq. 6.75], the 

probability of failure for each sample given in (4.3-14) is,  

 )
2

cosexp(2
1))(exp(2

1
2

2

0 n
eff

b
I
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N
E

p
σ

φ−≈−=  (4.3.15) 

The probability of error pBQB for the quadrature (Q) branch is similar to (4.3.15) except 

that the probability densities are centered at sinφ instead of cosφ. The decision algorithm at 

the output of the receiver in Figure 4.3-1 is based on the following equation. 

 )sgn( nnn yxJ +=  (4.3.16) 

We will first consider the case of binary DPSK. The second stage differential decoding 

P

2
P Note  : rBnB.r Bn-1=  

))sin()cos()cos()cos( 2111211121
2

snsnsccncnsnn nwTAnnnwTAnAnwTA +∆−++∆−++∆+− −−− ϕϕϕϕϕ  
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is bypassed, and xBn B= IBn B and yBn B= QBn B. The samples after accumulators include the phase error, 

φ = ∆wT. Thus, DPSK demodulation is sensitive to the frequency-offset ∆w. This 

demodulator is not feasible at high Doppler frequency shifts. However, when the second-

stage differential detection is used, the phase error due to frequency offset is eliminated, as 

explained in Figure 4.3-2.  For this case xBn B= IBn B.I Bn-1 B and yBn B= QBn B.QBn-1 B. The signals, IBn-1 B and QBn-1B 

represent the sum of the samples in the interval (n-2)T ≤ t≤ (n-1)T, while IBn B and QBn B are the 

sum of the samples in the interval (n-1)T ≤ t ≤ nT. The equations for IBn B and QBn B are  

 ∑
=

=
K

k
In kxI

0
)(  and .)(

0
∑
=

=
K

k
Qn kyQ  (4.3.17) 

where K = f Bs BT/L, the number of samples at the accumulators in a symbol duration T, and L is 

the decimator rate. Each accumulator has to be reset (by RC unit) periodically in order to 

realize uncorrelated samples. The output of the accumulators IBn Band QBn B are the binomial 

probability mass functions obtained from the auto-correlated samples x BIB(k) and y BQB(k). A 

binomial probability mass function is defined as 

 .,....1,0)1()( Kkpp
k
K

kp kkK
K =−⎟⎟

⎠

⎞
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⎝

⎛
= −  (4.3.18) 

where K is the number of samples and p= pBIB or PBQB. The probability mass functions at the 

output of the second differential decoders can be found by multiplying two input binomial 

probability mass functions. The error probability can be written as (Pe) = P{xBn B+ y Bn B≤ 0 | 

b=1}, where b is the transmitted bit. Error occurs when the half of samples at each path is 

erroneous. By using (4.3.18), the BER performance can easily be calculated by a computer 

program.  

Figure 4.3-8 shows the result for the BER values as a function of signal-to-noise ratio 

(EBbB/NB0 B). The relative SNR degradation to digitize the demodulator is approximately 2 dB. In 

this simulation, the error probabilities for digital demodulators are calculated for the bit rate 

of 100 Kbps, where the number of samples in one symbol duration after the ADC is K = fBs BT = 

40. For comparisons, we also plot the probability of error for ideal DPSK and DDPSK 

demodulators. As we can see that approximately a minimum 3 dB SNR degradation due to 

the second stage differential decoding is incurred at low BER to attain a frequency 

insensitive   performance  by  using   DDPSK   instead  of  binary  DPSK. However, DDPSK  



 77

  
Figure 4.3-8. BER performance of digital differential demodulators. 

system is  relatively insensitive to frequency offset while DPSK is quite sensitive. From 

Figure 4.3-8, it is clear that for a normalized frequency offset fBoffBT =1/6 (i.e. ∆wT = 2πf BoffBT = 

π/3), DPSK approaches DDPSK [22].  

At sufficiently large frequency offsets, the performance of a DDPSK system would be 

preferable. There exist the values of f BoffBT for which the performance of a DPSK system and of 

the DDPSK are equal. This is illustrated in Figure 4.3-9. In the upper region, the DDPSK 

scheme outperforms DPSK detection, and in the lower region, DPSK scheme exhibits better 

performance. Therefore, as indicated in Figure 4.3-1, the receiver will perform DPSK 

modulation at lower frequency offsets to optimize receiver performance while DDPSK mode 

will be operated where there exists large Doppler shift in orbit.  

foffT

Eb/N0 (dB)

DDPSK 
Plane (m=0)

DPSK 
Plane 
(m=1)

 
Figure 4.3-9.  Relative performance between digital DPSK and DDPSK. 
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4.4.  Overall Receiver Performance  
A variety of impairments exist in practice that could cause performance degradation. In 

this section we describe those non-idealities in the proposed differential based sampling PSK 

receiver. Using differential detection with auto-correlation modulation makes the PSK 

receiver very robust to the impairments while many other receivers heavily depend on them.   

4.4.1.  Quantization Error 

The implications of the quantization error on the system performance can be expressed 

in terms of the SNR degradation. After the 1-bit A/D, the new SNR is  

 SNRBold B = 
0N

Eb   SNRBnew B=
q

b
NN

E
+0

. (4.4.1) 

where NBqB denotes the quantization error. The loss is calculated by taking logarithmic 

difference. The SNR loss due to the quantization error can be expressed as 
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The variance of the quantization noise and the noise power of the quantization error for 1-bit 

ADC (b=1) are given by 
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white noise power is calculated as 
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Combining two noise powers (4.4.3) and (4.4.4) and assuming a unity bit gain (A=1) [8], we 

obtain  
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where SNR =E/NB0 B and  Tf Bs B= K = number of samples at the ADC. As the number of samples 
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increase, the quantization noise decreases correspondingly. However, at high SNR values, 

the quantization effect becomes more effective. For example when K = 40 (R =100Kbps) and 

SNR =10, the loss is ~ 0.18 dB. The loss becomes negligible at lower data rates.If the fBs B= KfBb B, 

where fBb B is the information rate or “bit” frequency, and using (4.3.4) the total number of 

samples at the ADC is   

 Tf
n

Tf
f
f

K ins
b

s
12

4
+

===   (4.4.6) 

The SNR losses due to quantization error are given in the following equations for 1-bit and 3-

bit ADC for comparison and are plotted in Figures 4.4-1. 
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In figures 4.4.1, R = 10 Kbps (K = 400) and R =100 Kbps (K = 40). It is clear that the loss 
becomes negligible for lower data rates. 
 

 

Figure 4.4-1. SNR loss due to quantization noise, K = 40 and K = 400. 
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4.4.2.  Synchronization 
In this section we outline the receiver synchronization and the effect of timing error on 

the performance of the receiver. The receiver utilizes non-coherent technique and does not 

require exact phase and frequency information. As mentioned previously, due to employing 

autocorrelation demodulation, no carrier tracking and synchronization is needed. The only 

critical part is the timing synchronization that has effect on the performance. 

A. Symbol Timing Recovery (STR):  
The block diagram for symbol timing synchronization for the proposed receiver is 

illustrated in Figure 4.4-2. The detailed analysis of this STR will be given in the next chapter. 

A preamble sequence of ‘1010..’  or ‘0101’ is sent to provide enough transitions for timing 

locking at the beginning. From the circuit test result, the length of the preamble sequence is 

observed to be 4 bits for the worst condition. Unlike conventional STR’s [21][23][24], the 

circuit is able to recover timing clock (TBclkB) from multiple bit rates and is robust to fast 

Doppler rate with the use of a prefilter. In addition, the circuit can extract the timing clock 

from either a PSK modulated signal or a demodulated signal, by using a serial XNOR or 

XOR respectively.  A timing diagram of the STR circuit is shown in Figure 4.4-3. Here the 

input signal is assumed to be a 1 MHz PSK signal wherein 100 Kbps data is modulated. 

There is an 180P

o
P phase difference between bit “1” and bit “0” in a binary PSK modulated 

signal. 
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Figure 4.4-2. Timing circuit for the PSK receiver. 
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Figure 4.4-3. Timing diagram of the STR circuit for a PSK input signal. 
 
 

The NRZ signal s(k) and the delayed replica sBd B(k) are passed through  XOR or XNOR 

gate to obtain a modified return-to-zero (RZ) signal z(k) (e.g. Z(t)=S(t).S(t-τ)). The “Preilter”B 

Bcircuit passes only those pulses having pulse width greater than or equal to τ =2TBs Band thus 

eliminates smaller pulses (caused by Doppler and circuit noise). This makes the circuit robust 

against fast Doppler rate and circuit noise. If the input signal s(k) includes Doppler shift, the 

width of pulses in s(k) will not be exactly 500 ns. As consequence, there will be some pulses 

smaller than the transition pulses in z(k). Note that the small error pulses in z(k) are 

eliminated after passing z(k) through Prefilter, which is a narrow-band digital filter. If one 

calculates the power spectrum of y(k), it would show the existence of discrete spectral lines at 

multiples of the data rate frequency because  the pulses are  repeated every period of data 

rates [21]. Finally, the loop behaves as a narrow-band tracking filter and recovers output 

clock TBclkB by using the modified RZ signal y(k). 

The Frequency Controller   selects   the appropriate   down converter stage depending on 

the frequency and phase of the incoming data signal. The divider-scaling factor N is   

programmable    and   controlled    by   the Frequency Controller unit based on the frequency 

of the incoming signal. The Frequency Divider is designed as an increment-decrement 

counter. As an example, if f Bs B = 4 MHz and the required clock is for data rate of 100 Kbps, N 

must be 40 (i.e. fBs B/40 = 100 KHz). 
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The reference clock is the sampling clock, which is already available in the system. The 

worst-case observed timing offset is less than 1/10 of the symbol period of the highest bit 

rate, 100 Kbps (i.e ∆TBmaxB =1 µs), which was our initial goal in order not to exceed a 

degradation of 0.2 dB. This timing offset is negligible for lower data rates.  

B. Symbol Timing Error:  
 After timing acquisition, the receiver is still affected by timing error due to the 

inaccuracy of the timing circuit and reset circuit (RC) as well. As depicted in Figure 4.4-4, 

the input signal to the RC circuit is the clock TBclk B coming from the timing circuit. The 

accumulator accumulates the samples within the duration T ± ε, where ε is the timing error. 

The reset pulses obtained at the output of the RC circuit resets the accumulator every T 

period in order to begin recount of samples for the next adjacent symbol.  

RC
RC_Out

RC_Out

T

Accumulator’s reset 
pulses

Tclk/2

Tclk

T clk

Error 
Margin

Total timing error 

ε±

ε2≤

ε±  
Figure 4.4-4.  Timing error in the timing clock and reset pulses: RC circuit generates pulses to reset 
accumulators periodically. 

Figure 4.4-5 illustrates an incorrect sample in the window due to timing error. As seen in 

the Figure one wrong sample is added in the window from the adjacent symbol due to the 

timing offset and this 0’s wrong sample will eliminate a 1’s sample in the window. As a 

result the accumulator will count two samples missing instead of one. If  ε is the timing error 

in symbol duration T, then the ratio of the timing offset to the symbol period is given by 

 .
~22
K
k

Tf
f

T s

s ==
εε

 (4.4.8) 
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Figure 4.4-5. The effect of timing error in the digital PSK signal (fBs B= 4fBr B/3). 

where k~ is defined as the total samples that are missing due to the timing error ε. There will 

be sample losses when two consecutive bits are different -either 01 or 10. However, for 11 or 

00, there will be no loss from timing error. The effect of timing error on the BER 

performance is found by replacing |K- k~ | with K in (4.3.17) and (4.3.18). The receiver 

exhibits a maximum timing offset that is 1/10 of the symbol period of the highest data rate 

100 Kbps. In this case, the total possible missing samples are given by 

 ∆K= .
10

~
10
1~ Kk

K
k

=⇒=   (4.4.9) 

K=40 k~ ≤4       Max.  four samples will be lost. 
K=100 k~ ≤10   Max.  ten samples will be lost. 

We can define an expression between timing error and the accumulators’ outputs as 
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where nI~  and nQ~  are accumulated samples when there exists timing error. This equation 

indicates a good relation of the timing error in timing domain and discrete domain. 

 In Figure 4.4-6, the BER for a data rate of 100 Kbps (where K=40) is given with (∆K = 

0.1 worst-case) and without timing error (∆K = 0). Simulations show that a timing offset of 

up to 1/10 of the symbol period for the data rate of 100 Kbps causes approximately 0.2-dB 

SNR loss (the simulation is done for DPSK mode.). The data rate of 100 Kbps is the only 

critical data rate that is affected by timing offset. The maximum timing offset from the 
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implementation was measured as 1 µs P

3
P, which is ∆TBmax B=2ε = TB100KbpsB/10=1 µs. The 

performance loss becomes negligible at lower data rates. For example, for data rate of 10 

kbps, this offset is 1/100 of the symbol period (i.e. ∆K = 0.01).  

B
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SNR

SNR

S
N

R
 L

os
s

∆
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Figure 4.4-6. Effect of timing error on BER and SNR on digital DPSK (R=100 Kbps). 

C.     Error in Delay Units:  

The T delay unit is one of the critical blocks in the sampling differential PSK receiver 

that was observed during the implementation of the receiver. Much care needs to be given in 

the design of this block. Any deviation from the delay T causes additional frequency 

uncertainty at the outputs of the differential decoders. In a word, it increases the effect of the 

frequency offset that is explained throughout this paper. Assume the deviation from 

frequency is ∆w and the total deviation of T due to delay unit is ξ. The phase difference (i.e. 

error) between adjacent symbol due to frequency shift and T delay shift; ∆θ  = wξ + ∆w (T + 

ξ). To see the effect of the deviation from T, assume ∆w = 0 and ξ = ∆θ / w. This expression 

tells us for less effective delay error, lower frequency is required at the front-end. Therefore 

the proposed receiver is less sensitive to the delay error than that of a conventional 

demodulator because subsampling is used at the front-end to decrease the operation 

frequency of the receiver. The accumulators in the receiver are able to handle the worst-case 

delay error of half of the sampling time (i.e. ξ = TBs B/ 2). 

P

3
P The detailed measured results of the timing circuit can be found in next two chapters. 
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Figure 4.4-7. BER performance of  the digital differential PSK (R =1 and 100 Kbps). 

Comprehensive simulations were performed to characterize the implemented receiver 

bit-error rate performances for different data rates. Figure 4.4-7 illustrates an overall BER 

performances of the receiver for data rates R = 1Kbps and 100 Kbps. It is seen that DPSK 

performs better BER performance. However, it is sensitive to frequency offsets. Thus, DPSK 

mode will be used mostly when the Doppler effect is not strong or for the communications 

between surface elements. As indicated previously, the BER performance of DDPSK 

demodulation is on the other hand independent of the frequency error, ∆w. So the receiver’s 

DDPSK mode will be activated for communications between the orbiter (satellites) and land 

vehicles (rovers). As can be noticed from Figure 4.4-7, at high SNR values the quantization 

effect becomes more effective especially for the higher data rates. The receiver operates with 

approximately 2.4 dB implementation loss comparing to the theoritical BER probability, with 

2 dB due to the converting the analog signal to square wave by using 1-bit ADC and 

additional 0.4 dB due to the combination of quantization noise and timing offset. Including 

the ADC, the receiver’s baseband  circuitry consumes a power of less than 1mW. 

Separating two adjacent symbols by 2T delay rather than T in the first stage differential 

encoder can further enhance the performance of DDPSK. The reason is to prevent high noise 

correlation at the output of the receiver caused from using (T,T) delay combination. 

Simulations show that this scheme improves the performance about 1.8 dB. In (4.4.11), we 

have the phase information encoded as a second-order phase difference. Assuming each 
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phase sample is affected by an independent noise with variance σ P

2
P, then ∆ϕBn PB

1
P will have a 

variance of 6σ P

2
P and ∆ϕ Bn PB

2
P will have a variance of 4σ P

2
P. Accordingly, a 1.8 dB is gained by 

using (2T,T) combination. In the chip, either (T,T) or (2T,T) delay combinations can be 

selected by a control MUX. For DPSK, this does not influence the performance because only 

one stage is used. 

 ∆ϕ Bn PB

1
P = ϕ BnB - 2ϕ Bn-1 B + ϕBn-2  B---T,T (4.4.11a) 

       ∆ϕ Bn PB

2
P = ϕ Bn B - ϕBn-1 B- ϕBn-2 B+ ϕBn-3   B---2T,T  (4.4.11b) 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 



4.5. Conclusion 

The system level design of a low-power digital sampling receiver that includes 

combined single differential (DPSK) and double differential (DDPSK) detection is described 

in detail in this chapter. The receiver achieves a high-level of integration while exhibiting 

potantially robustnes against Doppler effect. Comparative analysis shows that digital DDPSK 

scheme exhibits better performance when the product of frequency offset and bit timing is 

large at high SNR values. The receiver is mainly designed for low power and tolerates large 

Doppler shifts. The key features of the proposed architecture are 1-bit data processing, 

subsampling and auto-correlated differential detections. Although this demodulation focuses 

on the design and implementation of a PSK receiver for space applications, the low-power 

implementation method given for this receiver can be applicable to all other digital receivers 

with little modification. The critical non-ideal points have been described. The overall BER 

performance of the receiver has been addressed with extensive simulations and calculations. 

Subsampling front-end can be used with multibit A/D converter to increase receiver’s BER 

performance. The 1- bit A/D converter is implemented instead of a multibit A/D converter 

because the implementation is much simpler and more power is saved compared to the 

multibit A/D converter. 

A test chip for the presented receiver, which includes the baseband circuit with the 

analog front-end __ the ADC plus IF amplifier, has been designed and fabricated through 

Honeywell’s partially depleted (PD) 0.35-µm SOI CMOS process. The detail circuit-level 

implementation and measured results of the test chip will be described in the following 

chapters.  The receiver has a sensitivity of -107 dBm for the data rate of 100 Kbps. Including 

1-bit A/D; the baseband circuit consumes a power less than 1 mW. Having the features of the 

radiation hardness, robustness against Doppler shift and low-power consumption, the 

proposed receiver scheme is well suited for deep space and satellite applications.  
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Chapter V 
 

Synchronization for PSK Receivers: A Low-Power All-
Digital Symbol Timing Recovery Circuit for Multi-Bit 
Rate PSK Receivers 
 

5.1. Introduction 

In digital communications, symbol timing is essential at the receiver site to detect the 

transmitted data correctly.  A low-power all-digital symbol timing recovery circuit for phase-

shift keying (PSK) receiver described in the previous section (in Chapter IV.) is implemented 

in a 0.35-µm Silicon On Insulator (SOI) technology. The circuit is designed for a wide range 

of bit rates (0.1-100 Kbps) and robust against fast and large Doppler shift or frequency error 

on the input signal. It is synchronized within 3 or 4 bits and thus faster than many 

conventional timing circuits. The total power dissipation of the circuit is only 310 µW. 

Many forms of symbol timing recovery (STR) circuits have been used. The most common 

traditional STR circuits are square-law [1], maximum-likelihood [2][3] and early-late gate 

[3]. However, the implementations of these STR circuits are complex and costly. They 

require longer synchronization time and therefore are not well suited for burst transmission.  

To take advantage of digital techniques, it is desirable to implement STR circuits all-

digitally [7].  Digital approach of phase-lock loop (PLL) to implement in STR circuits has 

also been studied at system level [4] [5][6]. However, they cannot be employed directly in 

space communications due to the effect of Doppler on the received signal. Unfortunately, 

they include analog components as well and yet they are sensitive to any frequency error on 

the input signal. Furthermore, they can extract symbol-timing clock only from a demodulated 

signal. 
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This chapter introduces a new approach to digital STR circuits for low-cost and low 

timing error. Unlike conventional analog or digital STR’s , the proposed STR  circuit consists 

of a  1-bit A/D converter (ADC) at the front to convert analog signal to digital NRZ signal, a 

pre-filter to eliminate frequency error as well as circuit error and then an all-digital PLL-like 

feed back system. In addition, the circuit is designed for multiple bit rates and can extract the 

timing clock from either a phase-shift keyed (PSK) modulated signal or a demodulated 

baseband signal by using a serial XNOR or XOR gate, respectively. The simulation and 

experimental results show that the circuit is synchronized within 3 or 4 bits and exhibits low 

jitter. 
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5.2.  All-Digital Symbol Timing Recovery Circuit (STR) 

The block diagram of the proposed symbol timing recovery circuit for digital PSK 

receivers is illustrated in Figure 5.1. Design parameters are given in Table 5.1. First, input 

analog signal is converted to digital non-return to zero (NRZ) signal by the 1- bit A/D 

converter (ADC). And then the rest of the circuit is realized digitally. A sequence of ‘1010..’  

or ‘0101’ is sent for timing locking at the beginning and ‘10’ is added to data after every 6 

bits to introduce enough transitions in order for the timing circuit to track the data accurately. 

From simulations, the length of preamble bits for the worst cases is observed to be 4 bits (i.e. 

NBL B= 4 bits). Some sort of scrambler/descrambler is incorporated in many transceivers to 

ensure that a sufficient density of data transitions occurs in the transmitted data to aid in the 

symbol-timing recover at the receiver. For such receivers, additional two bits (“10”) will not 

be required, hence allowing high-data transfer. 

After the 1-bit ADC, the NRZ signal s(k) and the delayed replica sBd B(k) are passed through  

XOR or XNOR gate to obtain a modified return-to-zero (RZ) signal z(k) (e.g. Z(t)=S(t).S(t-

τ)). The selection of XOR or XNOR gate is based on the input signal. As indicated in Figure 

5.1, if the input is a PSK modulated signal XNOR is used. Otherwise, XOR is used for the 

demodulated baseband signal.  The motivation behind this is to be able to obtain the 

transition pulses y(k), as explained in Figure 5.2 and 5.3.  
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Figure 5. 1.  A symbol timing recovery circuit for multiple bit rates. 



 93

TABLE 5.1.  STR  CIRCUIT PARAMETERS 

Input signal frequency, fBiB 1 MHz 
Sampling frequency, fBs B 4 MHz 
Data rates, fBb B 0.1-100 Kbps 
Length of preamble, NBLB 4 bits 
Power dissipation 155 µA @ 2 V 

 

The “Prefilter”B Bcircuit passes only those pulses having pulse width greater than or equal to 

τ =2TBs Band thus eliminates smaller pulses (caused by Doppler and circuit noise). The circuit 

is therefore robust against fast Doppler rate with the use of Prefilter unit that is a narrow band 

digital filter. The delay is selected as 2TBs B because it is equal to the duration of each pulse in 

the digital PSK signal (Figure 5.3.). 

Another important feature of the proposed STR is its ability to recover timing clock (TBclkB) 

for multiple bit rates (0.1 Kbps, 1 Kbps, 10 Kbps and 100Kbps). The Frequency Controller 

unit selects   the appropriate down conversion stage depending on the frequency and phase of 

the incoming data signal. The reference clock is the sampling clock f Bs B which is already 

available in all digitally-implemented communication systems. The phase correction is done 

by Phase Estimator unit. Like all other units, it uses the sampling clock as a reference to 

detect the phase.  

In a PLL system if the phase error between the STR output clock and the input signal is 

zero or very small, it is called in the synchronized state (or often locked). In our STR circuit, 

the system is locked when the phase error is within the duration of the sample clock period 

TBs B. In other words, there is a phase ambiguity of ±TBs B(= ±250 ns) which is quite small 

considering small data rates (TBs B<<T =1/fBb-max B=10 µs).  

Two timing diagrams of the STR circuit where the inputs are a demodulated baseband 

signal and a PSK modulated signal are displayed in Figure 5.2 and 5.3, respectively.  As can 

be seen, in order to get the modified RZ signal z(k), XOR gate needs be used for a baseband 

input signal (Figure 5.2) and XNOR gate needs to be used for a PSK input signal ( Figure 

5.3). The input for Figure 5.3 is a digitized PSK signal obtained at the output of the 1-bit 

ADC. There is an 180P

o
P phase difference between bit “1” and bit “0” in a binary PSK 

modulated signal. Note  that the  small  error pulses in z(k)  are eliminated after  passing z(k)  
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Figure 5.2. Timing diagram of the STR for a baseband input signal.  
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Figure 5.3. Timing diagram of the STR circuit for a PSK input signal. 

through Prefilter, as shown in Figure 5.3. If one calculates the power spectrum of y(k), it 

would show the existence of discrete spectral lines at multiples of the data rate frequency 

because  the pulses are  repeated every period of data rates [4]. Finally, the loop behaves as a 

narrow-band tracking filter and recovers output clock TBclkB by using the modified RZ signal 

y(k). 

The most critical block in the STR system is the delay unit. Recall that the Prefilter detects 

the pulses having the width of 2TBs B. Every transition (from bit “1” to “0” or “0” to “1”) is very 

important since the remaining part of the STR circuit uses transition pulses to generate the 

timing clock. To guarantee having width of 2TBs B for every transition pulses in z(k), the delay 

unit is implemented as given in Figure 5.4. Two flip-flops with the inverter chain will give a 

delay slightly bigger than 2TBs B. As a result, none of transition pulses will be lost after pre-

filtering. 
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Figure 5.4.  Implementation of the delay unit. 
 

Hereafter we will try to generalize the STR circuits given in Figure 5.1 so that it can be 

easily employed to any other communication systems. A more simplified block diagram of 

the STR circuit is shown in Figure 5.5. The divider-scaling factor N   is   programmable and   

controlled by the Frequency Controller unit based on the frequency of the incoming signal. 

The Frequency Divider is designed as an increment-decrement counter. As an example, if f Bs B= 

4 MHz and the required clock is for data rate of 100 Kbps, N must be 40 (i.e. fBsB/40 = 100 

KHz). Suppose data rate is changed to 10 Kbps, Frequency Controller will then tell 

Frequency Divider to increase N from 40 until it becomes 400( i.e. fBs B/400 = 10 KHz).  

Assume that the input is a phase-modulated sine wave. The input waveform to the ADC 

can thus be described as 

 )())()(2cos()( tntitfifAtr ++∆+= φπ  (5.1) 

where A is  the  amplitude  of  the signal,  fBiB is the input signal  frequency which is usually a  
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Figure 5.5. Simplified block diagram of the STR circuit. 
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carrier frequency fBcB or a down converted IF frequency fBIFB, ∆f is the frequency offset generally 

caused by Doppler as well as oscillators’ instability, the information is modulated on the 

phase φBiB and n(t) is additive white Gaussian noise from the communication channel.  The 

sampling frequency fBs B is chosen as  

 integeriswhere
12

4 nifnsf +
=  (5.2) 

The principal motivation behind this sampling rate is that it reduces the hardware 

complexity when employed at the front-end of receivers [8][9]. As indicated earlier, the 

reference clock for the proposed STR circuit model is the sampling frequency. This is one of 

the advantages of digitally implemented receivers, eliminating the need for a separate 

oscillator to generate a reference clock.  

In case of n >1 in (5.2), the input signal will be sampled with a frequency lower than the 

Nyquist rate (i.e. subsampling front-end)[9]. To avoid aliasing, the sampling frequency must 

be at   least twice the data rate (i.e. fBs B≥ 2fBbB) or the bandwidth of band pass filter (BPF) which 

is used at the front-ends of most receivers. The detail analysis of the subsampling front-ends 

was studied in the previous chapter. In circuit simulations, we particularly chose the 

sampling frequency equal to 4 MHz (i.e. fBs B=4 MHz). Table 5.2 shows some examples of 

input frequencies with appropriate sampling factors based on the equation given in (5.2). 

Here we assume the input signal is PSK modulated signal not a demodulated signal. 

However, when the input signal is a demodulated baseband signal (i.e. fBi B=f Bb B), we cannot 

mention subsampling in this case since fBs B>>fBb B. 

 

 
TABLE 5.2. Input frequencies for fBs B= 4 MHz. 
Input signal frequency, Sampling factor, n 

1 MHz 0 (oversampling) 
3 MHz 1 (subsampling) 
5 MHz 2        ( || ) 
25 MHz 12      ( || ) 

435 MHz 217    ( || ) 
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After being sampled at t=kTBs B, the signal (5.1) will be given by   

 )()}(22/)12cos{()( knkik
sf
fknAkr ++∆++= φππ  (5.3) 

The signal is actually 1-bit quantized (i.e. hard-limiting) to obtain NRZ data s(k). At the 

output of the 1-bit ADC, the signal can be written as 

 
⎭
⎬
⎫

⎩
⎨
⎧

<
≥

==
0)(0
0)(1

))(sgn()(
krif
krif

krks  (5.4) 

As can be seen from (5.4), the signal at the output of 1-bit ADC is a digital NRZ signal, 

whether the input is a PSK signal or demodulated baseband signal. As can be seen from 

(5.4), the signal at the output of 1-bit ADC is a digital NRZ signal, whether the input is a 

PSK signal or demodulated baseband signal. Note that since the clock TBclkB is extracted after 

two-narrow band filters-the Prefilter and the loop, the contribution of the wide band Gaussian 

noise is significantly reduced and hence can be neglected [4]. 

To calculate the power spectrum of the transition pulses y(k) (the signal at the output of 

the Prefilter shown in Figure 5.5), assume its waveform in time domain is [4] 

 

 ∑
∞

−∞=
−=

n
bnTtsky )()(   (5. 5) 

where TBbB is the bit period and 
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The waveform hB1 B(t-nT Bb B)  is shown in Figure 5.6. And it is described as the following: 
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Figure 5.6. The waveform hB1B(t-nTBbB). 
 

where τ  is the delay element, which was indicated in Figure 5.4. Usually the delay due to the 

inverter stages is too small and can be ignored (i.e. τ BIB ≈ 0 s.). Then τ  = 2TBs B= 500 ns. 

The power spectral density of y(k) is given by [4]  
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where  
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By substituting the above equations into (5.8), the power spectral density becomes 
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Delaying and multiplying (using XOR or XNOR), the input signal yields discrete spectral 

lines at the symbol rate frequency, which is the last term in (5.10). It is plotted in Figure 5.7. 

The symbol timing clock information is contained in the discrete spectral line at 1/TBb B. The 

loop after Prefilter in the STR circuit behaves as a narrow-band tracking filter (which is a 

band-pass filter with bandwidth = BWBLoop B) and recovers output clock TBclkB. Note that since the 

clock TBclkB is extracted after two-narrow band filters-the Prefilter and the loop, the contribution 

of the wide band Gaussian noise is significantly smaller than that of continuous spectrum in 

Y(f) and hence can be neglected. However, the bandwidth, BWBLoop B simply defines the system 

jitter [4]. 
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Figure 5.7. Power spectrum of y(k). 

 

5.3.  Some Simulation Results 

In this section we will present some post layout simulations for the proposed symbol 

timing recovery circuit given in Figure 5.1. The layout and microphotograph of the STR 

circuit is shown in Figure 5.8. The circuit is designed using Honeywell SOI CMOS 0.35 µm 

process. The total power dissipation is only 310 µW from a 2-V supply. For the following 

simulations, the parameters given in Table 5.1 are used. 

The simulation result in Figure 5.9 shows how the timing circuit recovers the clock from a 

data sequence of 100 Kbps where the input is a baseband NRZ signal. As clearly seen, the 

output is a perfect 100 KHz clock. At the output of “Prefilter”, we observe that pulses have a 

duration of τ =2TBs B.B BAs indicated previously, the circuit is capable of recovering symbol 

timing clock for different data rates. The circuit can easily track a data changing from a low 

rate to a high rate or a high rate to a low rate. This is illustrated in Figure 5.10. Unlike Figure 

5.9, here the input is a 1 MHz PSK modulated signal that is coded to include different data 

rates. 

Figure 5.11 shows another simulation where random frequency error is added to the input 

signal. The input signal (Figure 5.11-(a)) is a 1 MHz PSK signal in which a data of 100 Kbps 

is modulated. It includes a frequency offset ∆f, which was chosen as 1/10 of the input signal 

(∆f = ± 0.1fBi B). As seen from Figure 5.11-(b), small pulses resulted from frequency offset are 



eliminated at the end of the Prefilter. First four bits “1010” is the preamble sequence for 

locking at the beginning and then random data is coming after them. As illustrated in Figure 

5.11-(d), the clock is locked at the end of the preamble sequence. After locking process, the 

output clock is still a proper clock despite the fact that no transition may occur sometimes 

during random information. 

 

 

Figure 5..8. Layout and microphotograph of the SOI CMOS STR circuit chip.  
 

Output of Filter, y(k)

( Data Sequence, “1010..”)

Output Clock, Tclk

 =2Ts

 
 

Figure 5.9. Recovered timing clock for a data sequence of 100 Kbps. 
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Figure 5. 10. Simulation when the input PSK signal includes different data rates. 

 

 
Figure 5. 11. Recovered timing clock for a data sequence of 100 Kbps in the presence of frequency noise. 
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The worst-case observed timing offset for all data rates is less than 1/10 of the symbol 

period of the highest bit rate 100 Kbps (i.e ∆T =1 µs), which was our initial goal. In Table 

5.3, maximum timing offsets are illustrated for each data rate. As can been seen, the timing 

offset is relatively negligible for lower data rates (i.e. for fBb B<10 Kbps). Maximum timing 

offset from the timing circuit is basically due to the phase ambiguity of the reference clock 

which is the sampling clock. The jitter of the clock is small enough to be negligible, and thus 

the timing offset is ∆T= 2TBs B/T. Assume T = 10 us (for the highest data rate, R =100 Kbps), 

TBs B= 250ns (sampling frequency, fBs B= 4 MHz) ∆T=0.5us/10us ≤ 1/10T, which was our initial 

target. The total circuit jitter including the sampling clock jitter will have no significant effect 

on the output clock since the data rates are small enough. 

 
Table 5.3. Timing offset for each data rate 

f BbB=1/T                                ∆T/T 

100 Kbps 1/10=0.1 

10 Kbps 1/100=0.01 

1 Kbps 1/1000=0.001 

0.1 Kbps 1/10000=0.0001

 

 

 

 

 

 

 

 

 



5.4. Conclusion 

A new low-power all-digital symbol timing recovery circuit for PSK receivers has been 

described. The circuit is implemented in 0.35-µm Silicon on Insulator (SOI) technology. The 

symbol timing circuit was designed such that it can extract the timing clock either from a 

demodulated signal or a PSK modulated signal when used in a transceiver system. Although 

the presented circuit is designed for digital PSK receivers, it could be applied to digital FSK 

receivers or other modulation schemes with little modification. The significance of the STR 

is that it offers the design of low-cost, low jitter and fast synchronization. Furthermore, the 

design is especially well suited for digital communication systems where there exists strong 

and fast Doppler shift. It was also shown that the STR circuit can easily be incorporated into 

receivers that employ subsampling front-end. 
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Chapter VI 
 

VLSI Implementation and Test Results  

 

6.1.  Introduction 
As we have indicated previously, an integrated baseband test chip to characterize the 

proposed receiver has been designed and fabricated in 0.35-µm USUilicon UOUn UIUnsulator (SOI) 

CMOS process at Honeywell. The RF front-end of the proposed receiver has been developed 

by Dr. Dogan’s group at NC A&T University [1][2]. The key properties of the receiver’s 

hardware are low-power consumption, flexibility, reduced complexity, and the design in SOI 

process, which is a radiation-hardened process [4]. This work includes only the baseband 

with the analog IF amplifier. The measurement results are discussed in this chapter. Figure 

6.1-1 gives the Noise Figure (NF) and power budget analyses of the overall receiver.  
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Figure 6.1-1.   Noise and power budget for the IF-sampling differential PSK receiver. 
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Figure 6.1-2. Microphotograph of the test chip. 

The incoming signal is specified as a binary phase-shift keying (PSK) modulated 

waveform with a carrier frequency of 435 MHz. The carrier frequency is down converted to 

one of appropriate IF frequencies calculated in chapter IV.  The input RF signal is filtered 

with a passive surface acoustic wave (SAW) filter, amplified by a low-power non-linear low-

noise amplifier (LNA), and again filtered with an IF image rejection filter [3]. After these 

steps, the chip presented in this work digitizes the IF signal at 1-b precision using 4MHz 

sampling clock. The digitized signal is then down-converted to 0 Hz digitally in the 

baseband. Since one bit quantization is a highly nonlinear process, the preceding analog and 

RF components do not need to be linear and also no automatic gain control (AGC) circuit is 

necessary. Nonlinear analog amplifiers can be designed with less power than the linear 

counterparts.  The chip supports data rates up to 100Kbps. The die microphotograph of the 

test chip is shown in Figure 6.1-2. The chip occupies an area of 2.77X2.4 mmP

2
P including test 

pads. 

Figure 6.1-3 shows the test board and the experimental setup. The chip is wire bonded to a 

120 pin-grid array (PGA) ceramic package. A 15X15 grid-size PGA socket has been used for 

attaching the chip to a 2-layer custom board. As can been seen from the test board (Figure 

6.1-3(a)), the socket soldered to the center of the test board. By pass capacitors are placed to 

VDD pins to suppress unwanted noise from power supplies. The analog circuit power supply 

is separated from the digital circuit to avoid the effect of the digital switching error into the 
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Figure 6.1-3. Experiment setup, a) test board, b) test  setup. 

 

analog circuit. Multiple pads for the power supply reduce wire-band inductor as well. The 

pads include electro-static discharge (ESD) protection circuit and are provided by the Honey-

well process. The ESD protection circuit consists of the reversed biased diodes connected to 

each pin of the chip. The size of the standard ESD pads used is 410X150 µmP

2
P. 

6.2.   1-bit ADC Front-end (Analog Part) 

A 1-bit analog-to-digital converter (ADC) is used at the front-end to digitize the analog 

signal. The 1–bit ADC is ideally suited for deep-space communication due to the absence of 

interference signals. A two stage differential amplifier is used before the sampling circuit, as 

shown in Figure 6.2-1. It has a gain of 60 dB with a 10 MHz bandwidth (Figure 6.2-2.). The 

1-bit ADC basically converts analog input sine signal to square wave (i.e. hard-limiting, 

Figure 6.2-3). The 60-dB dynamic range is more than sufficient to digitize the input analog 

signal for the minimum input received-signal level of 10 mV. The input voltages + vin and –

vin (where vin =10-100mv) have dc levels : 1.2 @ Vdd =2.5 v, 1.45 @ Vdd = 3v and 1.6 

@Vdd=3.3. A biasing current of 100 µA is used for the differential amplifier. 

 



The required input dynamic range of the differential amplifier is provided by the gains of 

the previous circuits. For the approach of the IF-sampling front-end, the received signal is 

amplified by a LNA at 435 MHz and followed by an IF amplifier. However, for direct-

subsampling approach, the high gain required at the RF stage must be provided by a high 

gain LNA at 435 MHz since no analog down conversion stage would be employed.   

vdd

vdd

vb2

vb1

+vin -vin vout

 

Figure  6.2-1 Two-stage differential amplifier. 

 

 
Figure 6.2-2. The amplifier gain characteristic. 
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Figure 6.2-3. The 1 MHz IF signal converted to digital waveform by the ADC- the input signal has a 10 mV 
peak voltage. 
 

6.3. Multirate Transmission 

The proposed receiver is designed to support a multiple set of data rates. The initial timing 

synchronization is needed at the beginning of each discrete data rate that is transmitted in the 

information packet consecutively. This is accomplished via transmission of a 4-bit preamble 

sequence as a packet header in the information. A minimum length of four bits is sufficient 

for the timing clock synchronization. Unlike many demodulators [4], this receiver does not 

require any pilot or preamble sequence for the frequency synchronization since the 

demodulation is invariant to carrier frequency. This is one of the unique properties of the 

proposed receiver that has high transmission capability as the number of overhead bits in the 

packet is reduced. 

The support of a wide range of data is one of the novel features of the receiver. Down 

conversion for each data rate is done by using one and more stages of decimation, as shown 

in Figure 6.3-1. Each stage represents one of the bit rates. The control signal selects the 

appropriate stage with respect to the data rate that is recovered by the timing clock. The input 

sampling frequency fs is divided by the decimation ratios, which provides the desired output 

data rate.  
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Figure 6.3-1. Multirate delay unit implementation in the digital differential based sampling PSK. 

 
Carrier frequency and phase are required for all coherent detection schemes. When non-

coherent detection is used, only carrier frequency is needed to detect the signal correctly. In 

the proposed demodulator, we use auto-correlation modulation, which means the reference 

signal is taken from the adjacent symbol. Therefore, neither carrier frequency nor carrier 

phase is necessary for the detection of information. This greatly simplifies the system 

overhead. 

The auto-correlation implementation of the differential detection in the digital domain is 

designed as given in Figure 6.3-2. As also illustrated in Figure 6.3-1, a constant delay unit Tc 

is used  for every  multiple  bit  rate,  which  is  designed  by  40  flip-flops  in  order  to  give  
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Figure 6.3-2 Digital auto-correlation differential detection. 
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adequate time delay  to the samples in the adjacent symbol. The amount of the delay is 

arranged for the highest bit rate of 100 Kbps (i.e. Tc = kTBs B= 40.0.25 = 10µs = 1/fBb100KbpsB). At 

the output of the differential detection, the corresponding samples in adjacent symbols are 

mixed or multiplied with each other (i.e. x(k) = rBn B(0) x rBn-1 B(0), rBnB(1) x rBn-1B(1), …….) 

The frame structure during multiple data transmission for the proposed receiver is shown 

in Figure 6.3-3.  A sequence of “ 1010” or “0101” is sent at the beginning of each data 

transmission to distinguish between two different data rates. From the circuit test result, the 

length of the preamble sequence is observed to be 4 bits for the worst condition. The purpose 

of the preamble is to allow time for the receiver for each data rate to achieve lock of the 

symbol timing which is used to synchronize the receive data clock to the transmit data clock. 

Additional two transition bits are included in data to introduce enough transitions in order for 

the timing circuit to continue to stay in lock condition. Some sort of scrambler/descrambler is 

incorporated in many transceivers to ensure that a sufficient density of data transitions occurs 

in the transmitted data to aid in symbol-timing recover at the receiver. Although for such 

systems, additional two bits would not be necessary, the system complexity is increased.  

Thus this technique is not employed in the proposed receiver. 

1 0 1 0

DS1 DS2 DS3 ….

1 0 …. 1 0 1 
0
1 0 1 0

Preamble seq., NL=4 bits

Additional transition bits

Actual data

Data Data ….
 

Figure 6.3-3 Frame structure for multirate transmission. 

6.4. Experimental Results 

A transmitter model of the DDPSK receiver is shown in Figure 6.4-1. The input signal of 

the chip is experimentally generated as shown in this configuration via an arbitrary function 

generator (AWG2021 is used). The data a(t) is  the  binary  data that is differentially encoded  
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Figure 6.4-1 Transmitter model of DDPSK receiver. 

 

      d(t)   :  1 0 1 0  1 0 0 0 1 0 1 1   1 0 1 0 1 0 0 0 1 0 1 1   1 0 1 0 1 0 0 0 1 0 1 1  …

      c(t)   :     0 0 0  0 0 1 1 0 0 0 1   1 0 0 0 0 0 1 1 0 0 0 1   1  0 0 0 0 0 1 ……

       a(t)  :        1 1  1 1 0 1 0 1 1 0    1 0 1 1 1 1 0 1 0 1 1 0   1 0 1 1 1 …

Preamble Seq.

Ttwice before the transmission. At the transmitter site, two differential encoders are employed 

to encode the information twice for the double differential detection receiver to get the bit 

stream d(t). The  a(t) is  actual  information  to  be detected at the out  of  the receiver  chip.  

The red bit patterns repeat consecutively. The reason behind this is to configure the test 

chip’s functionality. The first 4 bits is necessary for synchronization, which is used only at 

the beginning once. In order to observe that the chip functions correctly, we should see the 

repeated bit pattern at the output (i.e. red patterns). Measured results throughout this chapter 

are obtained with respect to these bit patterns. 

The transmitted PSK signal is r(t) = d(t) cos(2πf BIFBt) , where fBIFB is the IF frequency. In 

Figure 6.4-2, a data rate of 100 Kbps is recovered from the input PSK signal. The input 

signal is 1MHz IF signal in where 100 Kbps data is encoded. As can be seen, it includes the 

bit streams d(t) given above. The output in (2) is DPSK while the output in (3) is DDPSK 

detection. 



 113

1 MHz 
PSK

Signal

DPSK
Output

DDPSK
Output

1 0 1 1 1 1 0 1 0 1 1 0

3.  a(t)

2.  c(t)

1.  r(t)

0 1 00 01 1 1 0000 1 111 11 0 1

0 111 0000 0 10 0

 

Figure 6.4-2.  The measured output a(t) and c(t) for a data rate of 100 Kbps.  
 

Recall that the symbol timing circuit recovers the data clock from transition pulses. 

Transition pulses are obtained as in the block diagram given in Figure 6.4-3. The timing 

circuit takes the transition pulses z(k) as input to generate the data clock. The width of the 

transition pulses is equal to the duration of the delay element (τ = 2TBs B = 2/fBs B). One of the 

reasons to select the width of transition pulses as 2TBs B is because some unexpected error 

pulses may appear between two transition pulses due to the effect of Doppler shift on the 

input PSK signal. The largest error pulse is guaranteed to be less than 2TBs B for the worst-case 

Doppler  shift. A  waveform of  the  transition  pulses  for  a random data rate of 100 Kbps is  
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Figure 6.4-3 The circuit that generates transition pulses for the symbol timing circuit. 
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Figure 6.4-4. Transition pulses in time and frequency domain for a random data of 100 Kbps. 

illustrated in Figure 6.4-4.  As can be seen, the distance between two pulses is 10 µs and 

pulse duration is equal to 2TBs B = 0.5µs (Figure 6.4-4(a)). In the frequency domain, the distance 

between two discrete spectral lines is 1/TBb B =100 kHz, as is expected. The data clock 

information is contained in these spectral lines at 1/TBb B. The digital phase-lock loop used in 

the symbol timing circuit behaves as a narrow-band tracking filter and recovers the data 

clock. As can be noticed, since the output clock is recovered from narrow-band filter, the 

contribution of white Gaussian noise is significantly smaller than that of the continuous 

spectrum of Y(f). 

 The measured waveforms in Figure 6.4-5 show the detected 100 Kbps data with its 

recovered 100 KHz clock.  The graph in (2) is transition pulses obtained from the input 

signal r(t)( r(t) = d(t) cos(wBIFBt)). It can be noticed that the output clock is still a proper clock 

despite the fact that no transition may occur sometimes during a transmission of random 

information. Here, the output is selected for the DDPSK detection. 

As explained in the previous sections, the receiver utilizes non-coherent technique and 

synchronizations for  the  carrier  frequency  and  phase  are not needed due to employing the  
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Figure 6.4-5. Recovered data and the clock for 100 Kbps. 

 
auto-correlation demodulation. In most demodulators, the baseband includes a reference 

oscillator in order to down convert the incoming signal to the baseband. In such cases, the 

local oscillator has to be synchronized with the Doppler effected received signal. Apart from 

increasing the complexity, any drift from the local oscillator’s frequency makes the detection 

difficult. In this receiver circuit, the demodulation is relatively insensitive to Doppler 

corrupted received signal by using the auto-correlation demodulation with two stage 

differential detection. In order to test this, a frequency offset is added to the input 1 MHz 

signal in the measurement result in Figure 6.4-6. Figure 6.4-6(3) is a 1 MHz PSK signal in 

which a data of 100 Kbps is modulated. It includes a frequency offset ∆f =10 KHz (i.e. fBi B ±B B∆f 

= 1 MHz  ± 10 KHz), which is the highest Doppler rate expected in deep space communi-

cations. As seen from Figure 6.4-6(2), the pulses smaller than 2TBs B resulted from random 

frequency offsets due to Doppler. They will be eliminated at the output of the Prefilter in the 

timing circuit. The largest width among error pulses resulted from Doppler Effect is less than 

the duration of the transition pulses of 2TBs B. That is why the transition pulses are configured 

(to have duration of 2TBs B) such that they will have wider duration than error pulses. As such, 

none of transition pulses would be lost since they are very important for the symbol timing 

synchronization. 



Recovered data
clock(100 KHz)

      1          1          1           0         1          0            1        1           0

Noisy transition 
 pulses z(k)

Doppler affected
input PSK
signal

Output data = a(t)
(DDPSK output)

       1              0         0          0             1           0            1         1         1           0    

 
Figure 6.4-6. Output of the chip for a PSK input signal where the input signal includes a Doppler shift of 10 
kHz, 3): input PSK signal, 2): transition pulses with error pulses resulted from Doppler frequency shift, 1): the 
recovered clock, 4): output data. 

 

 
Figure 6.4-7. Output clocks when the input signal includes different data rates. 

 

 116



 117

As indicated previously, the receiver is capable of recovering symbol-timing clock for 

different data rates. It can easily track a data changing from a low rate to a high rate or a high 

rate to a low rate. This is illustrated in Figure 6.4-7. The measured results in Figure 6.4-7 

show two different output clocks generated from a 1 MHz PSK signal in which data 

sequence of 100 Kbps and 10 Kbps modulated. Transition pulses appear every 10 µs for data 

rate of 100 kbps and every 100 µs for data rate of 10 kbps, respectively. As clearly seen, the 

output is a neat 100 KHz clock or 10 KHz clock (Figure 6.4-7(2)). 

In Figure 6.4-8, another measurement result is depicted when the input signal encoded 

with different data rates. In this measurement, we can see how fast the receiver is 

synchronized. The higher data transmission as indicated in the transition pulses includes the 

data sequence of “1010101”.  The receiver circuit begins to recover the data clock after 3 or 4 

bits. 

 
Figure 6.4-8. Another measured different data clocks, 1) the output clock, 2) transition pulses. 

  

The waveform shown in Figure 6.4-9 is a recovered clock for a data sequence of 10 Kbps. 

As can be seen from transition pulses in Figure 6.4-9(2), the input signal is a random data, 

and the circuit is synchronized in phase within 3 or 4 bits. After synchronization, the output 

clock is still a proper clock despite the fact that no transition may occur sometimes during 

random information. When there is no transition for a period of time, the clock includes jitter 



which is expected. Once the circuit receives transition pulses it starts to resynchronize. This 

jitter is reduced in the system by inserting two alternating bits (10 or 01) into the information 

packet during the transmission. 

 
Figure 6.4-9. 10KHz clock generation from a 1 MHz PSK input signal wherein 10 Kbps data is modulated. 

 
Figure 6.4-10.  Jitter performance of the timing clock. 
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The worst-case observed timing offset for all data rates is less than 1/10 of the symbol 

period of the highest bit rate 100 Kbps (i.e ∆T =1 µs), which was our initial goal. The 

measured jitter (which is usually caused by the bandwidth of the digital PLL in the timing 

circuit) is approximately 84 ps, as shown in Figure 6.4-10. This jitter will have no effect on 

the communication system since the data rates are small enough. A graph showing recovered 

data and clock for data of 1 kbps is depicted in Figure 6.4-11. In this measurement, the 

transmission pulses for the received input signal could not be displayed because the duration 

of those transitions are very small comparing to data rate of 1 kbps. Oscilloscopes used did 

not have enough resolution to show a pulse with the width of 0.5 µs in a 1ms division.   

 
Figure 6.4-11. Data and clock for 1 kbps information; recovered clock (1), and the corresponding output 
data(4). 

In Figure 6.4-12, we give a test result showing that the baseband can work with 

subsampling front-end. The input is a 15 MHz PSK signal, which includes 100 Kbps data 

information. The graph (2) is 4 MHz sampling clock. The output of the chip is given in 

Figure 6.4-12(1). Here DPSK detection mode with IF-subsampling front-end is considered. 

As shown, the input data aBnB(t) is “ 1  1  1  0  1  0  0  0  1 0”. Since the receiver includes 

differential detector, for the output of DPSK  cBn B(t) = aBn B(t)⊕aBn-1 B(t) = .. 0 1 1 0  0  0 1 1 0 0… is 

expected.  
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Figure 6.4-12. Data detection using subsampling, (1) detected DPSK data, (2) sampling clock, 4MHz, (3) the 
input signal of 15 MHz. 

 

6.5. Measured Power Consumption  
        (Baseband+1-bit A/D) 
 

The implemented DSP part of the receiver consumes a power that is dramatically low (the 

target of the receiver.). The feasibility of a PSK receiver operating at a very low supply 

voltage has been presented in this section. To explore the benefit of the SOI process for the 

purpose of low power, we operate the DSP section of the receiver with a VDD as low as    

1.1 V.  The power consumption was measured to be 96 µW at 1.1 V and 3.44 mW at 3V 

(Figure 6.5-1), which are for the highest bit rate of 100 Kbps. The measurements of power 

consumption for data rates of 0.1 Kbps, 1Kbs and 100 Kbps are illustrated in Figure 6.5-2. 

The power consumption remains almost constant for all data rates. This is because of the fact 

that increased power consumption for higher data rates is compensated by reduced 

complexity and thus reduced power consumption in decimators and symbol timing recovery 

circuits. The receiver baseband includes more than 15,000 gates and consumes a power of 

about 1 mW including the analog part at the nominal supply voltages. 
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Figure 6.5-1.  Power consumption at different supply voltages for the DSP part, a)measured power values, b) 
waveform that shows the chip operates with a VDD of 1.1 V. 
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Figure 6.5-2.  Power consumption activity for different data rates at different supply voltages. 

 

 



 122

6.6. Conclusion 

A very low power PSK demodulator developed in 0.35 µm PD-SOI CMOS process is 

designed and fabricated. The demodulator includes the 1-bit ADC and the digital baseband. 

Important features of the receiver are one bit processing and the support multiple data rates, 

targeting deep-space and satellite applications. Multirate channel detection is achieved by 

using digital down conversion via decimators. The resultant demodulator is highly flexible 

and can be employed to other wireless applications with some modifications. The test chip is 

measured using the input analog frequencies 1MHz and 15 MHz with the sampling 

frequency equal to 4 MHz. The hardware design exhibits a good example of low-power 

operation by incorporating a number of unique features while still meeting the system level 

constraints. The hardware characteristics of the demodulator are summarized in Table 6.1. 

 

TABLE 6.1 KEY CIRCUIT CHARACTERISTICS 

Technology 0.35-µSOI CMOS 
Core Area 2.2X2.0 mmP

2
P
 

Die Area 2.77X2.4 mmP

2
P
 

Inputs/Outputs 26 
Transistor Count 15,000 
Power Supply 1.1-3.3V 
Power Consumption 90 µW (digital section)@ 1.1V 

800 µW (analog section)@ 2.5V 
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Chapter VII 
 

Conclusions  

 

7.1. Summary of Contributions  
The research introduced in this dissertation provides some new receiver architectures for 

different applications. However the main contribution is the design and implementation of a 

differential based PSK demodulator for satellite and space applications. 

The summary of the contributions is as follows: 

(1)  Introduce a low power receiver for deep-space applications.  

• The receiver is robust to Doppler with the use of two stage differential detection. 

• Significant power, size and cost reduction with circuit techniques. 

• Unlike conventional space communications that use fixed bit rate, this receiver is 

designed for multiple bit rates. 

(2) System design of low-power and almost-all digital double differential PSK (DDPSK) 

receiver has been studied in detail (Chapter IV).  

• We have derived equations for bit-error-rate (BER) performance of the receiver 

and the symbol timing error. Moreover, we have addressed the effects of non-ideal 

transmission conditions in a space application including carrier offset due to 

Doppler, timing offset, sampling clock offset and phase error. 

• Deep space scenario such as link budget, SNR requirement, the system sensitivity 

and dynamic range has been analyzed. 

• The receiver baseband is mainly designed to support two sampling front-ends; 

subsampling and IF-subsampling, thereby can be used in a wide variety of wireless 

communication systems. 
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• 1-bit A/D converter is used to reduce circuit complexity and capacitance.  

• Besides being radiation-hardened process, SOI CMOS technology is employed to 

potentially reduce the operational voltage and capacitance. 

(3) Circuit design and VLSI implementation of the differential-based PSK demodulator in 

0.35 µm SOI CMOS (Chapter VI). 

 

(4)  Design and fabricate circuits in SOI technology. 

• SOI Honeywell process was relatively a new process comparing to standard bulk 

CMOS. It is believed that SOI technology will be one of the major technologies for 

transceiver designs. 

(5) Detailed design and implementation of a multirate subsampling front-end (Chapter II). 

(6) Introducing some ultra-low power PSK receiver architectures using 1-bit ADC. (Chapter 

II). 

• Key feature in these architectures is the use of 1-bit ADC. After 1-b ADC, the rest of 

system can be realized in digital domain with very low-power consumption. 

Significant reduction in the complexity is achieved in these architectures. The 

demodulator presented in chapter IV is one of types of those architectures. 

(7) New front-end architectures for multi-standard multiband software radios (Chapter II.) 

• The concept of software-defined radio (SDR) is an emerging technology for next 

generation receiver architectures. The original idea in SDR is to place the ADC right 

after the antenna. All of the filtering will be done digitally on-chip and perhaps the 

RF passive filter will be the only necessary off-chip component. The digitizing of the 

received signal will be achieved with a high performance and wide band ADC. The 

signal dynamic range as well as the number and power of the interferers determine 

the performance of an ADC. High performance ADCs dissipates more power. 

Therefore, the wide dynamic range requirement and high power consumption make it 

difficult and unfeasible at present to employ a Nyquist-rate ADC. 
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• Incorporating subsampling technique in next generation wideband radios can alleviate 

the performance limitation of ADC’s. This approach will not only relax the ADC 

requirement but also eliminate some of analog down conversion stages. Therefore, 

the proposed architectures are based on subsampling front-ends. In addition, the final 

down-conversions and channel selections are performed in the digital domain in those 

architectures after a wide-band low-noise amplifier (LNA) and a wide-band ADC. 

Analog down-conversions are avoided because of their complex and power-hungry 

structures. Channel selection is achieved using digital Comb filter as decimation filter 

stages. Unlike traditional front-ends, the necessary down conversion are done 

digitally by using digital down-conversions (DDCs).  

7.2. Future Work 

The receiver is mainly designed for low power and tolerates large Doppler shifts. The key 

features of the proposed architecture are 1-bit data processing, subsampling and auto-

correlated differential detection. Although the receiver focuses on the design and 

implementation of a PSK receiver for space applications, the low-power implementation 

methods presented can be applicable to all other digital receivers with little modification. The 

1-bit ADC front-end is ideally suited for deep space communications-the target application 

due to the absence of adjacent channel interference. Using the 1-bit A/D requires less 

dynamic range than multibit A/D converters which makes it more atractive from practical 

view. Even though the receiver can be used with multi-bit A/D converters, we are mainly 

interested in 1-bit A/D converter front-end for the reason that a hard-limiter (or 1-bit A/D 

converter) is a part of many satellite transponders for power optimization. However, for 

terrestrial applications multiple bits ADC might be preferable with the price of higher cost 

due to the large number of interferers that might affect the performance of the receiver. 

The data in the proposed receiver is encoded using non-return to zero (NRZ). The data 

signal could be transmitted with a non-NRZ coding such as Manchester encoding to 

eliminate the need for additional two bits included in the data frame to provide enough 

transitions for synchronization. However, the jitter on the recovered clock in other data 

encoding schemes may increase the system bit-error rate. Therefore, NRZ coding is better 



choice when considering overall performance of the system. There is tread off between low 

power and system performance. Also, the receiver can be integrated with an error coding 

modulation scheme to reduce the bit error rate. Nevertheless, it will increase the receiver 

complexity and thus power consumption. 

Although we have shown the feasibility of subsampling front-end, the preceding 

components before the ADC should be constructed to see overall subsampling receiver 

performance. Subsampling front-end is difficult to design for long distance applications such 

as satellite applications due to the required high gain before the ADC. A high gain 

amplification stage (LNA) is required at high carrier frequencies. Nevertheless, subsampling 

is very suitable and can easily be implemented for short-range communications where the 

required gain does not need to be high. Therefore, in the implementation of the proposed 

PSK receiver, IF-sampling and IF-subsampling front-ends are considered. 
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