Abstract

DING, MIAOFU. Highly Linear and Efficient Radio Frequency Power Amplifiers with a
New Circuit Synthesis Technique. (Under the direction of Dr. Kevin Gard and Dr. Michael
Steer).

Power amplifiers and other large-signal circuits are known to suffer from inherent
transistor nonlinearities in linearity and power efficiency performance. In a cost-driven
product, such as a cellular handset, system-level techniques are not desirable to address
these issues due to added expense and complexity. Therefore, circuit-level techniques have
been the main research focus to combat amplifier distortions. However, in previous circuit-
level techniques, performances are bounded fundamentally to inherent transistor characte-
ristics, making them still dependent on transistor technology. As a result, present-day li-
near amplifiers, especially cellular radio frequency (RF) power amplifiers (PAs), are manu-
factured with linear but expensive technologies such as GaAs rather than nonlinear but
low-cost technologies such as CMOS.

To realize true linearity independent of the transistor technology and to tailor
cost without performance loss, circuit-level synthesis approach is proposed. This includes
the conception of a new circuit synthesis technique, development of its comprehensive-
theories and algorithms, and circuit demonstration of the unique abilities and characteris-
tics crucial to overcome amplifier/circuit nonlinearities.

Circuit prototypes are also designed and fabricated according to the new circuit
synthesis technique. These include an amplifier with arbitrary current-voltage transfer
characteristics, a highly linear and efficient 900 MHz Class AB CMOS RF PA, and a non-
linear capacitor network with arbitrary capacitor-voltage characteristics. Measured results
show not only flexible circuit characteristics independent on the transistor technology but
also unprecedented performance in linearity and dynamic range when configured as linear
amplifiers/circuits, demonstrating the effectiveness of the circuit synthesis technique. Fur-
thermore, the CMOS RF PA prototype shows state-of-the-art linearity performance com-
fortably meeting and exceeding the toughest industrial standards (=40 dBc for WCDMA
adjacent channel power ratio (ACPR1)) while maintaining at least 38.5% peak power add-
ed efficiency (PAE) at an output power of 24 dBm. At an output power of 24.91 dBm this



prototype still complies with the 3GPP specifications (—33 dBc for WCDMA ACPRI1) for
an unprecedented PAE of 41.6%. Excellent average PAE is also expected since the proto-
type consumes a quiescent current of only 24.2 mA. These are the best performances ever
reported for CMOS RF PAs and it is virtually equivalent to that of a state-of-the-art
commercial III-V counterpart, showing the feasibility of migrating CMOS to GaAs with-
out the anticipated loss of performance.

In addition to the above circuits, the new circuit synthesis technique is broadly
applicable to other analog/RF circuits including op-amps, analog filters, mixers, analog-to-
digital converters, digital-to-analog converters, analog signal processing, circuits pre-, post-

or parallel distorters for RF PAs, low noise amplifiers, and voltage controlled oscillators.
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Chapter 1

Introduction

1.1 The Global Market

The semiconductor industry has a unique and substantial role in the economy of
many countries. Propelled by surges in market demand, global semiconductor revenue has
enjoyed a spectacular growth in the last six decades. It is expected that the semiconductor
industry will expand steadily in the years to come. Figure 1.1 shows the global revenue for
the semiconductor since 2004 and predicts the total revenues to reach more than USD 350
billion in 2014 (according to iSuppli).

Arguably, such substantial growth now is due primarily to the demand for com-
munication technologies, especially mobile communication technologies, since the late
1990s. Figure 1.2 plots the worldwide mobile communications market; one that is forecast
to reach more than USD 300 billion, nearly 90% of the semiconductor revenue during the
period. Within this market, as indicated in Figure 1.2, more than two-thirds is for handset
business, which has been predicted to equal a total exceeding USD 200 billion in year 2013.
The size and growth of this market is no accident, and is propelled by not only evolving
communications systems but also emerging markets such as China and India [1, 2]. To
appreciate this matter, Figure 1.3 shows the total handset units sold worldwide since 2008
and the predicted sales beyond 2010. Clearly, just over 20% of the global population is

predicted to spend more than $100 [US] on new mobile phones annually in years to come.
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Figure 1.1 Global semiconductor revenue. Source: iSuppli Corp, 2010".

These figures provoke one's interest to examine the necessary components in de-
tail. Figure 1.4 shows a popular cellular handset, the iPhone 3GS by Apple Inc. (left) and
its PCB (right) identifying major semiconductor chips/modules fulfilling its function. Es-
pecially of interest in this dissertation are the radio frequency (RF) power amplifier (PA)
chips, an example of which can be found in Figure 1.4. Figure 1.5 illustrates the micro-
graphs of a commercial RF PA module and typical RF PA packages accommodating the
module. Present-day handsets now frequently contain more than two RF PA modules and
the trend is toward supporting multi-band multi-mode [3] operation to cater to ever-

increasing functionality needs.

! iSuppli Corporation is a global leader in technology value chain research and advisory service. Corporation
website: http://www.isuppli.com/Pages/Home.aspx.
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Figure 1.5 Micrograph of a state-of-the-art multi-band /multimode RF PA module [4] and
their typical packages.



1.2 Technology Demands and Constrains

A great market forecast is always accompanied with more technological challenges;
this is particularly true for handset RF PAs as well as for other linear amplifiers. These
challenges can be appreciated by the evolution of mobile communications systems as pic-
torially illustrated in Figure 1.6. As can be seen, current and future wireless communica-
tions systems demand more bandwidth and have formidable signal peak to average ratios
(PARs) due to high order modulation and multicarrier techniques, the adoption of which
is due to increasing service data rate and functionality demands. These technological de-
mands will push the boundary of RF PA electrical performance further, requiring a great-

er number of design innovations to improve performances for present and future RF PAs.
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Figure 1.6 Evolution and ongoing plans of wireless communications systems.

Increasing electrical performance is critical to ensuring market competiveness. Fu-
ture PA solutions, especially handset PAs, need to be lower in cost and smaller in size,

both of which, unfortunately, result in lower electrical performance. To tailor cost, some



researchers propose migrating from high-performance but expensive technologies to low-
performance but cost-advantageous alternatives. Figure 1.7 presents an overview of the
potential choices of the technologies currently available. Indeed, migrating from the mar-
ket-dominant GaAs PA technologies, which are high-performance but expensive, to low-
cost solutions such as Si Bipolar or CMOS seems to be a natural choice to cut manufac-
turing costs significantly. In fact, as shown in Table 1.1 [3], the International Technology
Roadmap for Semiconductors (ITRS) has projected the cost/mm® of CMOS to be nearly
half of that of GaAs HBT or Si Bipolar.

70
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Figure 1.7 Overview of available RF PA technologies [5].

Table 1.1 Handset RF PA foundry cost per unit area as of 2011 [3]

CMOS Si Bipolar GaAs HBT

Cost (U.S. $/mm?) 0.06 0.11 0.14

Among the above choices, perhaps the most heated on-going debate is the choice
between GaAs HBT RF PAs and CMOS RF PAs. This is ascribed to the very low cost of

the CMOS process, as indicated in Table 1.1, and its much worse electrical performances



compared to GaAs HBT. The merits pertinent to handset RF PAs for these two technolo-
gies are compared in Figure 1.8 to illustrate the reluctance in shifting the use of GaAs RF
PAs to use of CMOS instead. Indeed, on one hand, the risk of this shift seems to be a
total loss of performance despite its plausible cost advantages. However, on the other hand,
the reward is a gain in market due to lower cost if performance is somehow retained

through innovations.

GaAs CMOS

Linearity ﬁ {ﬁ? & Linearity
Efficiency ﬁ {'::j( & Efficiency
Breakdown voltages ﬁ {ﬁ% Ei} Breakdown voltages
A
Thermal {:3 g:\\ Thermal
Cost ﬁ E Cost

© Miaofu Ding
Figure 1.8 Comparison of advantages and disadvantages of GaAs and CMOS technologies.

1.3 What Makes it so Good/Bad?

In linear amplifier circuits, especially for current and future handset RF PAs, the
foremost functionality is arguably linearity and efficiency and often the later is compro-
mised to meet the stringent requirement for the former. Although other factors such as
device breakdown voltages and speed also affect performance, the ultimate constraint is

the linearity of the amplifier. This situation has traditionally been the ‘law’ of design for



conventional linear amplifiers as delineated in Figure 1.9. As can be seen, amplifier lineari-

ty requirement ultimately determines the cost.

Device <

> Demand

Reso-
lution

_

Figure 1.9 The device constrains for conventional linear amplifiers.

As transistor characteristics ultimately dictate amplifier linearity, it seems to be
natural to improve transistor linearity as transistor technologies evolve. However, due to
fundamental constraints of physics, engineering the device linearity characteristics, namely
the current-voltage (IV) transfer characteristics (TCs) and the capacitor-voltage (CV)
characteristics (CVCs), has been a difficult task for device engineers over the past six dec-
ades. In fact, the IV TC remains similar to that shown in Figure 1.10 despite more than
six decades of transistor evolution. On the other hand, it is well known that amplifier li-
nearity performance is intimately related to the minute details of the transistor IV TC
shape (and the CVC shapes). Therefore, amplifiers using inherently linear transistors, such
as GaAs HBTs, behave more satisfactorily than those with poor transistors, such as
CMOS. For these reasons and others, handset linear RF PAs have been historically domi-
nated by GaAs technologies.
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Figure 1.10 Typical hitherto transistor IV TC.

1.4 Previous Remedies

There have been many attempts to address the linearity issue of transistors as
amplifiers. One way to deal with this is to pre-process the amplifier input signal in such a
way as to compensate for the distortions due to the nonlinearities of the transistor, there-
by achieving required linearity. Despite the excellent results reported by many previous
works, this technique requires additional hardware (such as for digital signal processing)
and therefore not only typically consumes substantial additional power [6-8], reducing the
overall efficiency, but also escalates the amplifier design to the system level [9-17]. More
plausible treatments seem to be at the circuit level and these remedies have also been re-
ported by many investigators [18-28]. While these attempts are well justified by their cost
advantages, performance is ultimately limited by transistor linearity, making it not only
difficult to satisfy stringent linearity demands, but also the design effort is non-portable
with respect to technology. As a result, efficiency needs to be trade off with the linearity

to meet linearity specifications.
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1.5 The Motivations

The aforementioned ever-increasing demands for performance and cost as well as
the lack of low cost but effective solutions for RF amplifiers (especially CMOS handset
linear RF PAs), has been the primary motivation for the development here of innovative
solutions to address current and future challenges.

Over the course of the research described here, the author has been frustrated by
the ‘inevitable’ dependence of the amplifier’s linearity of the inherent nonlinearities of
transistor technologies upon which the amplifiers are built. This work is therefore further
motivated by immense curiosity and great desire to ‘de-correlate’ this dependence, making
a linear amplifier independent of the inherent nonlinearities of the transistors essential to
the amplifier. The aim then is to develop a circuit synthesis approach to compensating for
the inherent transistor nonlinearity. The synthesis technique could then enable the con-
struction of RF PAs and other analog or RF circuits (e.g., LNAs, mixers, op-amps) inde-

pendent on transistor nonlinearities.

1.6 This Research Work

1.6.1 Originality

This work provides a new synthesis approach to the treatment of amplifier nonli-
nearities that confront linear amplifiers, particularly RF PAs. This new approach is based
on innovative circuit synthesis techniques capable of combating both the AM-AM and
AM-PM nonlinearities that exist in RF linear amplifiers. Although primitive circuit syn-
thesis techniques for analog circuits are known [29-32], little is known about their ability
to RF PAs. One of the innovations of this work is to introduce circuit-level synthesis tech-
niques to the treatment of linear RF amplifier distortions. Furthermore, unlike the one-
dimensional (1D) and primitive circuit synthesis techniques previously reported for analog
circuits, this circuit technique can be two-dimensional (2D) in that it can be used with
both AM-AM and AM-PM distortions. That is, the 2D circuit synthesis technique simul-
taneously address in-phase and quadrature distortion components. Moreover, because of

the synthesis nature of the technique reported in this dissertation, other electrical perfor-
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mance metrics, such as efficiency, can also be ‘de-embedded’ from the trade-offs with li-
nearity, thereby achieving a very linear and efficient solution with a wide dynamic range.
This work also includes the proposal and development of novel circuit implemen-
tations, coined the Tanh Cascode Cell (TCC) and the Nonlinear Capacitor Network
(NCN), to realize the 2D circuit synthesis technique. The world's first prototypes of these
two new circuits have been conceptualized, designed and simulated, fabricated, and meas-
ured in this research. This work further includes the invention, design, fabrication, and
measurement of the world's first prototype of a highly linear CMOS RF PA based on the

new circuit synthesis techniques and the two aforementioned circuit implementations.

1.6.2 Values

In this dissertation a state-of-the-art CMOS RF PA comfortably meeting and ex-
ceeding the specifications for WCDMA (and other less demanding) cellular standards is
demonstrated. Measurements show record-breaking results benchmarking previously re-
ported CMOS RF PAs in both linearity and efficiency. These results are also very compet-
itive to PAs realized in GaAs. Thus, a strong case has been made that low-cost technolo-
gies such as CMOS can indeed be competitive in performance with more expensive I1I-V
counterparts. Consequently, better business opportunities are offered to tailor cost without
loss of anticipated performance. Also, because of its ability to configure flexible cir-
cuit/amplifier characteristics the technique achieves linearity without compromising the
efficiency. This is different from conventional designs where efficiency needs to be com-
promised to achieve the desired linearity.

The new technique is also of great academic interest. It fundamentally addresses,
at the circuit level, the issue of the inevitable dependence of transistor nonlinearities on
amplifier nonlinearities governing the design of traditional linear amplifiers. It shows the
transistor nonlinearities need not be, as anticipated, the limiting factor in realizing linear
circuits. In fact, it is shown that the nonlinearities of transistors can be utilized in lineariz-
ing circuit performances. Thanks to the unique flexibilities offered by the circuit synthesis
techniques developed here, achievable linearity of the CMOS RF PA is now excellent not
only in distortion levels but also in dynamic range, both of which are, in principle, unre-

stricted by the transistor nonlinearities. Moreover, it is shown that both AM-AM and
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AM-PM distortions in CMOS RF PAs can be managed simultaneously (or independently
if desired).

This work also expands the knowledge of circuit synthesis not only by creating a
new class of circuit synthesis suitable for single-end (or differential) topologies but also
inventing circuit implementations of these techniques. All of these are of great academic
and practical interest. The principle merits of the design technologies are : the techniques
are low-power in nature due to its single-ended topology; the techniques are single-ended
in topology but extension to differential topology is straightforward; the techniques are
capable of treating simultaneously AM-AM and AM-PM distortions when used together;
the techniques also offer opportunities to treat resistive nonlinearities and capacitive non-
linearities individually with separable circuit implementations.

Finally, although CMOS prototypes are demonstrated, these new concepts and
implementations can be easily applicable to other processes technologies such as LDMOS,
MESFET, HEMT, and even BJT, expanding its spectrum of usefulness. Furthermore, in
addition to RF PAs, a wider spectrum of analog/RF circuits (e.g., mixers, LNAs, and op-
amps) can potentially benefit from the new concepts, new circuits, and new techniques in
this research work, making this work valuable beyond CMOS and RF PAs. Owning to the
tunabilities, these techniques can also offers opportunities for analog/RF circuits to cor-

rect circuit performances against circuit parameter variations such as temperature and

aging.
1.6.3 Contributions

Publications
¢ Current - M. Ding and K. Gard, "Tanh cascode cell amplifier-an arbitrary transfer
characteristics amplifier," Electron. Lett., vol. 46, no. 22, pp. 1495-1497, 2010.
e To be submitted - M. Ding, K. Gard and M. Steer, "Highly linear and efficient
CMOS RF power amplifier based on a new circuit synthesis technique," IEEFE J.
Solid-State Circuits

Patent Disclosure

e M. Ding and K. Gard, "An arbitrary characteristics amplifier," disclosed to OTT,
NCSU, 2010
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Chapter 2

Power Amplifier Characterizations

Linearity and power efficiency are two crucial parameters identifying the perfor-
mance of large signal amplifiers, especially RF PAs. It is therefore necessary to character-
ize and quantify these two parameters. The main objectives of this chapter are to present
an overview of the basic characterization techniques and nomenclature of nonlinear circuit
linearity and efficiency. Although this chapter is written generally in the perspective of
power amplifiers, many of the fundamental concepts are applicable to other large signal

amplifiers and other nonlinear circuits.

2.1 Linearity

2.1.1 Single-Tone Test

The ability of a nonlinear system to generate additional frequency components as
well as altering the linear relationship between the desirable input and output components
is one of the signature features of a power amplifier (compared to a linear amplifier). To
characterize and quantify this, we can apply a single sinusoidal (single-tone) to the input
and observe the harmonics and fundamental profile at the output. This is called the sin-

gle-tone test.
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U; Vo

Nonlinear
A COS(Wt) : Circuit

Figure 2.1 A generic nonlinear circuit with single-tone stimulus.

Under the single-tone test, the nonlinearities of a circuit are generally manifested
as the ability to create harmonics and alter fundamentals. These are usually quantified by
a logarithmic plot of the input and output (power in dBm), such as the one shown in Fig-

ure 2.2, for the fundamental and harmonics.
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Figure 2.2 Typical dB-dB input output characteristic with single-tone stimulus.

Notice that in Figure 2.2 the slope of the fundamental ultimately decreases as the
input power increases, indicating a nonlinear relationship between the input and output
magnitude under large signal operation. The decrease of the slope is sometimes referred to
as gain compression. Similarly, the slope of the fundamental can also increase; this is
called gain expansion. Regardless of gain compression or expansion, the gain of a practical
nonlinear circuit will eventually (as input power increases) be limited by various inherent
nonlinear mechanisms. Beyond a certain output power level the gain will fall 1 dB below

its small signal linear prediction. This output power level is defined as the output 1 dB
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compression point (P4 or sometimes Py, to distinguish from the input level where 1 dB
compression occurs). P,,; is customary a key point to distinguish if the nonlinear circuit is
operated under a weakly (mildly) or strongly nonlinear regime. Many other nonlinear cir-
cuit metrics are also defined at the 1 dB compression point (for example the instantaneous

efficiency).

2.1.2 Total Harmonic Distortion

In many analog circuits, second-, third-, and higher-order harmonics could typi-
cally contribute to a significant portion of the total output distortion. This is because in
these circuits, the harmonics are typically indistinguishable from the desirable signal and
cannot be filtered out. Therefore low harmonic distortion is desirable in these analog cir-
cuits. To quantify the harmonic distortions in these circuits, the so-called total harmonic

distortion (THD) figure can be used:

Zall harmonic powers P, + P, +P -+ P
THD = = =

, (2.1)

fundamental power P,

where P, (n>2) is the n-th harmonic at the output and P, is the fundamental power.

2.1.3 Two-Tone and Intermodulation Distortion

For narrow-band nonlinear circuits such as RF PAs and RF LNAs, some form of
band-limitation mechanism exists and this can be modeled by a bandpass filter (BPF)
following the nonlinear circuit as depicted in Figure 2.3. As can be seen, all of the har-
monics (including the second harmonic) are typically filtered out by an inherent band-pass
feature of the circuit. In these circuits the single-tone test and the THD may not be a
useful figure to quantify the linearity. In fact, the actual signals presented to the input of
the circuits are typically modulated RF signals that are far more complicated than a sin-

gle sinusoidal.
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Figure 2.3 Conceptual model for band-limited nonlinear circuits.

With complicated stimulus we will see that in addition to the frequency components that
can be filtered out by the BPF, the output of these nonlinear circuits also contains com-
ponents that are difficult to filter out. Therefore, to better characterize the output of these
circuits, two-tone excitations, where two sinusoids with comparable frequencies, are em-
ployed. Under two-tone stimulus (with radio frequencies w, and w,), if additional compo-
nents such as 2w,-w, and 2w,w, are generated they will act as unwanted interferences to
other system/users that are using the channel adjacent to w, and w,. We call components
like these intermodulation products. In particular, the components 2w;-w, and 2w,-w, are
called the third-order intermodulation products (IMD3) and IMD3 (and IMD5, IMD?7, etc)
plots such as that in Figure 2.4. are used to characterize the ability of a nonlinear circuit

to generate inband distortions that cannot be filtered out.
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Figure 2.4 Typical nonlinear circuit characteristics with tow-tone stimulus.
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2.1.4 Adjacent/Alternative Channel Power Ratio

Real digital modulation signals, such as multi-carry OFDM signals, are far more
complicated than a two-tone excitation. So even two-tone tests are sometimes insufficient
to characterize RF PA behavior for these signals. This is particularly prominent when the
PA is driven into strongly nonlinear regime as the strong nonlinearities of the PA tend to
contaminate the spectrum with more significant IMDs around the carrier. This requires a
different characterization method known as adjacent (alternative) channel power ratio
(ACPR). ACPR is defined commonly as the ratio of the total power in the adja-
cent/alternative channel to the total power in the desired channel. Figure 2.5 depicts the

definition of ACPR, which directly leads to the following expression:

[ s(r)a

ACPR=—"2 (2:2)
P a
Ifo—BW/2 5
S(f)
A
Adjacent Adjacent
channel channel

Bt

\

- » —» =« AB

Figure 2.5 Definition of ACPR.

ACPR is one of the key specifications of a cellular handset and base station

transmitter design because it conveniently quantifies the undesired interference of a mobile
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station or handset with another station or mobile unit. It can be measured relatively easi-

ly in practice with suitable equipment such as a modern spectrum analyzer.

2.1.5 AM-AM and AM-PM

Simple Taylor series expansion analysis has already demonstrated that the nonli-
near circuit exhibits gain compression or, sometimes, gain expansion. This phenomenon is
more formally referred to as the amplitude to amplitude (AM-AM) conversion. For a more
realistic nonlinear circuit there are energy storage elements such as capacitors and induc-
tors, ‘phase lagging’ electro-thermal effects etc. These elements potentially result in phase
deviations associated with the current and voltages that are power dependent. This phe-
nomenon is called amplitude to phase (AM-PM) conversion. Notice that even if the energy
storage elements are linear there could still be AM-PM conversion if there are other nonli-
nearities in the circuit. AM-AM and AM-PM are yet two other ways to quantify the non-
linearities of the circuits. AM-AM conversion are typically shown on a gain-input power
logarithmic plot and the AM-PM conversion are typically shown on a phase (degree) -

input power plot.

2.2 Taylor Series

One of the oldest but still useful methods to model the transfer characteristic of a
nonlinear device or system is the well-known Taylor series (sometimes referred to as power
series) expansion technique. In this technique, the output, say i, can be modeled as a
power series polynomial expansion of the input, say v,, about some bias v,, as in the fol-

lowing:
i(v,)=au, + (1221? + a3fu5’ 4+ (2.3)

where the coefficient q, are given by Taylor’s theory as
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Typically, the higher-degree coefficients in the Taylor series tend to be smaller than the
lower degree ones. So small input swings, components resulting from higher-degree terms
are much smaller in magnitude than those from lower-degree terms. Therefore, the nonli-
near circuit can be modeled with only a few polynomial terms. For a larger input swing,
the number of terms in the polynomial generally must increase in order to model accurate-
ly, but in practice it is restricted because of the circuit analysis complexity. Despite this
limitation the usefulness of the Taylor series can be understood by the following practical
example. Assuming that the MOSFET drain current i,(v,) can be modeled by the trun-
cated Taylor series of the gate voltage, v,, as follows

o 2 3
iy = 00, +a,v) +azv, (2.5)

we can then find the output response with a single-tone test signal
v, = Acos(wt). (2.6)

Substituting (2.6) into (2.5) and after some trigonometric manipulation, we find the over-

all drain current to be
ig(t) = éagA2 + (A + % asA%) cos(wt) + % as A? cos(2wt) + iagA?’ cos(3wt). (2.7)

This result indicates that in addition to the fundamental radian frequency wt, there are
also DC, second-order and third-order harmonics present in the drain current. These ‘ex-
tra’ frequency components are expected from any nonlinear characteristic in general. We
also note that the linear response (the fundamental frequency) now has an extra term of
%a,A* and this extra term originates from the third-degree term, with coefficient a,, of the
model. If a; has an opposite sign from a,, then the total amplitude of the fundamental will
be reduced as the amplitude of the input increases. This corroborates with our earlier dis-
cussions of gain compression. Also, note that the cubic factor, A%, for the third-order har-
monic is responsible for a slope of 3:1 for the input-output power plotted on a dB scale.
Yet another observation is that a lower-degree term will not affect the higher or-
der harmonic components (e.g., the third harmonic term cos(3wt), is not affected by the

linear terms or the second-degree term), but the higher-degree term can affect lower-order
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harmonics or the fundamental (e.g. the third degree term has an impact on the fundamen-
tal frequency component).
Even more insight can be gained by applying a two-tone test to our simple Taylor

series model. To do so, assume the following two-tone input to the gate:
v, = Acos(wit) + Acos(wst) , (2.8)

and substitute this into the truncated Taylor Series model in (2.5). Performing the neces-

sary trigonometric manipulations yields

i = (¢ azA® + a1 A) [cos(wlt) + cos(th)]
+5 ay A [cos(2w1t) - cos(2w2t)]
+ ayA? {cos [(m + wQ)t] + cos [(wl — wg)t]}
+ i azA® [Cos(3w1t) + cos(?)wgt)] :

Because of the multiplication process of the degree terms, we see that many additional
frequencies are produced from the different degree terms. Before we proceed to interpret
the results above, it is necessary to introduce the concept of mixing frequency, and the
order of mixing product. The mixing frequency is any frequency that is the result of mul-
tiplication of any two frequencies. These two frequencies could be the fundamental or the
mixing frequency themselves. The mixing product is the collection of the mixing frequen-
cies that are the results of multiplying the sum of fundamental carries by n times, where n
is the order of the mixing product. The mixing product is defined mathematically, for a

voltage of mixing product of order n, as

v, (t) = a, | A cos(wit + 01) + Ay cos(wat +09) + - + cos(wpt + " .
A 0,)+ A 0 Ag ot + 0o (2.10)

where Acos(w;t+0,) is the -th fundamental tone. Let us now make some other interesting
observations of the results in (2.9). Just like in the single-tone test, we again observe that
a higher-degree term will only generate equal or higher-order mixing products and thus
will not affect the results of the lower-order mixing products. For example, the third de-
gree term only generated (in this case) one third-order mixing product and the second

order products is not affected by the third-degree term.
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2.3 Transconductance PA Classifications

Perhaps the most natural view of a MOSFET or BJT device is as a controlled
current source or a transconductance device. According to the bias of the transistor, RF
PAs are classified as Class A, AB, B and C when the transistor is used as a transconduc-
tance device. In addition to a transconductance device, a MOSFET or BJT can also be
viewed as an on-off switching device. The fundamental properties of RF transconductance
PA classes are discussed below with more attention given to single-ended topologies.

The basic configurations of a narrow-band single-ended and push-pull transcon-
ductance PAs are shown in Figure 2.6 and Figure 2.7. The class of operations for these

PAs depends on the bias of the transistors.
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Figure 2.6 Schematics of basic narrow-band single-ended transconductance PA.

Ry

Figure 2.7 Schematics of basic narrow-band push-pull transconductance PA.

The classification of transconductance PAs can be illustrated best by using the

concept of conduction angle which relates to the bias on the transistor IV transfer charac-
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teristic (TC). Figure 2.8 shows a typical transfer IV TC of a MOSFET transistor and a
simplified model of the IV TC. Also shown are their sinusoidal input output waveforms.
The concept of conduction angle is more comprehensible when the simplified IV TC model
(Figure 2.8b) is used. For the simplified model, the conduction angle, 0, is defined as the
portion of the sinusoidal output current, I, during which the device is conductive (i.e
I,5>0). Clearly, from Figure 2.8, 6. is dependent on the bias as well as the amplitude of
the input. The RF semiconductor device is operating in Class A mode if the conduction
angle is 360° Class B mode if it is 180°, and Class C mode if it is less than 180°. If the
conduction angle is between 180° and 360° the amplifier is operated in Class AB mode.
The corresponding RF PA amplifier is called Class A, AB, B or C PA respectively. These
definitions are graphically illustrated in Figure 2.9 for a single-ended PA (or one branch of
the push-pull configuration), showing the time domain current waveforms of the ideal

transconductance device.
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(a) (b)
Figure 2.8 I-V characteristics of a transconductance device and sinusoidal input (V) —
output (I) waveforms: (a) practical; (b) ideal.

More insights can be gained by analyzing the harmonic profiles of the output cur-
rent waveforms shown in Figure 2.9. For this the waveforms in Figure 2.9 can be genera-

lized to a more general form, shown in Figure 2.10. If we define the amplitude and peak
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I, as I, and I, respectively, as shown in Figure 2.10, the Fourier series coefficient, norma-

lized to I, of the output current, are found to be

173 OO Oc Oc
= <[sin &% — & -~
ag = = [sin=- — == cos =],
_1(8¢c 1o
a —;( 5 —ESIDQC), (211)
1 1 s n—1 1 s n+l
=+ |——sin® 2§, — ——sin 2~ =23,...
n nﬂ(nfls 2 Oc n1 o Hc) n=23

We will employ these results to determine the power efficiencies of amplifiers in a later

section.

2.4 Power Efficiency

2.4.1 Definitions

When one talks about the ‘efficiency’ of an RF PA the precise meaning of ‘effi-
ciency’ depends upon the context because there are a number of widely accepted efficiency
definitions. Perhaps the most basic efficiency definition for RF PAs is the drain (or collec-

tor) efficiency. Drain efficiency, 7, is defined as:

_ RF power delivered to the laod
total drain DC power dissipated '

Mp (2.12)

The drain efficiency only accounts for the DC power dissipated at the drain. The RF in-
put power from the previous stage also contributes to the total power dissipation and
therefore a better efficiency measurement, the power added efficiency (PAE), is used. PAE

is defined as:

_ RF power delivered to the load - RF input power

2.13
Tpas total drain DC power dissipated 213)



24

Class A
Class AB
Class B
Class C

7 360° N
L /N )
0 ! /180°\
0° 180° 360° 540° 720°
Oc

Figure 2.9 Current waveforms of the ideal transconductance amplifier.
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Figure 2.10 General waveform of the output current of the ideal transconductance device.
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From this definition one can easily relate 1p,5 to 1, as

1

Mpap = 1_G_ My (2.14)

p

where Gp is the power gain. In an RF PA typically single-stage power gain is often neces-
sarily (if not inherently) low as a compromise for other performance parameters such as
stability. Therefore, as can be seen in (2.14), the PAE of a RF PA can be noticeably
smaller than the drain efficiency. As an example, for an idea Class A PA with 7 dB gain
the peak PAE becomes 80 % of its corresponding peak drain efficiency, which is
50 %x80 %=40 %.

2.4.2 Power and Signal Envelope Dependence

In a transconductance PA both PAE and drain efficiency are dependent upon the
output power level and the signal envelope in general. This leads to a few definitions of
efficiency according to the input stimulus. For example, the peak drain efficiency under
single tone stimulus is defined as the maximum drain efficiency before output clipping
when the input is a simple sinusoidal. For a transconductance amplifier with IV TC in
Figure 1.10b this efficiency can be found conveniently by using the Fourier coefficients
obtained in (2.11). In doing so one derives the peak drain efficiency as:

Npeak (00) = 5~ (2.15)

2aq

We can present this result graphically in Figure 2.11. As can be seen, best peak efficiency
(100%) can be achieve from a Class C PA and only 50% peak efficiency can be obtained
from a Class A PA. A Class B PA can achieve a peak efficiency of £ (78.5%).

The instantaneous efficiency, 7, defined as the efficiency of a PA at arbitrary in-
stant (arbitrary signal stimulus), is another useful efficiency definition. The instantaneous
efficiency is useful since it provide insights of the average efficiency (see later) of the PA.
It can also be easily derived for ideal Class A and -B PAs. For example, for an ideal Class
A PA, the quiescent drain current (i.e. ay) is constant while the power delivered to load
R; is square-law related to the output voltage swing, V. Therefore, we expect a square-

law relationship of the instantaneous power efficiency to the output voltage swing. For an
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ideal Class B PA, however, the DC drain current is proportional to the DC drain current
I, so the instantaneous efficiency is linearly related to V. The results of the above intui-
tive derivations are illustrated in Figure 2.12. From Figure 2.12, Class B clearly has an
advantage regarding efficiency since its instantaneous efficiency is greater than that of a
Class A PA for all power levels. We can quantify this by the ratio of the efficiencies of a
Class B PA to that of a Class A PA (1/n,), which can be easily shown to be:

s _ T

— . 2.16
na  2Veu (2:16)

For a closely spaced two-tone signal it can be shown (appendix A) that the instantaneous

drain efficiency for a Class A PA is square-law related to the drain voltage swing:

2

Vv
n, = l DS, peak - (2_17)
Poal vy,

where Vg, is the peak drain voltage swing under two-tone test (and its maximum is V)
before V)4 clipping). For a Class B PA the drain efficiency linearly increases with the

drain voltage swing;:

2
V
ﬂD: Z DS, peak . (2.18)
4 Vo

These are plotted in Figure 2.13 together with the results for the single-tone sinusoidal
from earlier discussions. It can be seen that the advantage of Class B in drain efficiency is
again noticeable.

Figure 2.13 also indicates the instantaneous efficiency of the two-signal is smaller
than that of the single-tone test, confirming that efficiency is also dependent upon the
envelope of the signal or, more rigorously, the statistic of the envelope. This stimulates
another definition of efficiency — the average efficiency — that takes into account the signal

envelope (including its statistics). The average efficiency is defined as

_average RF power delivered to the load

= 2.19
Tave average DC power dissipated (2.19)
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Figure 2.11 Peak efficiency against conduction angle under single-tone stimulus.
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Figure 2.13 Instantaneous efficiency of Class A and -B PAs.

For non-deterministic signals the average power delivered to the load is given by
b _[™ Vhs
p = J'O P(Vis) 355V s (2.20)

where p(V),) is the probability distribution function of the instantaneous amplitude (i.e.
the envelope) of the drain voltage V), The average DC power is given similarly by:

— e
Ppe = -[0 P(Vps)Ppe(Vps M Vg (2.21)

where Pp(Vps) is the instantaneous DC power for a single-tone sinewave of amplitude V.

So the average efficiency is now

(V) 4V
_ _[0 p( DS)QRL DS
Mive = =

Io PVps)Ppe (Vg Jd Vg

(2.22)

As a special example if we consider a two-tone equal amplitude drain voltage, v,(t), as a
statistical signal then the probability distribution function of the instantaneous amplitude

of vpg(t), Vps, can be shown (Appendix B) to be
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2 1
p(Vpg) = - (2.23)
ﬂ'VD&Peak \/1_ (VDS /VDS,peak)Q
Now for a Class A PA
V2
L
and for a Class B PA
2
PDC(VDS> — ;VDSVDD ) (2.25)

Substituting (2.23) and (2.24), and using the upper integration limit of V)., the average
efficiency of the Class A PA is found to be

2
1 I/DS7 eak
nAVG,AZZ(V—p : (2.26)
DD

Similarly, for a Class B PA, the average efficiency under two-tone test is found to be

T ’ VDS,pe(zk,
Mave,s = A (227)
DD

As expected, both (2.26) and (2.27) are the same as (2.17) and (2.18) respectively, except
that the former is derived regarding the two-tone signal as a statistical signal rather than
a deterministic one. The average efficiency, however, is also applicable to non-deterministic
signals such as WCDMA signals.
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Chapter 3

Circuit-Level Techniques for RF
Power Amplifiers

Circuit-level linearization techniques tend to generate small, low cost and wide
bandwidth solutions since most of them rely on inherent nonlinearities of one or a few
active devices to cancel the PA nonlinearities to achieve better linearity. This section will

review hitherto circuit-level linearity boosting methods available in the literature.

3.1 Analog Predistortion

The fundamental principle of analog predistortion is, as illustrated in Figure 3.1,
to distort the RF signal in such a manner that it is complementary to the distortion pro-
duced by the nonlinear circuits. As can be seen, the predistorter thus must, itself, exhibit
nonlinear characteristics. The desirable nonlinear characteristics of the predistorter are
usually realized with a nonlinear device and hence the term analog predistortion. Because
of the nonlinear feature of the predistorter, additional IMD products, which are not
present in the PA, are generally created by the predistorter. These higher order distortions
can be problematic for RF PAs to meet the ACPR requirement since additional distor-
tions will be presented in alternate channels.

The performance of analog predistortion relies on the degree of complementary

matching between the nonlinear characteristics of the circuits and the predistorter. there-
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fore the performance relies heavily on not only the availability of a matching nonlinear
transistor but also on the technologies supporting such transistors and its nonlinearities.
None of these are in full control of the circuit designer. In fact, manipulation of the nonli-
nearities of the transistor/technology is still a difficult task for device engineers since much
of the nonlinearities are determined by the fundamental laws of physics.

Nevertheless, the principle advantages of the analog predistortion are its ability to
linearize the PA over the entire bandwidth of operation, its low cost, and its low imple-

mentation complexity.

— » Predistorter
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Predistortor PA Overall
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Figure 3.1 Principles of analog predistortion.

3.1.1 Series Diode/FET Predistorter

Perhaps the simplest analog predistortion technique is to use a series diode, as
shown in Figure 3.2. The series diode will generate amplitude and phase deviations re-
quired to cancel the gain compression and phase deviation typically observed in an undis-
torted PA. By adjusting the parallel capacitor Cp and the bias (and hence the equivalent
resistance) of the diode it is possible to achieve some complementary match between the
nonlinearity of the diode and the PA. This kind of predistorter has been reported by sev-
eral authors [20, 33, 34]. This technique can achieve a typical ACPR reduction of 5-7 dB
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[20, 33, 34] for typical modulation schemes (QPSK, OQPSK, 16QAM). Further improve-
ment are bounded by the insufficient degree of matching between the nonlinearities. The
improvement also diminishes with modulation schemes with higher PAR [34] because in
these schemes there is a greater chance that the PA is driven into deeper compression
where strong nonlinearities can no longer be effectively canceled by the series-diode predis-

torter.

Ryias §
C
RFC 3 1
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RFpy o 1 > 1 o RFour
Civ D
RFC

Figure 3.2 A series-diode predistorter.

The AM-AM and AM-PM correction from the series diode predistorter can also
be realized (primarily) by the drain to source nonlinearities [21] of a FET in series of the
RF signal path. The basic FET series predistorter is shown in Figure 3.3(a). The desirable
AM-AM and AM-PM nonlinear characteristics can be tuned by the impedance seen look-
ing into the gate [21] and/or the shunt impedance seen looking into the drain/source [22].
Since the nonlinearities are also a strong function of the gate voltage [22], the gate bias
can also be used as an additional freedom of control to achieve the wanted AM-AM and
AM-PM characteristics. In fact, in [22] both positive and negative gain and phase devia-
tion were achieved. Performance of this technique is in the vicinity of 5-10 dB. For exam-
ple, in [21] a 10 dB reduction of IMD3 was demonstrated for a traveling wave tube am-

plifier (TWTA) with a MESFET series predistorter and a 5 dB ACPR average reduction.
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Satisfactory PAE and moderate IMD3 performance was also reported in [22] for a hetero-
junction FET (HJFET) PA predistorted by a HJEFT series predistorter. However, being
an analog predistorters, the performance of these techniques is still restricted by the de-

gree of matching between the transistor nonlinearities.

3.1.2 Shunt Diode/FET Predistorter

It is also possible to achieve predistortion through shunt nonlinearities. Typical
examples are the conventional anti-parallel diode predistorter shown in Figure 3.4(a) [35,
36]. These predistorters are capable of moderate linearity improvement similar to previous
predistorters. The principle of shunt diode predistortion can also be extended to diodes
inherent to a BJT or HBT. A typical schematic of these predistortion schemes is shown in
Figure 3.4(b) [25] and detailed works are reported in [25, 37]. Yet again, performances
depends on the degree of complementary matching between the nonlinearities and there-

fore it also depends on the transistor technologies.

VB VB VOO
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Civ Cour +—iF——o
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Lineari
T 1mearizer RF[NI

(a) (b)

Figure 3.4 Single shunt diode predistorter: (a) typical single shunt diode predistorter; (b)
single diode shunt linearizer utilizing the inherent base to collector pn-junction of a BJT.
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Shunt pre-distortion could also be realized by the nonlinear drain to source cha-
racteristics of FETs [23, 38]. Two such predistorters are shown in Figure 3.5. In [38] a
zero-DC current FET shunt predistorter was demonstrated with positive AM-AM and
negative AM-PM deviations to predistort a 50 W solid state power amplifier over a very
wide bandwidth (3-12GHz). In [23] a MOSFET shunt predistorter, shown in Figure 3.5(b),
was simulated and it achieved a simulation result of 29.3 dB reduction of IMD3 with this

predistorter. However, this kind of performance was limited in dynamic range.

Vi Vg

o | % |1 o
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(a) (b)
Figure 3.5 FET shunt predistorter (input and output matching networks are not shown):
(a) zero-DC current shunt FET predistorter [38], and (b) MOSFET drain to source shunt
predistorter [23].

3.2 Two-Stage Amplifier Based Predistorter

Another form of analog predistortion, illustrated in Figure 3.6, recognizes the
nonlinearity of a single amplifier stage and utilizes the single stage amplifier as a predis-
torter for the next stage. For example, in [39] a FET source-degenerated amplifier was
devised to function as a predistorter for its following stage. This predistorter employs a
source degeneration inductor configuration and works primarily as a predistorter but also
as a pre-amplifier. The source degeneration inductor is chosen carefully to achieve the
desirable complementary AM-AM and AM-PM characteristics needed to linearize the

overall amplifier chain. Another example by Yang [24] applies the same principles to a
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two-stage CMOS RF amplifier as an approach to linearize the last stage thereby increas-
ing the efficiency of that stage. Once again, the degree of complementary matching deter-
mined by the inherent transistor/technologies and excellent performance for a wide dy-
namic range therefore relies on the inherent properties of the transistor/technologies,

which is mainly determined by the fundamental laws of physics.

Vout,a = Q0 Vout,h = bO
+a1Vin 4 +b1Vin
+a2070.0 +by07,,
+a3vi?;1,.,a +b3vz€;n,b

v()'u,t, a

Vout.a Voutb Voutb

Vin.a Vin.b Vin.a

S1 S2 Overall

Figure 3.6 Two stage linearization scheme.

3.3 Nonlinear Capacitor Cancellation

MOSFET devices are well-known for their nonlinear parasitic capacitors [40]
across various terminals. The work in [27] recognizes the dominant affect of the input ca-
pacitor of the NMOS device and a complementary scheme was devised to cancel this non-
linear capacitor. To do so, the complementary CVC of the PMOS gate capacitance is used
to linearize the NMOS transistor amplifier. This technique is called the ‘capacitor com-
pensation technique’ [27] or the ‘nonlinear capacitor cancellation technique’ [41] and its
simplified schematic is illustrated in Figure 3.7. Since this technique is also a scheme lo-
cated at the input of the amplifier, the author therefore also categorizes this technique as

a predistortion technique.
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The effectiveness of the capacitor compensation can be visualized in Figure 3.8
where the input capacitance of the PMOS and NMOS devices are shown together with
their total linearized gate capacitance. However, the achievable effectiveness depends on
the degree of the matching between the CVCs of the two devices, which is ultimately de-
pendent on the nonlinear characteristics of the transistor technology. Reported improve-
ments of IMD and ACPR are around 5 dB. A 5% efficiency increase was also attained

because of the linearity improvement.
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Figure 3.7 Nonlinear capacitance compensation technique for CMOS RF PAs [27].
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Figure 3.8 Linearization of the gate capacitance [27].
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3.4 Derivative Superposition and Sweet Spot

It is well known that the major sources of nonlinearity of a typical active device
such as a FET or BJT are the nonlinear I-V transfer characteristics from the gate (base)
voltage to the drain (collector) current. If the signal power is relatively low then this non-

linear transfer characteristics can be modeled® by a simple Taylor series:

id(vg) =gmu, + ngUj + gm3v§’ 4+ (3.1)

where gm,, gm,, gms... are the Taylor series coefficients and they can be calculated by
taking the derivatives of the I-V transfer characteristics. In general, these coefficients are a
function of gate bias voltage, V¢ Figure 3.9(a) and 3.9(b) show the I, V¢ characteris-
tics of a typical MOSFET together with its first, second and third derivatives. Notice that
the device is turned on gradually around 0.7 V at which gmyis exactly zero. This voltage
is defined here as the knee voltage. The device current I, eventually saturates due to the
combinational effects of breakdown, saturation due to load line entering the triode region
and other things.

Closer examination of gm, reveals that it is positive when the device is biased be-
low the knee voltage and negative when biased above the knee voltage. There is also a
similar change of sign of gm, around the saturation region (where V;g>1.3 V).

Since the inband distortions are strongly dependent on the odd-degree coefficients,
such as gmy, minimizing the odd-degree coefficients, especially gm, for weakly nonlinear
regime become a viable approach to minimizing the inband distortion. The above thus

suggests at least two methods of reducing the IMD3.

% Not the best model, but will illustrate the idea of derivative superposition.
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Figure 3.9 I,¢- V4 characteristics and its derivatives for a typical MOSFET (IBM 7hp
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Figure 3.10 Illustration of the principle of small signal derivative superposition method.
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1. Bias the device exactly at the knee voltage to give zero gmgy and thus low IMD3.

2. Combining, in parallel, two or more devices with appropriate gate bias offset so that
the positive gm, of one or more devices are canceled by the negative gm, from the
other devices. We will call this method Small Signal Derivative Superposition
(SSDS). The basic concept of SSDS is illustrated in Figure 3.10.

Small Signal Sweet Spot (SSSS) Technique

Earlier works [42-44] discovered the fact that certain bias and load impedance of
a FET or BJT device frequently exhibits a notch of the third-order intermodulation dis-
tortions from measurements. These intermodulation nulls are now known as the result of a
zero gmg or sometimes the cancellation of the IMDs due to the interactions of the third-
order degree and/or the second degree gate and drain nonlinearities. Conditions exist,
with different bias and load impedance, when gm, or the total IMDs sum to zero. The
interactions of the nonlinearities are attributed primarily to the two-dimensional (V, and
V) nonlinear transfer characteristics of the drain current. Later works [18] gave a tho-
rough analysis of the origin of this phenomenon and also used it to explain the large signal
sweet spot (LSSS) phenomenon which will be reviewed later in this dissertation. The lat-
est application of the SSSS is by [45], who used this concept to design a highly linear
CMOS low noise amplifier (LNA). An improvement of the IIP3 of at least 7 dB was
achieved in [45] when the gate bias is carefully designed. In fact, part of the work in [45]
was to design the gate bias circuitry that exactly tunes the gate voltage of the LNA to its
zero-IMD spot [46].

One of the major limitations of the small signal sweet spot approach is its sensi-
tivity to the gate bias voltage, as evident from Figure 3.10, where gm, is achieved only at
one single voltage bias and quickly deviates from zero as the gate voltage swings away.
Therefore this approach is attractive to low power applications such as LNA but not help-
ful for PAs where devices frequently enter the strongly nonlinear regime. A better ap-
proach perhaps is the small signal derivative superposition (SSDS) method to be discussed

next.
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Small Signal Derivative Superposition (SSDS) Technique
Figure 3.11 depicts the general idea of the SSDS technique [47, 48]. As explained

earlier this method synthesizes zero gm, by canceling the positive gm, of one or more de-
vices with the negative gm, from other devices. The earliest work on this approach is be-
lieved to be conducted by Webster and Haigh [47] who gave, for the first time, some theo-
retical treatment of this method. It was shown that the SSDS is capable of approximation
of a square-law characteristic [47]. Later the same authors provided an experimental ex-
ample of this method for a HEMT PA, which achieved a 20-30 dB reduction of the in-
band distortion.

The major advantage of the SSDS technique is its ability to synthesize zero gm,
over a relatively larger range of gate bias, making the performance less sensitive to the
gate bias voltage. For the same reason, it is also applicable to medium-power operation
situations and hence later drew the attention of other authors [49] working on PAs. For
example, the author in [49] achieved an IMD3 improvement of 6 dB for an NMOS PA by
applying two NMOS device in parallel to cancel the gm, originated from each device. The

SSDS technique also received a great deal of attention in several linear LNA designs [50].

e
i

Figure 3.11 Principle of the small signal derivative superposition method.

The cancellation of gmg; can also be achieved by the combination of negative gm,
of the one device in saturation (i.e. device biased just above the knee voltage as shown in
Figure 3.9) and the positive gm, of the triode region (i.e., gate biased above 1.45 V in Fig-
ure 3.9). An example of this approach is illustrated in Figure 3.12, where M, and M, syn-

thesize the saturated device giving negative gm, and M, and M, synthesize the triode re-
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gion giving positive gm; This method thus resembles the SSDS technique and has been
reported in [28]. Only moderate improvement of the IMD3 and efficiency was achieved

with this approach.
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Figure 3.12 A small signal derivative superposition-like CMOS PA with flattened gmj; re-
sponse [28].

Large Signal Sweet Spot (LSSS) Technique

RF PAs frequently operate under large signal operation regions. RF PAs modeled
by traditional Taylor series will thus cease to generate accurate (at best) results. Therefore,
the SSSS technique is challenged by the nature of the strong nonlinearities of a RF PA in
that the gate bias for SSSS may not yield low inband distortion for larger operation power.
However, it has well been observed that certain bias and load impedance conditions under
certain power of operation do yield interesting intermodulation nulls, which are known as
the large signal sweet spot (LSSS), [51-53] and some attempt has been exercised to explain
the cause of this interesting phenomenon [51, 52]. Recently it seemed to have been success-
fully formalized and explained by [18], which concludes it is possible for a PA to achieve
intermodulation nulling similar to that obtainable from SSSS except these nulls occur for
a few [54] discrete power levels. To do so, the device must be biased to exhibit positive
small signal IMD3 so that the strong nonlinearities will gradually take over the IMD3 to
negative as the power increases and thus a zero must exist between them, resulting an
IMD3 null. In addition the position of the large signal sweet spot is also dependent upon
bias [18].
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Large Signal Derivative Superposition (LSDS)

LSDS is an attempt to alleviate the limitations of the SSDS, namely the restric-
tion to small and medium power applications. The LSDS technique was proposed in [55]
and is illustrated in Figure 3.13. It suggests that instead of canceling and flattening the
small signal gm, the device should be biased such that the small signal gm, of the region
adjacent (blue) to the quiescent region (red) is opposite sign to the gm, at the quiescent
region, allowing an (time) average of zero gm, over a wide gate voltage swing. The authors
in [55] implemented a MESFFT PA based on the LSDS technique. This PA achieved an
IMD3 notch of 15 dB and also a 4% PAE boost. However, the IMD3 for lower power of
operation is virtually unimproved. This is due to the two FETs being biased such that gm,
is nonzero in a small signal sense around the quiescent region.

A recent application of the LSDS technique is by [56] where two MOSFET are
combined in parallel to serve two purposes: to implement a voltage bias control scheme for
average efficiency (by turning the large device on for large power mode and small device
on for small power mode), and to serves as a LSDS based gm; cancellation pair to achieve
better IMD3 for the large power mode (larger device on, small device ‘off’). A simplified
schematic of this CMOS PA is shown in Figure 3.14. For the second purpose the optimum
bias for the two devices were determined experimentally. Separate matching networks are
designed for each device to optimize efficiency (determined from load pull results). These
matching networks could introduce unequal delays of the two signal paths jeopardizing the
effectiveness of large signal IMD3 cancellation process.

Nevertheless, for the large power mode, this PA achieved an IMD3 reduction of 8
dB with proper bias of the two devices and it is interesting to observe this improvement is
over a wide range of power, unlike that offered by the LSDS method. For low power mode
there is still no improvement of IMD3 because the smaller FET is turned on and the can-

cellation of IMD3 cannot be fulfilled.
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Figure 3.14 A CMOS PA employing large signal sweet spot method [56].
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Another example of LSDS is was presented in [57] where two MOSFETSs biased
for Class A and Class B are combined in parallel and the combination is cascaded with
another NMOS to form the single ended version of the PA. The primary benefit of the
parallel structure is to improve efficiency but the authors also appreciate the benefits of
linearity based on the large signal derivative superposition. The overall schematic of this
PA is shown in Figure 3.15. Even though the LSDS technique cancels the IMD3 for large
signal operation the small signal IMD3 were given less attention and thus the overall li-

nearity performance may still need to be improved.
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Figure 3.15 A differential CMOS PA employing large signal sweet spot method on the
cascode legs [57].

3.5 Summary: Issues of Previous Techniques

We have examined various forms of circuit level linearity enhancement techniques.
Although predistortion techniques are inexpensive, simple to implement and generally
applicable to wide bandwidth situations, performance of these techniques is typically mod-

erate. A distortion improvement of 5-10 dB reduction is usually achievable with these
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techniques but almost impossible beyond 20 dB. The problem is inherently due to difficul-
ties in complementary matching between the nonlinearity of the cancellation transistor
and that of the PA. Although perfect matching may be possible it is very difficult to
achieve excellent matching for the entire range of output power levels. This is because the
nonlinearity characteristics are dictated by the device physics and the circuit designers
have very little room to manipulate these characteristics precisely to his/her needs.
Among these techniques the derivative superposition technique seem to be capa-
ble of some sort of manipulations of the amplifier characteristics in more details than oth-
ers since in principle more than two devices can be used. However, as can be seen later,
such manipulation is still primitive and still fundamentally restricted in the degree of free-
dom of manipulation, which may be crucial to achieving guaranteed excellent amplifier
linearity. Furthermore, the derivative superposition only considers the AM-AM distortions
as a result of the tramsistor IV transfer characteristics. AM-PM distortions, which also
exist in amplifiers at radio frequencies, cannot be mitigated by the derivative superposi-

tion technique.
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Chapter 4

A New Circuit Synthesis Tech-
nique: Theory and Optimization

4.1 Introduction

Extensive studies on issues of amplifier/circuit nonlinearities and their fundamen-
tal origins have lead to the conception of a new circuit synthesis technique approach to
resolving these issues. This chapter records the results of this study and presents the con-
cepts and fundamental theories of a new circuit synthesis technique to address these issues.
Being the chapter describing one of the major contributions of this work, it will serve the
basis for later chapters that focus on the applications of this newly developed circuit syn-

thesis technique to real life analog/RF circuits

4.2 Incentives for Circuit Synthesis Techniques

4.2.1 The Inescapable Nonlinearities

As discussed in the introduction chapter, this work is motivated by solving circuit
issues, especially amplifier linearity issues, confronting current and future systems. To
appreciate these issues, it is necessary to keep track of the nature and origin of the nonli-

nearities and the most fundamental one is arguably at the physics level.
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This section attempts to enlighten some of the myths about nonlinearities at the
physics level and thereby help to understand better the nonlinear problems, desirable or
not, in linear circuits. This section is by no means a full and detailed testimony of all of
the nonlinearities for all semiconductors or phenomena. Such treatments can be found
elsewhere, for instances, for conventional devices such as BJTs [58], and MOSFET [40, 58].

Electrons, which are the charge carrying particles, are one kind of fermion [59]
that obeys Fermi-Dirac quantum mechanic statistics in solids. The Fermi-Dirac statistical
distribution, which dictates the probability of electrons occupying an available energy level,

E, is derived from quantum mechanics physics as

1

14 e(EfEF)/k,T

f(E)= (4.1)

where FEj is the Fermi energy level and kT is the thermal energy (k is the Boltzmann con-
stant and 7' is the absolute temperature in Kelvin). Clearly, as shown in Figure 4.1, the
Fermi-Dirac statistics, like many other quantum mechanics statistics such as the Maxwell-
Boltzmann and Bose-Einstein statistics [59], are a strongly nonlinear function of energy E

as well as the thermal energy k7. In fact, for E-Fy larger than a few kT's
F(B) e BB (4.2)

which is obviously an exponential (and therefore very nonlinear) function of the energy
level E. Interestingly, one immediately realizes that this is the same form as the Maxwell-
Boltzmann statistics [59]. Mathematically, the total number of electrons (or total electron
density or simply electron density per unit volume) or the total absence of electrons per
unit volume (i.e. hole density per unit volume) carriers are simply the integration of the
product of the probability distribution f{E) and the available energy levels per unit vo-
lume (i.e. the density of states). Then the electron density available spatially within a
solid must be a function of the energy E. Thus, electron density must in general be a non-

linear function of the energy level F.



49

W o5f
L~

i T=500 K

r T=300 K

L T=100 K

T=0K
O 1 1 1 1 .
EF-0.4 EF-0.2 Er EF+0.2 EF+04
E (eV)

Figure 4.1 Fermi-Dirac probability distributions of electrons.

Electrons gain energy through, for example, external applied bias voltage, V, or
through thermal agitation (e.g. thermionic emission). They can also lose energy because of
lattice collision etc. In the case of the externally applied bias (which is of most interest to
us), since the amount of energy gained is simply ¢V, which is proportional to V| then the
electron density must be a very nonlinear function of the applied bias V, according to the
arguments layout in the previous paragraph. When continuously moving, these electrons
simply give rise to a steady state (DC) current [ or when aggregated statically, they are
responsible for the (net) charge @. Therefore, one can now conclude that both the conti-
nuous current [ and static charge @ are in general nonlinear functions of the applied bias
V.

From the above study of the fundamental law of physics, we conclude, for our
purpose, that the I-V and @Q-V characteristics of an RF device is in general inevitably

nonlinear.

4.2.2 The Inescapable Nonlinearities - Circuit Level

The inescapable fact of device nonlinearities directly leads to nonlinearities in

amplifiers and other electronic circuits since they are built from these devices. Even
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though electronic devices have evolved from generation to generation over the past six
decades, these law of physics still control the device nonlinearities. In fact, the shape of
the (nonlinear) IV TC of a transistor, which is related intimately to amplifier nonlinearity,
is still in its nonlinear forms similar to that shown in Figure 4.2. As can be seen, this kind
of characteristic is inherently nonlinear in general.

lout
A

\

VIN

Figure 4.2 Typical hitherto transistor IV TC.

As seen in previous chapter, much effort has been devoted to compensate for this
kind of nonlinearity in circuits such as RF PAs. At the circuit level, typical patterns in
these attempts [18-28] involve a one-to-one cancellation scheme to compensate for the
amplifier's nonlinearity by a complementary nonlinearity from another device. While these
attempts are cheap and simple, performance is limited fundamentally by the nonlinearities
of the transistor devices, which in turn are controlled by the law of physics. For example,
the effectiveness of distortion cancellation depends on the degree of the matching between
complementary devices. Dynamic range, as another example, is also restricted by the non-
linearities of the transistor. Yet another example is the lack of ability to deal with nonli-
nearities originated external to the device or amplifier (e.g., ESD) because this would
complicate the order of the complementary cancellation schemes.

The aforementioned situation therefore provokes different approaches to achieve

circuit linearity. In particular, such an approach should be able to achieve linearity inde-
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pendent on the device/technology nonlinearities and this approach should also be able to
neutralize nonlinearities inherent or external to the amplifier. This requires that the am-
plifier exhibit flexibilities of its characteristics in order to compensate for these circuit
distortions. This philosophy naturally leads to a study of the circuit synthesis technique

below.

4.3 Review of Circuit Synthesis Techniques

The idea of constructing a desirable characteristic from elementary structures is
not new to mathematics or circuit engineering. This has been treated extensively by ap-
proximation theory or the branch of analysis in mathematics [60]. In analog circuits this

idea is often referred to as analog circuit synthesis.

4.3.1 The Multi-Tanh and Other Differential Topologies

One of the works on analog circuit synthesis techniques is the multi-tanh tech-
nique invented by Gilbert [29, 61, 62]. The goal of the multi-tanh technique is to minimize
nonlinear distortions in differential circuits (such as a differential mixer) by linearizing the
transconductance of differential amplifiers. Figure 4.3 depicts the basic concept of the

multi-tanh technique.

Gilbert cell 1 Gilbert cell 2 Gilbert cell N
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Figure 4.3 The multi-tanh techniques and the Gilbert cell.
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The multi-tanh technique achieves a distortion free (flat) differential transconduc-
tance (gm) by combining two or more parallel Gilbert Cells, which exhibit the well-known
Gaussian-like gm shape as shown in Figure 4.4. Accordingly to Gilbert, maximally flat gm
can be achieved with appropriate sizing of these Gilbert cell TCs [62, 63]. Since it was
invented, the multi-tanh concept has flourished in many forms including applications to
analog circuits, and extensions to RF circuits such as mixers and LNAs [64-66].

In addition to the multi-tanh technique, others analog circuit synthesis techniques
have emerged since the widespread use of MOS technologies. For example, a MOS equiva-
lent, as shown in Figure 4.5, of the multi-tanh technique was reported in [30, 67] where
the nonlinear functions are synthesized by summing multiple differential amplifier IV TCs
in a way very similar to that of the multi-tanh approach. Many other strategies [68] have

also since expanded the knowledge of analog circuit synthesis.

gm A
2gm
9Mec1 gMaeel 9Maea 9Maeca
|
0 VIN

Figure 4.4 Synthesizing linear (flat) transconductance (gm) with the multi-tanh technique.
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Figure 4.5 The MOS equivalent of the multi-tanh technique.

Despite their usefulness for many analog circuits and in signal processing, the
multi-tanh technique and its MOS counterparts rely on differential circuit topology that is
power-inefficient from the perspective of a power amplifier and other power-sensitive cir-
cuits. Perhaps this is the major bottleneck that deters their application to an RF PA

where efficiency is of great concern.

4.3.2 The Derivative Superposition Technique

Unlike the aforementioned differential techniques, the derivative superposition
(DS) technique reviewed Chapter 3, is a single-ended topology and therefore naturally
more attractive to PA designers due to it having better power efficiency. However, recent
published results still suggest unsatisfactory performance in linearity improvement and
dynamic range for RF PAs [49, 55-57, 69], despite its success in many other analog or RF
circuits [50, 70-72].

Moreover, when regarded as a circuit synthesis technique, theoretical analysis will
soon unveil that the fundamental limitations of the ability of the DS technique to synthe-
sized various characteristics. Many useful and important IV TCs, such as a highly linear

IV TC cannot be synthesized with the DS approach.

4.3.3 Primitive Nature of Hitherto Circuit Synthesis Techniques

A we will learn in later chapters that one of the common issues with the multi-

tanh techniques and the DS technique is their one-dimensional (1D) restriction in compen-
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sating amplifier distortions since only in-phase (resistive) characteristics are considered in
these techniques. This restricts their effectiveness of distortion compensation when applied
to radio frequency applications since in such circuits both AM-AM and AM-PM distor-

tions are significant and 1D compensation becomes insufficient for these circuits.

4.4 Need of a New Circuit Synthesis Technique

The above studies reveal that although a lot has been done regarding the circuit
synthesis technique based on differential topologies, little is known regarding circuit syn-
thesis techniques based on single-ended topologies that are appropriate for (RF) PAs. Ex-
isting circuit synthesis techniques are either power-inefficient, primitive, and/or limited in
versatility. It appears that an all-new circuit synthesis technique is necessary.

The above understanding of the issue and conceptions of the solutions therefore
leads to one of the major contributions of this work — inventing and developing new cir-
cuit synthesis approaches to solving (RF) amplifier/circuit linearity (and efficiency) issues
by simultaneously (or separately as desired) considering in-phase and quadrature lineariza-
tion.

The rest of this chapter is devoted to discussing and theoretically developing this
new circuit synthesis technique. Later chapters will detail the applications of this new

circuit syntheses technique to solving linear amplifier problems.

4.5 The New Circuit Synthesis Technique

One of the contributions of this work is the invention of a new circuit synthesis
technique that is introduced and theoretically developed in this chapter. Although the
theoretical development focuses on this circuit synthesis technique, it is also applicable to
other synthesis techniques that involve linear summations (subtractions) of basis cells.

The basic concepts of the new circuit synthesis technique involves a basic func-
tion called the tanh-like function as shown in Figure 4.6. Assuming this kind of function
can be realized by circuits, then the basic concepts of the new synthesis technique can be
delineated as shown in Figure 4.7. As shown in Figure 4.7(a), an array of adjustable (in

magnitude) tanh-like IV TCs from basic single-ended cells are summed up with a flexible
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lateral offset to synthesize a flexible amplifier IV T'C. For example, if identical cells with
tanh shape are added in parallel with equal consecutive lateral offset, then a highly linear
characteristic, the ideal rectified characteristic (IRTC), can be synthesized as shown in
Figure 4.7(b). Notice that the basis cells must be single-ended in topology to satisfy the
single-ended topology requirements. This chapter does not address the actual circuit im-
plementation of the tanh-like IV TC circuits. This will be considered in the chapters that
follow. Although Figure 4.7 only demonstrates perhaps the most rudimentary form of the
new synthesis concept it does show, conceptually, its ability to synthesize the IRTC desir-
able for linear amplifiers.

y(x)

A

A

A tanh-like
function

-+— =00

Figure 4.6 A tanh-like function.

4.6 Definitions for the New Circuit Synthesis Technique

Before the development of this the new circuit synthesis theories, associated ter-
minologies will be defined. First, the individual tanh-shaped TC are called the basis func-
tion, as an analogy borrowed from linear algebra, in the sense that the overall synthesized
TC is the linear sum of the these functions of unique tanh-like characteristics. Second,

scaling is defined as the magnitude of the tanh-like basis TCs, and shifting is defined as
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Figure 4.7 Basic synthesis concepts with N basis cells: (a) flexible IV TCs; (b) a practical
IRTC.
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the lateral offset between consecutive basis TCs. Third, the single-ended characteristics
are called causal characteristics. Note that the causal concept is analogous to the defini-
tion of causal functions for Laplace transform [73].

In the development of the theories of the new circuit synthesis technique the
mathematical concepts of the Riemann sum and Riemann integral are important. In this

dissertation the general Riemann sum is defined as

n—1
R = Z g(ci)Am,
i=0 ’ (4.3)
= g(co)Axg + g(c1)Axy + -+ + glcp_1)Az, 4

where ¢; (=0, 1, 2, ..., n—1) is the tag of the subinterval [z, z,,|= Az and g¢(-) is the
function of the Riemann sum. Figure 4.8 shows the above definition graphically. As can
been seen, the partition of the general Riemann sum is unequal (in general) and the tag, c;,

is chosen arbitrarily within the interval [z;, z;,,].

ya
y=9(x)
e
Ax) Ax, | Ax, e Ax"_‘ A;:cH Ajé,,_l
0 Co (;1 C‘2 Cri-3 Ci;-z Cn-1 ;
Xo X1 X2 Xz *** Xp3 Xp2 XnAa Xn

Figure 4.8 Definition of the general Riemann sum: the general Riemann sum is the sum of
areas of the shaded rectangles.

In the special case of equal partition (Az=Az,,, for i=0, 1, 2, ..., n—1 ) and left

end-point tags (¢=x,-,) the general Riemann sum is called, in this dissertation, the left
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Figure 4.9 Definition for the left Riemann sum with equal partition.
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Figure 4.10 Definition for the left Riemann sum with arbitrary partition.
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Riemann sum with equal partition. In the case of arbitrary partition and left end-point
tags, the general Riemann sum is called, in this dissertation, the left Riemann sum with
arbitrary partition. These are illustrated in Figure 4.9 and Figure 4.10 respectively. The
left Riemann sum with equal partition and the left Riemann sum with arbitrary partition

will be used later in this dissertation.

4.7 Synthesis with Basis Functions

Let us now consider the problem of adding equally shifted replicas of a function
f(z), shown in Figure 4.11(a). Here we define scaling as the vertical scaling of these func-
tions and shifting as the lateral shifting between two consecutive functions. In addition,
for simplicity we consider six of these functions to be summed up. We assume that the
consecutive shifting between these replaces is Az and the functions span along the z-axis
by X, Let the summation of these six functions, shown in Figure 4.11(a), be S(z) then at

any point z, we have

S(x)=yo+ 1+ Y2+ Y

. 4.4
= f(z)+ f(z — Az) + f(z —2Az) + - + f(z — bAx) (4.4)
It is a simple matter to derive that for n such functions we have
S(z) = f(x)+ f(z — Az) + f(x —2Az)+ -+ + flx — (n —1)Az]. (4.5)
If we multiply the sum in (4.5) by the step Az, we have
S(x)Az = f(x)Az + f(z — Az)Az + f(z — 2Az)Az + - (46)

+flz — (n —1)Az]Ax.

This is a standard form of a Riemann sum [74] of the function f with equal partition (Az),
as illustrated in Figure 4.11(b). The tags of the Riemann sum are chosen to be the at the
left-edge point of each partition. Therefore this is the standard lower Riemann sum. The
shift will be inconsequential if n is large but may be significant for small n. Clearly with
the aid of Figure 4.11 the lower Riemann sum therefore approximates the definite integral

of function flx) the interval of [z—X—Ax/2, 2+Ax/2] and we thus write
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Figure 4.11 The summation of identical function f(x) with equal shifting of Ax:: (a) sum-
ming the shifted f(x), and (b) approximation of the summation.
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1

S(z) ~ Az

f( p)dp (4.7)
where p is the dummy variable of integration. Notice that the integration interval spans
X+Az or simply nAx.

Therefore, in conceptual terms, the summation of n functions of f(z), each is
shifted consecutively by Az and is (approximately) equal to the definite integral of the
function on an interval spanning nAz scaled by a factor 1/Az. The endpoint of the upper
limit of this definite integral is z4+Axz/2. The function f{z) here is referred to as the ‘basis’
function, a terminology borrowed from linear algebra and finite elements because, in a

sense, a desirable function can be constructed by summing up this basic function.

4.8 Synthesis with Arbitrary Scaling and/or Shifting

A good synthesizing technique provides the designer with sufficient flexibilities to
synthesize the wanted characteristics with mundane basis functions. The development
above already has some such flexibility. Namely, that the desirable characteristic can be
synthesized by finding such a basis function whose definite integral gives the desirable
outcome. However, often the ‘ideal’ basis function is not always achievable and only ‘non-
ideal’ ones can be achieved in practice. In order to provide the flexibilities the designer
needs, a more flexible and robust synthesizing technique is necessary. This motivates us to

further develop the basic nonlinear synthesis technique introduced earlier.

4.8.1 Synthesis with Equal Shifting and Arbitrary Scaling

Let us first consider the synthesis with equal shifting and arbitrary scaling, as

shown in Figure 4.12. The summation, S(z), of these basis functions can be written as

S(x) = aof(x) + o f(x — Az) + -+ ap 1 flw = (n = DAz]. (4.8)
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Figure 4.12 Summing n basis functions with but fixed (equal) shifting but arbitrary scal-
ing. The basis functions are scaled by the amount of a,, a;, a,, ..., a,.; and the shift is Axz.
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Figure 4.13 Definition of the scaling function a(z).
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Multiplying by Az this summation can be written as:
S(z)Az = agf(x)Az + a1 f(x — Azx)Az + -+ a,_1flz — (n — 1) Az]Az. (4.9)

If we defined a scaling function «a(z), as shown in Figure 4.13, we can rewrite (4.17) in

terms this functions as

S(z)Az = a(0)f(x)Az + a(Az)f(x — Az)Az + -

+af(n — DAz]flz — (n — 1)Axz]. (4.10)

This is the standard form of a Riemann sum (with equal partitions) and here the left-edge
of partition point is chosen as the tag. Therefore the summation S(z) can be approximated

as

1 Xs
Az J-Az

S(z) o) f(x — pdp, (4.11)
where p is a dummy integration variable and X is the span of the basis functions. There-
fore, the summation of the basis function with arbitrary scaling is approximately equal to
the convolution integral of the basis function and the scaling function a(z). The signific-
ance of this result in (4.11) is that it shows that manipulation of the synthesis summation
can now been achieved, in addition to tuning appropriate basis function, via proper con-
trol of the scaling. Therefore one needs not to search for an ideal basis function, such as

an tanh IV TC, to achieve the synthesis goal.

4.8.2 Synthesis with Equal Scaling and Arbitrary Shifting

In some scenarios, controlling the scaling may be difficult or inconvenient. How-
ever, as we shall see from the following development, this will not restrict the ability to
manipulate the synthesis results. We can still achieve flexibility via control of the shifting.
For this case, the summation of the basis functions is depicted in Figure 4.14. The shifting
is Az, Amy, Ay, ..., Az, from left to the right. The summation of these basis functions is

now written as
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Figure 4.14 Summing n basis functions with equal (fixed) scaling but arbitrary shifting.

The basis functions are shifted by the amount of Az, Ax,, Az, ..

., Az, and the shift is
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Figure 4.15 Definition of the shifting function ((z).
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S(z)=f(z)+ f(x — Axy) + -+ flr — Azy — Azy — - — Az, ). (4.12)

Multiplying by Az this summation can be written as:

1 1
S(x) = f(z) Azy + f(r — Azy)——Azy + -+
ATy Az (4.13)
+flz — Axy — Axg — - — Az, 4] 1 Az, ;.
Tp-1

where Ag, is arbitrary. If we defining a continuous shifting function (§(z), as shown in Fig-

ure 4.15, we can rewrite (4.13) in terms of this function as

S(z) = f(2)B(0)Azg + f(z — Axy)B(Az)Azy +---

4.14
+f[$ - AlL’l - AIQ — e A:rn_l]ﬁ(Axl + AlL’Q + - AIn_l)AlL'n_l. ( )

This is the standard form of a Riemann sum the tags at the left edge of the subinterval.
Therefore, the summation S(x) can be approximated as

S [ B~ wdu, (1.15)

—Azxg

where 1 is a dummy integration variable and X, is the span of the basis functions. There-
fore, the summation of the basis function with arbitrary shifting is approximately equal to
the convolution integral of the basis function and the shifting function ((z). The signific-
ance of the result in (4.15) is that it shows that manipulation of the synthesis results can
now be achieved through shifting, in addition to scaling and/or tuning the basis function.

Therefore, one more dimension of freedom is provided to achieve flexible characteristics.

4.8.3 Synthesis with Arbitrary Scaling and Arbitrary Shifting

Of course, it is possible that both the scaling and shifting can be controlled by
the circuit designer. In this case, the problem of summing the basis function f(z) with ar-

bitrary scaling and shifting is depicted in Figure 4.16. The basis functions is scaled by a,
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Figure 4.16 Summing n basis functions with arbitrary scaling and arbitrary shifting.
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Figure 4.17 Definitions: (a) scaling A(z); and (b)shifting B(z).
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a,, Gy, ..., a,, and the corresponding shifting is Az, Amn, Az, ..., Az, from left to the
right. Notice for convenience that we have defined Az as Az The summation of these

basis functions is now written as

S(z) = apf(z) + arf(x — Azy) + -

(4.16)
+a,_1fl[xt — Azy — Azy —---— Az, _q].
Multiplying by Az this summation can be written as:
1 1
S(z) = apf(x)—— Azy + ar f(x — Axy) Azy + -
1 .

+a, 1 flr — Azy — Azg — - — Az, 4] Az,.

mn

where A, is arbitrary. If we defined two continuous functions A(z), the scaling function,
and B(z), the shifting function, as shown in Figure 4.17 we can rewrite (4.17) in terms

these functions as

S(z) = A0)f(z)B(0)Azy + A(Azy)f(z — Az )B(Azy ) Az + -+
+A(Axy + Azy + - Az ) flz — Axy — Azg — - — Ay, 4] (4.18)
B(A.ﬁl:l + ALEQ + .. A,ﬁl:n,l)ALEn,l.

This is the standard form of a Riemann sum (with unequal partition). Therefore, the

summation S(z) can be approximated as

Xs

S(z) ~ f A(p)B(p) f(z — p)dp (4.19)

—Axg

where p is a dummy integration variable and X is the span of the basis functions. From
(4.19) it can be seen that the summation of the shifted and scaled basis function is ap-
proximately equal to the convolution between the basis function and the product of the
scaling and shifting functions. To confirm this result, consider a special case, for (4.19),
where the consecutive shift between the scaled replicas of the basis function are equal (i.e.
B(z)=1) then (4.20) becomes

S [ A= wi. (1.20)
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This is a familiar convolution expression seen in (4.11) (with equal consecutive shift Az),

which conforms with the analysis above.

4.8.4 The Concept of Convolution

We have seen that the synthesis sum appears in some form of convolution and
this is not surprising if we borrow a well-known fact from signal and system theory: the
output of a linear system can be regarded as the summation of elementary impulse res-
ponses scaled by the input and shifted in time. Here although the domain (dimension) we
are working on is not time, the summation of f{z) is still analogues to the output of the
linear system. Therefore, one could regard either f{z) or A(x) as the ‘impulse response’ and
the other as the ‘input.” S(z) is then interpreted as the ‘output’ of a linear system with an
impulse response of, say, the basis function f(x), and the input of the scaling A(z). These
intuitions and concepts will, as we will see, prove to be useful in building up design intui-

tions that help to apply the new circuit synthesis technique developed above.

4.8.5 The Equivalence between Scaling and Shifting

One more important note on the circuit synthesis technique developed above is
that there is an equivalence between scaling and shifting. i.e., what can be achieved via
shifting can be achieved with equivalent scaling and vice versa. To understand this, con-

sider (4.19) and if we define a weight function W(z) as
W(z) = A(z)B(z), (4.21)

then the synthesized function S(z) can be interpreted as the convolution of the basis func-
tion f{x) and the weight function for the appropriate integral limits. From (4.21) it is clear
that the mathematical role of the shifting function B(z) is essentially equivalent to that of
the scaling function A(z) and vice versa. Thus the physical roles of scaling and shifting
can be exchanged. That is, in principle, the same result could be achieved from the shift-
ing instead of scaling and vice versa. This implies a greater degree of flexibilities for this
synthesis technique to achieve various outcomes, in addition to that achieved by using
different synthesis functions. Such flexibility would greatly reduce the circuit design com-

plexity as well as guaranteeing a successful outcome. For example, in a real circuit, it may
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be possible that shifting is easier to achieve than scaling and, due to the equivalence be-
tween shifting and scaling, only shifting needs to be implemented to achieve the desired

outcome.

4.8.6 Compensating Non-ideal Basis Functions

Due to the flexibility offered by scaling and/or shifting the "imperfections" of the
basis function can be compensated. That is, the basis function needs not be a perfect tanh
function (a departure may result from circuit variations, technology scaling, etc), as long
as the general tanh shape of the basis function is adhered to. Flexibility offered by scaling
and/or shifting will ensure achieving the same synthesis outcome with appropriate ad-
justment to the shifting and/or scaling. This generally reduces the burden on the circuit

designer in trying to find the perfect basis function.

4.9 The Laplace Transforms Concepts Applied

As defined earlier, the tanh-like basis function shown in Figure 4.6 is called a
shifted causal function since it resembles the causal function defined for Laplace trans-
forms. Here the tanh-basis function fits this definition well; and the function parameter,
‘2’, in the tanh-basis function corresponds to the time domain parameter, ‘¢’, in the Lap-
lace transform. In earlier sections it was shown that the synthesized function is mathemat-
ically equivalent to the output of a linear system with the basis function as the ‘impulse
response;’ and the weight function as the ‘input signal.” Therefore, much design intuitions
can be gained by borrowing the results from Laplace transform theory.

To see this, we model the tanh-like basis function, to the first order, as a shifted
step function scaled by a real number hy,. From the theory of Laplace transforms, the syn-
thesized function can now be found from the inverse Laplace transform of the s-domain
system response (with ‘2’ regarded as ‘t’):
hoe™*

—W(s)‘ : (4.22)

S

S(z)= £

Since the ‘1/s’ is an integration operator, we have
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S(w) = ho [ W(n—a)dn, (4.23)
W(zx—a)= = S'(x). (4.24)
o

where S'(z) is the first derivative of S(z) with respect to z. Therefore, the desired synthesis
target can be achieved by a weight function, W(-), that is the derivative of the target re-
sponse function; or the target function is essentially the integration of the weight function
scaled by the constant hy. For example, if the weight function W is a constant, the synthe-
sis outcome S is linear with respect to z. i.e. a causal IRTC, shown in Figure 4.7b.

The synthesized outcome using tanh-like basis function will be monotonically in-
creasing and also greater than zero. This can be understood from (4.24) and remembering
that the weight function must be positive in practice (for W=0). Despite this, one can
confirm that a great number of characteristics can be synthesized using the tanh-like basis
function. For example, a positive quadratic function can be synthesized by a linear weight
function with positive slope; a negative quadratic function can be synthesized by a linear
weight function with negative slope; a negative cubic function can be synthesized by a

negative quadratic weight W; and so on.

4.10 Inherent Limitations of Derivative Superposition

By applying the above Laplace transform relationship we now reveal the inherent
limitations of the derivative superposition technique. The basis function in a derivative
superposition technique is the transfer characteristic of a single transistor. This characte-
ristic can be modeled, to the first order, by a causal linear function. The Laplace trans-

form of the causal linear function is:

H(s) = . (4.25)

where a is the shift and £ is a scaling constant (slope of the IRTC). In the ‘s’ domain the

relationship between the weight function and the synthesis function is,
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S(s)s* .

; (4.26)

W(s)e * =
Since ‘s’ is a differentiation operator, the weight function is therefore the second derivative

of the synthesis target function:
1 n
W(x—a)= ES (z). (4.27)
However, the weight function must be positive in practice
W(z —a)>0for x > a (4.28)

So the derivative (transconductance) of the synthesis target function is a monotonically

increasing function (and also greater than zero)

S’(z) = monitonically increasing and >0, (4.29)
and similarly the synthesis target function must also be monotonically increasing

S(x) = monitonically increasing and >0. (4.30)

(4.29) and (4.30) together reveal that, regardless of the arrangements of the shift or scal-
ing, the achievable synthesis outcome of the derivative superposition technique must satis-
fy the following two conditions:

1. increasing monotonically;

2. its derivative must also increase monotonically.
In other words, the synthesized results of the derivative superposition technique are re-
stricted to a concave-up function only. On the contrary, this restriction is absent in the
new circuit synthesis technique (with a tanh-like basis function). This restriction prevent
the derivative superposition achieving true linearity since the amplifier IV transfer charac-

teristic required to cancel distortions may not be a concave-up function.
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4.11 Nonlinear Optimization

The previous development formulated the principle of convolutions for the new
circuit synthesis technique. The reverse process, that is, the process of finding the shifting
and scaling parameters given some basis and the goal function, is quite different.. First,
the relationship between the parameters and the synthesized result is nonlinear as we have
a nonlinear basis function—the tanh-like basis. Second, explicit forms of these nonlinear
basis functions are often not available or too complicated, making analytical results im-
possible. Third, the number of unknown parameters is often large, making the dimension
of the problem formidable for an analytical approach. Fourth, even if the above issues are
resolved, a new analysis process needs to be performed anew for a different synthesis prob-
lem, restricting the analytical results to only the particular problem being treated. All of
these suggest the use of numerical optimization routines to resolve our parameter optimi-
zation problem. Since we have a nonlinear basis function, the parameter optimization
problem can be classified as a nonlinear optimization problem. As we have multiple para-
meters (multiple shiftings and scalings) the problem can be further classified as a multi-
dimensional nonlinear optimization problem.

Algorithms for nonlinear optimization are well developed and it is also beyond
the scope of this dissertation to develop a new algorithm to our synthesis problem. The
reader is recommended to refer to [75] for detailed discussion on the available optimization
algorithms. Here, we focus on employing the available algorithms to solve our engineering
problem. Among those available, perhaps the most common algorithms to solving our
nonlinear least square problem are the Gauss-Newton and the Levenberg-Marquardt algo-
rithms [75]. Both are iterative methods that minimizes the total least square residuals.
The mathematical formulation of these algorithms typically involves finding optimum
shifting and scaling parameters s; such that the least square residual between the goal

data and the summation is minimum:

minimize 9(041,0[2,“'Oép,/gl,ﬂg,"'ﬂp) =

n 4.31
%Zi:l{[alﬁ(%—51)+0¢2f2($i—52)+“'apfp($i_/Bp)]—yi}Q- ( )
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where a;, and (3, are the scaling and shifting parameter for each basis functions and there
are a total of p basis functions. In (4.31) f, denotes the basis functions and y; is the #-th
sample point of the goal function.

Fortunately MATLAB? offers off-the-shelf resources to implement abovemen-
tioned algorithms and users can uses those resources with minimum customizations. For
this dissertation, the "lsqcurvefit" function has been found useful and a complete cus-
tomer routine to solve our circuit synthesis problem has been written in MATLAB m-files
based on this function. This routine can be found in appendix C. Later chapters will em-

ploy this routine to optimize circuit parameters to achieve desirable circuit performances.

4.12 Summary

It has been shown that circuit synthesis technique enables flexible circuit charac-
teristics and offers the opportunity to achieve circuit characteristics independent on the
inherent characteristics (such as nonlinear characteristics) of the transistors/technologies
that are controlled by the law of physics. Although circuit synthesis techniques are not
new to analog circuits, little has been developed for power-efficient analog/RF circuits
such as RF power amplifiers.

In this chapter, a new circuit technique has been presented. This new circuit syn-
thesis technique employs a single-ended tanh-like basis to facilitate the synthesis of flexible
single-ended amplifier characteristics which are particularly useful for highly efficient (and
linear) power amplifiers. These include the ideal rectifier transfer characteristics that will
prove to be crucial for linear (and efficient) amplifiers. It was shown that the flexible am-
plifier characteristics are achieved by the manipulation of the scaling, shifting, and the
minute details of the basis independently or collaboratively.

The fundamental theories of the new circuit synthesis technique also has been de-

veloped in this chapter. It was shown that there is a analogy between circuit synthesis and

* Matlab ® is a registered trademark of The MathWorks, Inc.™
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a linear system in that the result of both are essentially the linear summation of the con-
tributions of the elementary responses (basis for circuit synthesis and impulse response for
linear system). Because of this analogy, the Laplace transform, which is well-developed for
linear systems, was proposed as an effective means to gain intuitions and design insights.
For example, this certainly has helped one to quickly understand the inherent synthesis
limitations of the derivative superposition technique in that the derivative superposition
technique is only capable of synthesizing concave-up functions. In addition to the funda-
mentals theories, this chapter has adopted mathematical algorithms to solving the para-
meter optimizations problems of the new circuit synthesis technique. MATLAB programs
has been written, based on core algorithms (such as the Gauss-Newton algorithm), to
solve practical circuit synthesis problems.

It is worth mention that although the new circuit synthesis are proposed particu-
larly for single-ended linear and efficiency circuits, the technique can be readily applied to
differential circuits. The fundamental theories developed in this chapter are also generic
and applicable to circuit synthesis techniques with other basis functions. The technique
and its fundamental theories are in fact applicable to a wide range of analog/RF circuits
(such as low noise amplifiers, mixers, op-amps, etc) beyond the interest of this disserta-

tions.
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Chapter 5

The Tanh Cascode Cell Amplifier

5.1 Introduction

The tanh cascode cell (TCC) amplifier [76], an arbitrary characteristics amplifier,
is one of the major contributions of this dissertation. The goal of this prototype is to im-
plement the new circuit synthesis technique with real analog circuits, confirm the capabili-
ty of the new circuit synthesis for achieving flexible amplifier characteristics, and also
demonstrate the linearity capability when operated with the appropriate mode of opera-
tion.

Building upon the development of the new circuit synthesis technique in Chapter
4, this chapter describes the CMOS circuit implementation and results of the world’s first
prototype of the TCC amplifier. The chapter first presents the tanh cascode cell (TCC),
as the basis functional cell for the TCC amplifier and then details the design, implementa-
tion, and measurement results of the prototype. The author also uses the optimization
algorithm described in the previous chapter to assist the design of optimum circuit biases
to achieve desirable IV TCs.
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5.2 Circuit Implementation of the Tanh-like Basis

5.2.1 The MOSFET Tanh Cascode Cell

As learned in Chapter 4, the basis function of the new circuit synthesis technique
is the tanh-like basis function. In this section, the MOSFET circuit implementation of the
tanh-like basis cell is introduced, see Figure 5.1. We have coined this circuit/cell the Tanh
Cascode Cell (TCC) for its tanh-like characteristics. Notice that although the TCC in
Figure 5.1 is based on MOSFET transistors its spirit also applies to other FETs (e.g.,
floating gate, variable threshold MOSFETs, MESFETs, and HEMTs) as well as BJTs
(including HBTs etc).

The TCC shown in Figure 5.1 is strikingly similar to a conventional cascode am-
plifier but the operation principle of the TCC is fundamentally different from the cascode.
In a conventional MOSFET cascode amplifier, both M, and M, in Figure 5.1 serve as lin-
ear devices and therefore sufficient headroom must be given at node N. This also implies a
large bias voltage at the gate of M,. In a TCC, however, voltage at node N is deliberately
reduced to a small value by biasing the gate of M, with a fairly low voltage. With this
special arrangement, the operation of the tanh-like characteristic can be explained as fol-
lows. For low input Vi, M, is off and therefore the cell current I,yr is zero. As Vi in-
creases beyond the threshold voltage of M,, M, turns on and I,y rises above zero. Mean-
while, potential at node N decreases due to the increase of Iyp. Further increases of Viy
quickly shrink the node voltage and this drives M, into the triode region. Therefore the
cell current I, is saturated as Viy further increases and as a result the overall IV TC
exhibits a tanh-like shape. Figure 5.2 illustrates the typical IV TC curve and the node
voltages N obtained from a TCC.

5.2.2 Shifting and Scaling of the MOSFET TCC

As suggested in Chapter 4, shifting and/or scaling are the two most important
means to achieve flexibility of the synthesized IV TC. For the TCC, many means are
available to achieve shifting and/or scaling. For example, if the headroom at node N is

slightly raised, the tanh-like feature is still preserved but the magnitude is increased.
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Therefore, one way to implement scaling is to operate on the bias voltage V.
However, Vj, is not the only way to achieve scaling. Absolute/relative sizing of the transis-
tor M, and M, also serves as effective means to manipulate the magnitude of the cell IV
TC. To demonstrate the above, Figure 5.3 shows a series of computer-simulated IV TCs of
MOSFET TCC cells with various V biasing and device sizing arrangements. These IV
TCs demonstrate that the magnitude of the TCC IV TC can be scaled up or down by
various means described above.

For shifting, the easiest way perhaps is via changing the bias at gate of M;, but
shifting can also be accomplished by control of the threshold voltage/body bias or other
physical means such as, but not limited to, using floating gate devices, variable threshold
MOSFETsS, etc. It is noteworthy to mention that the biasing means, device sizing, and
threshold voltage control are typically easily accessible to circuit designers—especially for
integrated circuit designers. Therefore shifting and/or scaling of the TCC are indeed ac-

complished by ample conveniently accessible circuit and/or device parameters.

5.3 The N-Cell MOSFET TCC Amplifier

5.3.1 The World's First N-Cell Prototype

To realize the new synthesis concept, the TCC amplifier is created upon connect-
ing a multiplicity of TCCs in parallel. This is schematically illustrated in Figure 5.4 for an
N-cell MOSFET TCC amplifier. Figure 5.4 therefore reveals the schematic core of the
world's first prototype on a TCC amplifier as an arbitrary IV TC amplifier. Figure 5.5
reviews the concepts of the TCC amplifier. As can be seen in Figure 5.5, the summation
of the individual cell IV TCs, when shifted and/or scaled appropriately, synthesizes the
arbitrary IV TCs for the amplifier. Necessary IV TCs then can be used to achieve the

amplifier characteristics, such as linearity, according to the design requirements.
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5.3.2 Dynamic Range

Although a flexible IV TC is a unique property of the TCC amplifier, it is not
the only useful property of the TCC amplifier. Another useful property of the TCC ampli-
fier is its ability to expand the amplifier dynamic range beyond what can be offered by
conventional amplifiers. This can be immediately understood, for example, by examining
the dynamic range of the TCC amplifier synthesizing an IRTC with tanh IV TCs in Fig-
ure 5.6. For this TCC amplifier, we observe that the dynamic range for the highly linear

region is simply

Vpr = (N =1V (5.1)

where N is the number of cells and Vs the consecutive shifting voltages between the cells.
From (5.1) we see that the dynamic range can be extended by increasing the number of
cells. The only restriction on this is the device oxide breakdown voltage. This property is
indeed different from conventional amplifiers where dynamic range is limited by device
nonlinearities. Since the oxide breakdown voltage typically far exceeds the linear range of
the MOSFET device the TCC amplifier can therefore attain much wider dynamic ranges

far beyond the limitation of the transistor in conventional amplifiers.

5.3.3 Benefits of Cascoding

In addition to having flexible IV TC and wide dynamic range, the TCC amplifier
enjoys several other benefits due to its cascode-like topology. This includes alleviation of
drain voltage stress [77], increased applicable supply voltage V), better output-input iso-
lation as well as larger output impedance. Furthermore, absolute and relative device sizing
(between M, and M,) can be exercised to improve many other amplifier properties such as
bandwidth, hot carrier degradation, and amplifier ruggedness (especially desirable for PA).
Importantly, device sizing will not impact dynamic range or linearity because consequen-
tial modifications made to the overall TC (due to scaling) can be rectified simply by
proper adjustment of the shifting and/or scaling. So there is virtually little direct trade off

between these amplifier characteristics and the amplifier TC (linearity).
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The use of a cascode structure does have a small penalty on voltage headroom (at
node N) resulting in reduced peak efficiency. However, since bias of the common gate de-
vice (M,) is deliberately reduced in the first place, this penalty will be insignificant and
can be readily offset by greater Vpp applicable to the amplifier, which is one of the afore-
mentioned advantages. Another subtle property related to the peak efficiency of the TCC
amplifier is that since the cascode structure has a fixed gate voltage for M,, the dynamic
drain voltage swing range of M, can potentially be better than that of a conventional sin-
gle transistor amplifier. From the overall performance point of view, even if peak efficiency
has to be sacrificed to some extend, the reduced voltage headroom could be more than
offset by the excellent linearity performance that is simply impossible with conventional

amplifiers.

5.3.4 Experiment Verifications

Schematic Design

A 16-cell (N=16) MOSFET TCC amplifier, the world's first prototype, has been
designed and manufactured to demonstrate the fundamental principles and concepts of the

TCC amplifiers. For this prototype the main goal is to show two of the important perfor-
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mance characteristics of the TCC amplifier: 1) Ability of synthesizing wide dynamic range
arbitrary TC including the IRTC; and 2) The high linearity (low harmonic distortions) of
the a TCC amplifier when configured as a class A IRTC amplifier. Figure 5.7 shows the
simplified schematics of the prototype. In principle, each TCC can be realized by two
MOSFET transistors. However, to save board area, a single-package dual gate amplifier,
shown in Figure 5.8, is used. This dual gate amplifier is essentially a discrete-package cas-
code amplifier with external gate biasing allowing manipulation of the shifting and scaling

for our prototype via voltage biasing.
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Figure 5.7 Simplified schematics of the TCC amplifier 16-cell prototype.

Since the wide band Class A configuration is of interest to this prototype, the in-
put t and output are matched with wide band transform. This allows impedance matching
of the instruments connected to the amplifier to measure the characteristics such as linear-

ity.

Manipulation of the IV TC

Since identical TCCs are used and they are realized by discrete commercial pack-

ages, for this prototype, scaling via devise sizing is not accessible. However, scaling can
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still be achieved via biasing of VG2. Shifting of the TCCs are easily accessible via gate
biasing of the TCCs. Therefore, even though the TCC are realized by discrete devices
ample means to manipulate the IV TC are designed and provided for this prototype.

Figure 5.8 Two SOT143R packages of NXP (Philips) BF998R dual gate MOSFET am-
plifier.

Optimization of the Bias

One of the goals of the prototype is to demonstrate the flexibilities of the IV TC.
For this prototype, only shifting is fully explored to manipulate the IV TCs. Each IV TC
needs a set of TCC gate biasing (shifting) to achieve the particular shape. As we learned
in Chapter 4, these shifting parameters can be obtained by numerical optimization algo-
rithms. Here the optimization process will be shown to obtain optimum shifting to achieve
an IRTC amplifier characteristics.

To do so, we first obtained and record the necessary prototype basis IV TC. This
can be done with computer simulation of accurate circuit models or by experimental mea-
surement. For this prototype, circuit models are available and therefore basis IV TC is
obtained from computer simulations. A typical computer-simulated IV TC of the basis
from the prototype cell is shown in Figure 5.9.

Second, we need to decide on a realistic goal that meets amplifier performance
request (such as linearity and dynamic range) but also achievable with the basis IV TC.
In our case, a reasonable goal, the IRTC, is shown in Figure 5.9. For this goal to be syn-
thesized by the 16 identical (except shifted) basis IV TCs the saturate current (approx-
imately 73.6 mA) needs to be equal to N (N=16) times the saturation current (~4.6 mA)
of the basis for the synthesis to be doable. The TCC can be scaled accordingly if the goal
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is scaled up or down. As discussed before, biasing of V., has been facilitated to scale the
TCC if necessary. Another performance of interest is the dynamic range (i.e., the range of
the linear region of the goal). This performance, according to (5.1), can be accommodated
by larger average consecutive shift between TCC cells. The exact shifting necessary to
achieve this is, of course, the task of the optimization algorithm.

Third, once the goal and TCC are decided, an initial guess of the shifting para-
meters is made to get the algorithm started. The more accurate the initial guess the faster
it the speed of convergence. Since the IRTC is linear, we thus make the intuitive guess of
equal consecutive shifting between the TCC cells. These guessed shifting parameters are
displayed in Table 5.1. Notice that to be equipped with the skill and intuition necessary to
make the hypothesis, one can consult the discussions in Chapter 4.

After the initial guess is made, the algorithm discussed in Chapter 4 is called to
search for the best shifting parameters to meet the goal in Figure 5.9. For our particular
case in Figure 5.9, satisfactory results were obtained after little computational time. The
results are shown in Figure 5.10 together with the goal and the IV TC from initial-guessed

shift parameters. The optimized shifting parameters are recorded in Table 5.1.
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Figure 5.9 Computer simulated (from circuit model) basis and the IRTC goal..
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Figure 5.10 The goal, initial guess and the results (after optimization) for synthesizing an

IRTC from the prototype.

Table 5.1 Shifting parameters before and after the optimization for the IRTC goal.

Cell # Initial guess (V)  After optimization (V)
1 0.0 0.010639
2 0.2 0.142280
3 0.4 0.235701
4 0.6 0.328915
5 0.8 0.477557
6 1.0 0.570686
7 1.2 0.780970
8 1.4 0.874978
9 1.6 1.081575
10 1.8 1.172312
11 2.0 1.416062
12 2.2 1.497312
13 24 1.639405
14 2.6 1.839105
15 2.8 2.074687

—_
[«

3.0 2.155937
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As can be seen from the above-obtained results, the optimization process success-
fully found one set of satisfactory shifting parameters to synthesize the IRTC goal in Fig-
ure 5.9. This set of shifting parameters is translated directly to the gate biasing for the
TCCs to complete the optimization process.

If in doubt, convergence of the algorithm can be verified by a plot of residuals vs.
the iteration step. This can also serve as an auxiliary means to check algorithm conver-
gence. For example, the residuals are shown in Figure 5.11 for the above optimization task
and this plot verifies shrinking residuals of the optimization process, indicating conver-
gence of the algorithm. Further verifications of converge can be made by plotting the evo-
lution of the shifting parameters against the iteration number. For our above-mentioned
task, this is shown in Figure 5.12. A progressively convergent pattern can be observed for
all of the shifting parameters, indicating again the convergence of the algorithm.

Finally, the results can be verified by re-simulating the TCC IV TC with the op-
timized shifting parameters. Figure 5.13 shows the re-simulated IV TC of the prototype
with the optimized shifting parameters in

Table 5.1. Figure 5.13 also checks this result by comparing it with the original
goal in Figure 5.9. As can be seen, a fairly good job has been done by the optimization
algorithm to synthesize the goal function with the given TCCs. At this point, the com-
plete design of the prototype, for an IRTC, is completed.

If different IV TCs are needed, the above procedures can essentially be repeated

with other desirable goal functions.

PCB and Experimental Verifications

The prototype was built on a standard 4-layer FR4 board and a picture of this
prototype is shown in Figure 5.14. In fact, there are two identical TCC amplifier proto-
types on this board. This allows us to have one as backup. An appropriate input and out-
put transformer are embedded on the board to serve as a necessary (wideband) matching

circuit as discussed in the design earlier.
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Figure 5.13 Re-simulated IV TC of the TCC amplifier after optimization.

Although the prototype can achieve versatile amplifier characteristics owning to
its flexible IV TCs, the two most important properties to be demonstrated with this pro-
totype are its flexible IV TCs and its high linearity when configured as a Class A amplifier
with the IRTC. The first requires us to be able to measure the IV TC of the amplifier. To
do so we take advantages of the XY mode of an oscilloscope to display the input and out-
put voltages of the amplifier and plot them on Cartesian co-ordinates. The above setup is
depicted in Figure 5.15. Since the output voltage is proportional to the prototype current,
this plot therefore displays the shape of the IV TC and the exact IV TC can be computed
simply by dividing the output by the total output resistor. For this prototype, a sinusoidal
of ~1 MHz is used to perform the above measurement task. Tuning of this single-tone sig-
nal frequency may be necessary to ensure a perfect 180° out phasing between the input
and output for the IV TC to look realistic. To do this, the frequency of the single-tone

signal is varied slowly until the displayed curve looks satisfactory.
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Figure 5.14 The discrete 16-cell MOSFET TCC amplifier prototype.

To demonstrate the flexible IV TCs, the prototype is configured for the following
three sample IV TCs: an increasing-gm IVTC, a flat-gm IV TC and a decreasing-gm IV
TC. These IV TCs are achieved though appropriate shifting arrangements of the TCCs
which, as discussed earlier, can be obtained by calling the numerical optimization algo-
rithm with the corresponding goals. However, biasing can also be found by manual tuning.
Manual tuning of the biasing is not only an alternative to optimization but also a necessi-
ty since the computer-optimized parameters are, after all, dependent on the accuracy of
the circuit models. Inaccurate transistor models (which is the case for the discrete com-
mercial packages) defeat the accuracy of the numerical algorithms. Even if the circuit
models for the transistor are accurate, the model may not include the effect of other on-
chip devices such as the ESD and therefore results may not be accurate with computer-
based numerical optimization algorithms. For these reasons, both the computer-
optimization algorithms and manual tuning are exercised to achieve the desirable IV TC.
This is certainly true for the case of IRTC when configured as a highly linear Class A am-

plifier.
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Figure 5.15 Measurement setup for IV TC measurements.

Figure 5.16 shows the measured IV TCs of the prototype. As can be seen, an in-
creasing-gm IV TC, a flat-gm IV TC, and a decreasing-gm IV TC are obtained from this
prototype. These various IV TC demonstrate the flexibility of the prototype as intended.
We therefore name this prototype an arbitrary transfer characteristic amplifier. In addi-
tion to its flexibility, the prototype also exhibits a very wide dynamic range compared to a
conventional linear cascode amplifier (also shown in Figure 5.16). For example, by inspec-
tion of the measured results in Figure 5.16, we notice the prototype achieves a dynamic
range of more than 1.2 V, which is six times that of a conventional cascode. It is notewor-
thy to mention that for this measurement the linear cascode is also obtained from the
prototype. This is achieved by raising V., of the prototype to allow ample headroom at
node N and applying zero shifting for the TCCs. This virtually transforms the prototype
into a conventional linear cascode with ample headroom with 16 identical parallel units.
Therefore, the flexibility of the IV TCs are demonstrated again and the advantage has
been taken to conveniently construct a conventional linear cascode without additional

hardware design for measurement purpose.
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Figure 5.16 TCs synthesized by the TCC amplifier and comparison with that of a linear
cascode: (a) IV TCs; (b) transconductance (gm) of the IV TCs.
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We now demonstrate the high-linearity capability of the prototype when con-
structed as a Class A amplifier with IRTCs. To do so, the prototype is configured with
IRTC earlier is utilized here and biased for Class A operation. The prototype under this
condition is then injected with a single-tone signal at 2 MHZ and the linearity of the pro-
totype is recorded by measuring the harmonic distortions. Figure 5.17 shows the experi-

mental setup for this task.
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Figure 5.17 Experimental setup for measuring the harmonic distortions of the prototype
biased for Class A mode with the IRTC.

Since spectrum analyzers are used for measuring harmonic distortion (HD), it is a
good practice to ensure matching of the prototype input and output impedances to 50
ohm (the impedance of the spectrum analyzer). This is done by the wide bandwidth trans-
formers as shown in the schematics in Figure 5.7. These high frequency wideband trans-
formers comfortably cover all of the harmonics as well as the fundamental for our task and
thus ensure reliable results. We show the measured HD results (second (HD2), third
(HD3), fourth (HD4) and fifth (HD5) harmonic distortions) in Figure 5.18. These results
are also compared with measured HDs from a conventional linear cascode (configured with
the same prototype hardware). As can be seen from Figure 5.18, the linear prototype
achieves 50 dBc for all HDs demonstrating its excellent linearity. We compare this kind of
performance with that of the conventional linear cascode to prove that the prototype out-
performs by at least 20 dB. Also interesting is the non-classical slope for all harmonic dis-

tortions as clearly indicated in Figure 5.18. Notice that the comparison in Figure 5.18 also
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confirms the very-wide dynamic range observed from the IV TC earlier, as indicated by a
much higher amplifier 1 dB compression point.

Since the linearity of the conventional cascode amplifier is dominated by the
common source device, it is comfortable to conclude that similar HD performances exists
for a normal MOSFET transistor (with similar process technologies). This implies that
similar improvement of HD can be observed from the linear prototype when compared

with a normal Class A MOSFET transistor amplifier.
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Figure 5.18 Measured harmonic distortions (HDs) of the 16-cell prototype (Class A IRTC)
and comparison with that from the linear cascode amplifier.

5.4 Summary

A CMOS circuit implementations of the newt circuit technique has been pre-
sented in this chapter. The TCC has been invented to realize the tanh-like basis cell for
this prototype. The operation and goal of the TCC is fundamentally different from the
conventional linear cascode although the appearances are similar. The key to achieving the
tanh-like IV TC is through the reduction of the circuit headroom. Reduced headroom

consumption also has less impact on power efficiency and loss of power efficiency ia offset



95

by improved linearity and other amplifier performances. In fact, due to the topology simi-
larity between the TCC and the conventional linear cascode, many performances advan-
tages (such as stability, increased breakdown voltages, etc) of the conventional linear cas-
code also exist in the TCC amplifier. Shifting and biasing can be achieved by many means
such as voltage basing and device sizing. This allows ample opportunities to manipulate
the amplifier characteristics and hence the name 'arbitrary IV TC amplifier' for the proto-
type. The mathematical algorithms in Chapter 4 has also been used to assist the design of
the prototypes to achieve the pre-defined amplifier characteristics. Discrepancies between
computer-simulated results and the measurements are due to inaccuracies of circuits mod-
els and they are overcome by experimental tuning of the parameters. Therefore desired
amplifier characteristics are guaranteed thanks to the circuit synthesis flexibility and the
ample means to exercise scaling and/or shifting. Therefore desirable amplifier characteris-
tics are achieved independent on the transistor /technology nonlinearities.

The flexibilities of the amplifier characteristics have been demonstrated by the
measured variable transfer characteristics and the excellent linearity when operating as in
Class A mode (with the IRTC) has been demonstrated by the measured low harmonic
distortions. Therefore the goals of this prototype have been reached. Its versatility has,
however, many other uses. For example, the prototype can be configured to achieve the
specific distortion characteristics to performance as an analog predistorter to linearize
other power amplifiers. Particularly since we have proven and confirmed its flexible cha-
racteristics, it can be used as a highly linear and efficient RF power amplifier under other
mode of operation (such as Class AB). We are confident that high linearity is attainable
thanks to its IV TC flexibility to compensate distortions and this can also be done for all
operating power levels.

We certainly expect these properties from the prototype at least at low frequen-
cies since only AM-AM distortions exist. However, at radio frequencies (RF), several issues

need to be addressed and this is elaborated in the next chapter.
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Chapter 6

A Highly Linear and Efficient
CMOS RF Power Amplifier

6.1 Introduction

This chapter delineates another important application of the new circuit synthesis
technique developed in Chapter 4: a highly linear CMOS RF PA for current and future
portable communications systems. The motivations for conceiving and developing such an
RF PA will be reviewed and the values of employing the circuit synthesis technique ap-
proaches for such RF PAs will be discussed. The new circuit synthesis technique will be
further developed in this chapter in order to solve issues at RF. In particular, a 2D circuit
synthesis technique is developed in this chapter to overcome both AM-AM and AM-PM
nonlinearities in the CMOS RF PA, and a new circuit, coined the nonlinear capacitor
network (NCN), is conceived and developed to facilitate the implementation of the 2D
circuit synthesis technique. Again, the world's first prototypes of the highly linear CMOS
RF PA is designed, fabricated and measured to demonstrate its state-of-art performances.
This includes prototypes of the highly linear and efficient CMOS RF PA as a whole unit
and as individual units such as a standalone Class AB TCC amplifier and a standalone
NCN. For comparison purpose, a conventional CMOS RF PA is also designed and fabri-

cated on the same die and its measured performance is also used to benchmark the proto-

type.

6.2 Why Circuit Synthesis Technique for RF PAs

As discussed in Chapter 3, there have been many circuit-level solutions [18-28] to

compensate for the nonlinearities of RF PAs over more than six decades of research. These
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approaches tend to involve "stand-alone" [18, 19, 42, 44, 78-82] or "one-to-one" distortion-
cancellation-like approaches [20-28, 34, 37-39] to achieve linearity. These approaches can
be summarized for a typical case in Figure 6.1. As can be seen, in these approaches the
idea is to identify the dominant nonlinear source of the transistor (used for the RF PA)
and devise a scheme to cancel these nonlinearities by introducing a complementary nonli-

nearity from another transistor.

Vpp
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Figure 6.1 Conventional linearization technique replying nonlinearities from another device.

While moderate linearity improvement can be attained in these approaches, the
performance boundary is ultimately set by the degree of matching between the nonlineari-
ties and, unfortunately, this degree of matching is controlled by the fundamental device
operation. Device engineers have little maneuver ability to control the transistor nonlinear
characteristics (either IV TC or CVC) and therefore, final performances relies on the inhe-
rent linearity of the transistor technology. Even though perfect matching may exist for
certain conditions (such as power level, or temperature), maintaining this matching for

other circuit conditions for a wide dynamic range is extremely difficult, if not impossible.
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6.3 The New Approach

The above has thus provoked the conception and development of a new circuit
synthesis technique in Chapter 4. A circuit implementation, the TCC amplifier, has been
detailed in Chapter 5 to demonstrated the fundamentals characteristics and capabilities of
the TCC amplifier. In this chapter, we build on the understanding developed in previous
chapters to develop an highly linear an efficient CMOS RF PA.

VDD
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Figure 6.2 Conceptual amplifier with flexible IV TCs to combat amplifier nonlinearities.

Figure 6.2 shows the basic approach to realizing a highly linear and efficient
CMOS RF PA. As shown in Figure 6.2, the idea is to use an amplifier with flexible TV
TCs and configure it with necessary characteristics to tackle the amplifier linearity issues.
As discussed Chapter 5, the TCC amplifier is an ideal candidate for an amplifier with
flexible IV TC. However, the TCC amplifier in Chapter 5 was configured as a Class A
amplifier. Here the TCC amplifier will be used, as will be seen, as an efficient Class AB
power amplifier. Although the linearity of the TCC as a Class A amplifier has been stu-
died and confirmed in Chapter 5 the linearity of the TCC amplifier configured as a Class
AB operation modes has not been demonstrated. We will kick off the development by
demonstrating the ability to manage distortion of the Class AB TCC amplifier and there-
by show that it has better linearity and efficiency potential than conventional designs such

as the derivative superposition.
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6.4 The Class AB TCC PA

6.4.1 Review of TCC Amplifier

To help the reader appreciate the basics relevant to this chapter, the fundamental
characteristic of the TCC amplifier [76] is reviewed briefly. As shown in Figure 6.3(b) the
TCC amplifier encompasses a multiplicity (N) of tanh-like TC cells in parallel. It has
been demonstrated previously that the summation of a number of these cells, when prop-

erly scaled (vertical) and/or shifted (laterally), results in arbitrary IV TCs as desired.
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Figure 6.3 The Tanh Cascode Cell Amplifier - an arbitrary TC amplifier [76].

The tanh-like IV TC of each cell is obtained by purposely introduced reduced
headroom at node X (Figure 6.3a). Thus the TCC amplifier is fundamentally distin-
guished from a conventional cascode amplifier in that the reduced headroom saturates the
IV TC when V,y is high and thereby resulting in the desirable tanh-like shape [76].

Perhaps the most important characteristic of the TCC amplifier is its ability to
synthesis arbitrary IV TCs. This flexibility stems from vertical (magnitude) scaling and /or
vertical shifting of the cell IV TCs. While scaling can be accomplished via rela-
tive/absolutely device sizing, bias of Vi, etc shifting can be attained through threshold
voltage manipulation, gate bias, and other means. Notice that although some of these

means are only available to device/process engineers many are easily accessible by circuit

designers.
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6.4.2 Managing AM-AM Distortions

Typical TCs of the TCC amplifier and its cells are shown in Figure 6.4. These
curves are generated from 12 (N=12) identical tanh-like TCC cells. With IV TCs similar
to that in Figure 6.4, it will be shown that the TCC amplifier can be highly linear (and
efficiency) if operated under Class AB mode. To do so, first consider its linearity with a
very small input stimulus (i.e. low power range). The distortion signature in this case can

be well-modeled [83, 84] by the general Taylor series of the IV TC:

Ids = agm Vm + gm2Vin2 + ngVinS + e (61)

For a narrow band PA, it is well-known that the primary source of distortion originates
from the third term in (6.1). Therefore to eliminate distortion for low power ranges, the
TCC amplifier needs to be biased at gm;=0. Figure 6.4 shows the IV TC in Figure 6.3
and its gmy. As can be seen, the third-order Taylor series coefficient is zero for various bias
points. Therefore linearity (under small stimulus) can be achieved at any of these bias
points. However, in order to achieve efficiency as well as reasonable gain, the suitable bias
point is arguably the Class AB point indicated in Figure 6.5. At this point gm, vanishes,
the slope of IV TC is nonzero, and the bias current is small. The above thus guarantee
that at the Class AB point the TCC amplifier shall be distortion-free.

We can now compare this situation with that of the normal MOSFET transistor
PA and the derivative superposition PA to demonstrate the linearity and efficiency advan-
tage of an amplifier with flexible IV TC. Figure 6.6 depicts the linearity and efficiency
principle for a normal MOSFET PA, a derivative superposition PA and the prototype PA.
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For the normal MOSFET PA, due to the inherent nonlinearities of the transistor,
linearity performance of the amplifier is poor in general regardless of the region it is biased
at and unfortunately the transistor nonlinearities cannot be altered by the designer to
achieve required linearity.

As learned in Chapter 3, the derivative superposition synthesizes a zero gm; IV
TC (essentially a square-law characteristics). The proposed bias for the derivative super-
position technique is thus within the region indicated in Figure 6.6 as this is the region
where gm, is synthesized to be zero (to achieve zero IMD distortions). Although gm, is
neutralized in this region, biasing within this region fundamentally limits the power-
efficiency of derivative superposition PAs to since the DC current is substantial (i.e., it is
effectively biased for Class A). The Class AB bias point, as indicated in Figure 6.6, can
also be used as the bias point for the derivative superposition technique to achieve zero
IMD distortion for small stimulus since at this point gm is also zero. However, this is not
the original intention of the derivative superposition technique. Furthermore, at this point
linearity is only guaranteed for small stimulus; for large stimulus, any distortion originated
from the derivative superposing IV TC characteristics may not be eliminated due to inhe-
rent synthesis limitations of the derivative superposition technique. For example, the over-
all IV TC for linearity under large stimulus may need to be a non-concave-up IV TC and
we have shown, in Chapter 4, that the derivative superposition technique is not capable of
synthesizing this kind of IV TCs.

The Class AB prototype PA, however, is biased at the Class AB point. This
points ensures efficiency. This Class AB point is also, as shown earlier, the point at which

linearity is achieved for low input stimulus.
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Figure 6.6 Illustration of the linearity and efficiency principles for the normal MOSFET transistor PA, a derivative super-
position PA and the prototype PA.
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For large stimulus, owning to the flexibility of the IV TC, we can still show that
the TCC can be potentially highly linear. To do so, we assume, without loss of generality,
that the TCC cells are identical and then plot the IMD3s against the peak two-tone vol-
tage swing on a linear scale. Figure 6.7 plots computer-simulated IMD3 curves for our
example IV TC cells biased at the Class AB point.

Inspection of Figure 6.7 reveals some interesting features of these IMD3 curves.
First, the IMD3 from the cell with the highest gate bias is zero for small power levels.
This corresponds with the result of the Taylor series model. Second, it becomes increasing-
ly more negative and then gradually reduces in magnitude at higher power levels. Third,
the IMD3s of the rest of the cells are also zero at low power levels and become increasing-
ly more positive and then eventually decreases. Since the overall IMD3 characteristics is
the summation of the cell IMD3s the sign difference between these IMD3 curves provide
opportunities to yield zero overall IMD3. Such features lead to the ability to manipulate
the shift and/or scaling of the TCC cells (and hence their IMD3 curves).

Although the above results entails the amplifier's ability to exhibit zero distortion,
the most powerful ability is its capability of overcoming any AM-AM distortions inherent
and/or external to the transistor and/or amplifier. This is because these distortions, re-
gardless of its origin and complexity, merely present themselves as a "lumped sum" of
IMD3 curve on Figure 6.7 and it is a simple matter to neutralize this "extra" curve by
modifying the shifting and/or scaling of the cell IV TCs.

Therefore we have shown that it is indeed feasible for the Class AB CMOS TCC
amplifier to be highly linear and we have also compared these advantages with the deriva-
tive superposition PA and a normal MOSFET PA. Furthermore, it is worth mentioning
that the compensation can be achieved for minute details at all operating power, resulting

in a wide dynamic range.
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Figure 6.7 Normalized IMD3 of typical TCC cells with Class AB bias.

6.4.3 Typical Class AB TCC PA Performance at Low Frequencies

To experimentally verify the above argument, we designed and measured the IMD perfor-
mance of a low frequency narrow band Class AB TCC CMOS PA using a commercial
CMOS process. A 12-cell (N=12) narrow band TCC Class AB CMOS PA was fabricated
and input/output matching networks are provided on PCB. The simplified schematics of
this amplifier is depicted in Figure 6.8. To simplify the layout identical TCC cells are used
with short channel device (0.18 pm) for M,, Figure 6.3(a)) and thick oxide device (0.4 pm)
for M,, Figure 6.3(a). Bias for the TCC cells is applied off-chip for tuning and data collec-
tion purposes. Typical measured gain, PAE and IMD performances of this Class AB
CMOS TCC-amplifier PA at 13.56 MHz are shown in Figure 6.9. These results indicate
that the Class AB TCC PA simultaneously achieves high PAE and low IMD3 for the en-
tire operating power range, confirming its linearity and efficiency capabilities at low fre-

quencies.
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Figure 6.8 Simplified schematics of a typical narrow band linear Class AB TCC power
amplifier at low frequency.

6.5 Managing Both Real and Imaginary Distortions

6.5.1 Issues and Solutions at Higher Frequencies

In a conventional RF PA reactive components, linear or nonlinear, become signif-
icant and therefore introduces AM-PM distortion at output. For example, the parasitic
emitter inductor for a BJT RF PA, although linear, may contribute AM-PM distortion
[85]. For a MOSFET transistor, the nonlinear gate capacitance becomes a notorious source
of amplifier AM-PM nonlinearities [27, 69] at RF. Even external reactive nonlinearities,
such as the nonlinear capacitance of the ESD devices, may also deteriorate the amplifier
AM-PM linearity.

Although the low frequency Class AB TCC amplifier is different from conven-
tional RF PAs, AM-PM distortions will also become noticeable at RF in the TCC Class
AB amplifier despite its excellent AM-AM linearity performance at low frequency. To
demonstrate the existence of AM-PM distortions in the TCC amplifier, the simulated low
and high frequency IMD3 of a typical Class AB CMOS TCC amplifier are compared in
polar form in Figure 6.10. As seen in Figure 6.10, the imaginary (quadrature) component

of IMD3 becomes significant, in additional to the small real (in-phase) component, when
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the TCC amplifier is applied to higher frequency. For these IMD3 characteristics, the am-
plifier TCC is optimized to give minimum real distortion components via necessary shift-
ing of the TCC cells. Nevertheless, while the real distortion component has achieved excel-
lent performance as shown in Figure 6.10, the imaginary component can, unfortunately,
not be managed for the simulated amplifier. Therefore, a strategy to manage the AM-PM

distortions become necessary for the Class AB TCC PA operated at RF.
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Figure 6.9 Typical measured Gain, IMDs, and PAE of a typical linear Class AB TCC PA
at 13.56 MHz.

6.5.2 Proposed Overall Architecture

We propose a tunable nonlinear capacitor block additional to the TCC amplifier
to manipulate the imaginary distortion component. This tunable nonlinear capacitor,
coined the nonlinear capacitor network (NCN), completes the architecture of our highly
liner CMOS RF PA as delineated in Figure 6.11. Notice that the NCN block location and
topology relative to the TCC amplifier can be plethora: shunt, series, pre- or post- etc.
However, a strategic location and topology account for practical design restrictions and

design goals. For this work, a pre-shunt topology is adopted, as shown in Figure 6.11.
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Figure 6.10 Computer-simulated IMD3 of a typical Class AB TCC amplifier for low (10
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Figure 6.11 Overall architecture of the highly linear and efficient CMOS RF PA.
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The tunability of the NCN is achieved via circuit synthesis concept that is akin to
that of the TCC amplifier: necessary CVCs from the NCN can be used to compensate the
imaginary component thereby eliminating the aforementioned AM-PM issue. Being yet
another circuit synthesis technique, it also entails independence of the NCN performance
on transistor technology. All together, the TCC and NCN explore the advantages of cir-
cuit synthesis to facilitate a two-dimensional catering for the RF PA distortion at all op-
erating powers levels. Detailed implementations of the NCN will be discussed next before

deign of the complete amplifier is detailed.

6.5.3 The NCN

The concept of the NCN realization is to use a multiplicity of parallel nonlinear
capacitors (varactors) cells from the transistor and synthesis flexible CVCs with appropri-
ate scaling and shifting. Figure 6.12 illustrate this idea by using a total of K parallel va-
ractors.

For this work, the varactor cells can be obtained from a MOSFET. The choice of
MOSFET varactors are ample: both NMOS and PMOS devices can be used and various
terminal configurations are possible [40, 58]. For this work, we will used the popular gate
to drain/source NMOS varactor (Cg-sd varactor) deemed most useful for our RF PA.

An NCN based on Cg-sd varactor is designed and fabricated to demonstrate the
basic principles. This NCN is constructed from 0.4 pm NMOS Cg-sd varactors available
from a commercial CMOS process. Figure 6.13 shows various measured CVCs from the
fabricated NCN with different shifting (scaling are equal for all cells) arrangements. Also
shown for comparison is the measured CVC from a conventional NMOS Cg-sd varactor.
As can be seen, flexible CVCs can indeed be achieved from the NCN. It is also interesting
to note that one of the CVCs that this NCN is capable of, the linear CVC (also shown in
Figure 6.13), exhibits significantly wider dynamic range compared to that of a MOSFET
normal varactor. Although such characteristic may not be of particular merit for our RF

PA, it is highly desirable for other applications such as VCOs [86].
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Figure 6.12 Simplified schematics of a typical shunt NCN with NMOS gate varactors.
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Figure 6.13 Various measured CVCs a fabricated 10-cell NCN.
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6.6 Design of the Complete Prototype

6.6.1 Trade-offs with Number of TCC Cells

In the design of a linear TCC power amplifier, one of the important decisions to
make is the number of TCC cells, N, as this number is related to various trade-offs with
TCC amplifier electrical performance.

First, N determines the synthesis resolution. Larger N translates to higher resolu-
tion as it provides opportunity to archive not only zero IMD3 but also zero IMD5 and
even zero MD7. Therefore, larger N entails better linearity but improvement will be mar-
ginal as N gets very large since linearity is typically predominated by IMD3. Accordingly,
there is a weak trade-off between N and linearity and this trade-off diminishes as N gets
larger.

Second, a larger number of TCC cells also implies a larger dynamic range. To
understand this, Figure 6.14 delineates the IV TCs of a somewhat ideal TCC amplifier
with identical tanh IV TC cells biased for equal consecutive shift, V.
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Figure 6.14 IV TC of an N-cell TCC amplifier with identical tanh IV TCs.
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Also shown in Figure 6.14 is the highly linear and efficient Class AB bias point. Inspection
of Figure 6.14 reveals that the dynamic range (the maximum input swing before IV TC

clipping), Vg, is simply:
Vpr = (N —=1)Vs. (6.2)

Therefore a large dynamic range can be obtained by employing a large number of TCC
cells. Unlike a conventional amplifier, this dynamic range is not restricted by device nonli-
nearities but, rather, limited by gate oxide breakdown.

Third, the number of TCC cells is also related to gain and average efficiency. To
understand this, consider the linear summation of the cell currents from the ideal TCC
again. We show this summation as well as pertinent transconductances in Figure 6.15. For
this ideal TCC amplifier, if the shifting between the cells are sufficiently large it can be
easily shown, using simple linear interpolation, that the quiescent current, I, is approx-

imately 1/4 of the cell saturation current, I,,, at the Class AB bias point:
IQ ~ ilmt- (63)

Also, the peak gm of the TCC amplifier, gmqq, is approximately equal to the peak of cell
am (Where Izl/4lsat)7 gmce,ll, p(iuk:

amrcc,PEAK =~ 9Mecell, peak (64)
More interestingly, the overall transconductance at the Class AB point (where gm; of the

overall TCC is zero) is half of its peak and thus approximately equal to half of the peak of

the gmcell, pea,k:
=1 ~1 6.5
, Class - s cell,peak * .
gMrCe, Class AB = 3 YMTCC,PEAK = %5 §Mcell, peak (6.5)

Therefore, we immediately notice that the gain of the TCC amplifier under Class AB
mode is about 6 dB lower than the same TCC amplifier biased for Class A mode. Now,
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the peak current capacity, Ipg.x, of the overall TCC amplifier is, as indicated in Figure

6.14,
Ippax = Nlgy- (66)

Substituting (6.6) into (6.3) yields the quiescent current I, in terms of the number of TCC

cells:

I
Ip= ZLJGK. (6.7)

Since Ippx is fixed for a targeted power capacity, then from (6.7) a larger number of TCC
cells entails smaller quiescent bias current I, Furthermore, it is well-known that a small I,
gives a better average efficiency due to increased instantaneous efficiency at lower power
levels. Accordingly, larger number of TCC cells entails better average efficiency. This im-
portant relationship also suggests a new definition, the "peak dynamic DC current to

quiescent current ratio", a;, to compare RF PA average efficiencies:

I
o = “DCLEAK (6.8)
Iq

where Ipgppay is the peak dynamic DC current consumed by the amplifier when operated
at its maximum linear output power. Clearly « is large if the ratio of peak instantaneous
current, ipgux, t0 the quiescent current is also large. We will thus also define this ratio,

the" peak instantaneous current to quiescent current ratio", 3

1
B = -LEAK (6.9)
Ig

where ipg,x is the peak instantaneous drain current of the amplifier when operated its full

linear output power. Obviously, greater § implies better average efficiency. For our TC
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amplifier ipp, . is simply Ipgx (see Figure 6.14). Therefore, from (6.7) and (6.9) we ob-
tained for the ideal TCC amplifier the simple relationship between 3 and N:

3 =4N. (6.10)

(6.10) thus indicates that greater N translates to better average efficiency. On the other
hand, by inspection of Figure 6.15b, Ipg,x is given by:

[pea,k = fgm d‘/m ~ ngCC,peak,VDR- (611)

Assuming Vi is fixed and substituting (6.2) and (6.5) into (6.11) we have

gm = ﬂ’ (6.12)
2(N —1)Vy

suggesting that, for a fixed peak power capacity, increasing the number of cells implies
reduced PA small signal gain®.

(6.10) and (6.12) reveal the fundamental trade-offs between the amplifier gain
and the average efficiency for the Class AB TCC amplifier. These trade-offs, along with
the others, are summarized in Table 6.1. From this table, it can be concluded that if the
gain of the TCC cell/amplifier is inherently high, then virtually all of the remaining PA
performances can be improved by increasing the number of cells.

The above suggests that the design goal of the RF TCC amplifiers is to optimize
the small signal gain whenever possible and then translate it into better efficiency by us-
ing a larger number of TCC cells. For the case of our prototype, the maximum number of

TCC cells are restricted by gate oxide breakdown as well as the maximum number bias

4 The gain reduction can be somehow recovered by reducing the shifting voltage VS but minimum VS is restricted by the flexibility
demand to synthesis the necessary IV TC for linearity
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pins allowed. Therefore, a total of 12 TCC cells are used for our prototype to trade off

performance and total pin counts, and to retain a safe oxide breakdown margin.

6.6.2 TCC Device Sizing, Shifting and Scaling

To reduce layout complexity, identical TCC cells are designed (but they are bi-
ased differently). Short channel transistors (0.18 pm for our process) are used for common
source device, M, in Figure 6.3(a), to obtain maximum small signal gain. The short chan-
nel device also reduces the input nonlinear capacitance and therefore smaller varactors can
be used. This translates to less power loss in the NCN and hence higher gain.

A long channel thick oxide transistor is used to improve breakdown and hot car-
rier effects. The absolute and relative sizing of M; and M, should take into consideration
the peak cell current capacity, available headroom, and capacitance at node X and at the
output. For example, increasing the relative size ratio of M, to M, would increase the peak
cell current while over-loading M, and adding excessive output capacitance.

Shifting is controlled via voltage biasing (as opposed to, for example, threshold
voltage manipulation). In the case of scaling, multiple means are designed to provide am-
ple opportunity to scale the cell currents and thereby better manipulate the TCC charac-
teristics. These include absolute/relative device sizing (which are fixed once layout is fi-
nished) and biasing of Vi, (of M,).

6.6.3 NCN Varactors and Number of NCN Cells.

Although the choices of NCN basis cells are ample, for our prototype a few im-
portant factors need to be specifically considered. First, high quality (@) factor varactors
are desirable as it improves the gain and consequently other electrical performances. Here

the @ factor is defined in the small signal sense as

Q=22 (6.13)

where ¢ and r are small signal equivalent series capacitance and resistance respectively. It
is worth mentioning that the @ factor of a Cg-sd NMOS varactor adopted in this work

generally improves with device scaling [86] (i.e., as the device sizes reduces). Therefore,
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short channel NMOS devices are preferred. On the other hand, short channel devices may
limit the dynamic range of the amplifier due to gate oxide breakdown.

Our experience indicates that 0.4 um thick oxide devices may be desirable to
support the necessary dynamic range to sustain input swings for both normal operation
and experimental verification purposes. Measured @) factors of a 0.4 yum NMOS Cg-sd va-
ractor based NCNs (adopted for this work) are plotted in Figure 6.16 for a variety of
CVCs previously exhibited in Figure 6.13. These results maybe pessimistic since the loss
in the experimental setup (cables, microstrip etc) are not de-embedded. Nevertheless, it
seems that reasonable ) factors are possible for this NCN.

Second, the shape of the varactor needs to be able to facilitate the necessary
NCN CVC shape. This requirement is, however, somewhat relaxed since significant flex-
ibility can be offered by scaling and/or shifting. For the TCC amplifier, one of the major
contributors of AM-PM distortion is the input gate capacitance. Therefore it is plausible
to use a NMOS Cg-sd varactor in the NCN basis cells as their CVC shape resemble to
that of the input capacitance.

Akin to that of the TCC amplifier, the number of NCN cells is directly related to
the linearity (resolution) and dynamic range. A good design of NCN is thus also a task of
balancing the oxide breakdown budget, dynamic range, and, for our prototype, the pin-
number restrictions. For this work, we limit this number to ten in order to comply our

chip pin number limitations.

6.6.4 NCN Capacitance, Shifting, and Scaling

The magnitude of the nonlinearities of the NCN needs to be sufficiently large to
necessarily compensate the AM-PM distortions. Therefore, the total (nonlinear and linear)
NCN capacitance needs to be adequately large to accomplish this goal. However, exces-
sively large NCN lowers the @ factor at the gate input and thus reduces the small signal
gain. Our experience indicates that for the NCN to be effective, the total NCN capacit-
ance should be comparable to the input capacitance of the TCC and this capacitance

should be kept minimum whenever possible.
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Table 6.1 Trade-offs between N and the amplifier metrics.

Larger N Smaller N

Linearity Improves but diminishing returns Degrades with very small N
Average eff. Improves Degrades
Gain Degrades Improves
Dynamic range Improves Degrades

20

- ee=e== Q- concave down
===== Q- concave up
Q- linear CVC
Q - normal NMOS

18|

16

14

12

-1 -0.4 0.2 0.8 1.4 2
Ve.sp (V)
Figure 6.16 Measured @ factors for the NCN CVCs in Figure 6.13.

6.6.5 Schematics and Gate Inductor

Figure 6.17 shows the simplified schematic of the complete prototype. As can be
seen there are more than 23 biasing controls to alter the IV TC and/or CVC characteris-
tics of the prototype to achieve linearity performance. These controls also allows us to
extract data for experimental verification and analysis purposes.

To resonate out the (linear) input capacitance, an on-chip high @ inductor is em-
ployed, as seen in Figure 6.17. It is important to optimize the @ factor of this inductor
since, as we recall from earlier discussion, that greater () can be translated to better effi-

ciency.
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Figure 6.17 Simplified schematics of the complete CMOS RF PA.
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6.6.6 Cascode Advantages and VDD

Although the spirit of the cascode configuration for the TCC is fundamentally
different from other cascoding circuits, the TCC amplifier shares many common benefits.
These include reduction of the Miller effect and thus improvement of bandwidth [87], in-
crease of output to input isolation [88] and hence improvement in amplifier stability, and
increased output impedance. Furthermore, necessary absolute and relative device sizing
(between M,; and M,) can also be exercised to improve amplifier performance without
harming dynamic range or linearity due to the unique independence of linearity on circuit
modifications. The small peak efficient penalty, if any, can be offset by improvement of
linearity and other performances [76].

To ensure reliability, the drain-to-gate (oxide) voltages of the CMOS device must
not exceed the recommended DC V. For analog and digital circuits, this can usually be
met without issues but for RF PAs the instantaneous drain voltage can exceed the DC
supply and therefore cause hot carrier stress issues. To alleviate this issue, the DC supply
voltage may need to be reduced. However many reports have indicate that an RF PA with
Voo equal or exceeding the DC ratings by 1.44 times [27, 57, 89-93] or even more [89, 94]
can operate without noticeable performance degradation. This is certainly true for RF
PAs with cascode configurations where the peak RF stress is typically 1.5 to 2.0 times the
supply voltage [57, 89, 92, 93]. The argument for such high peak RF stress is perhaps the
low-duty cycle and non-constant-envelop nature of the RF signals and this is particularly
true for signals such as WCDMA. Furthermore, it has been argued [89] that hot carrier
stress is also less severe under low-temperature and/or low current density conditions.
These conditions exist for our prototype since the cell-nature of our prototype requires
distributed layout of the amplifier and most cells only consumes power for, at most, half of
the cycle as the amplifier, and hence each cell, since it is biased in Class AB mode.

The above arguments lead to the choice of Vp=3.6 V for this prototype. Figure
6.18 shows the simulated voltage waveforms across drain and gate of the common source
device, which is the device under most stress. As can been seen, the peak RF stress of the
prototype with 3.6 V supply is 5.09V (1.54 times the recommend DC supply voltage) for a
two-tone signal at 24.1 dBm peak output power. This figure is similar to or lower than
that for many recently reported CMOS RF PAs[27, 57, 89-94].
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Figure 6.18 Drain-to-gate-voltage waveform of the common source device in the worst-
scenario TCC of the prototype.

6.6.7 Bias Searching Algorithm

Similar to a normal RF PA, the number of the nonlinearity contributors scattered
across the prototype is expected to be very large. This formidable number plus possible
external contributors such as that from ESD devices makes explicit analysis of the neces-
sary biasing voltages almost impossible. Although dominant nonlinearities can be identi-
fied and analysis can be simplified by ignoring the other distortion contributors, it is not
recommended since this defeats the goal and advantages of this amplifier. From a design
stand point, it is thus more feasible and efficient to call for mathematical optimization
tools to search for the best circuit parameters.

Our problem is essentially a multi-variable (more than one bias) and a multi-
dimensional (AM-AM and AM-PM, i.e. magnitude and phase) optimization problem. Fur-
thermore, since our basis for IV TCs and CVCs are nonlinear it is therefore a nonlinear
multi-variable multi-dimensional optimization problem. Mathematical algorithms to solv-
ing this kind of optimizations problems are well-developed and documented [75]. It is
beyond the scope of this work to develop a new algorithm. Rather, available algorithms
are studied and those most useful for our purposes are applied. For this work, we will use

the Gauss-Newton algorithm for its simplicity as well as effectiveness.
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The Gauss-Newton algorithm is a generic algorithm and it is typically globally
convergent [75]. Therefore it is theoretically possible to apply this directly to our problem.
While this may be feasible, it is ineffective due to large-scaled nature of the problem. A
better strategy is to incorporate engineering intuition: we know that the TCC is primary
responsible for the real distortion component while the imaginary distortion component
mainly responses to the changes in NCN; also, we may assume that IMD3 typically domi-
nates amplifier distortion. These set the optimization goal to be the real and imaginary
IMD3 components and, moreover, these two goals can be treated separately, reducing the
dimension of the problem to 1D. As a result, The following simplified interactive algo-
rithm for our problem can be exercised:

1. Make initial guess of biases - a good initial guess is equal cell shifting for the

TCC amplifier and NCN, with the TCC amplifier biased at the Class AB
point.

2. Simulate the IMD3 performance for the complete amplifier and collect the
real IMD3 component data for each cells. Then apply Gauss-Newton algo-
rithm to compute for optimum bias for minimum real IMD3 component.

3. Similarly, simulate and collect the data for the imaginary IMD3 component
and apply the Newton-Gauss algorithms to search for optimized NCN biasing
for minimum imaginary IMD3 component.

Update the biases.
5. Repeat the above three steps until results are satisfactory for all operating

power levels.

6.7 Experimental Verification

6.7.1 Chip/Package/PCB Implementation

The active core of the prototype based on the TCC amplifier and NCN was fabri-
cated using a standard CMOS process (IBM 7WL). A simplified schematic for the proto-
type is shown in Figure 6.17. In this work, a single stage design is implemented to con-
strain chip area. Nevertheless it is sufficient to demonstrate the performance of the syn-
thesis technique. Also, to enable a fair comparison to standard industrial GaAs multi-chip
module (MCM) PAs, off-chip matching networks are adopted for this prototype. Three

other independent units: a (low frequency) TCC amplifier, a stand-alone NCN, and a con-
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ventional CMOS RF PA were also designed and fabricated on the same die for data collec-
tion and benchmarking purposes. Some of the measurement results were been used in ear-

lier discussions.

Figure 6.19 Die-in-package micrograph of the chip accommodating the core of TCC
NCNC RF PA and other independent units.

Figure 6.20 "Evaluation board" of the complete prototype.
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To protect the chip from electro-static discharge (ESD) damage, ESD devices are
employed for each necessary pad. This includes the input/output pads for the RF amplifi-
ers. The dies are assembled in a QFN32 package, bonded, and mechanically protected by
an encapsulation material (FP4460). Figure 6.19 shows the bonded chip in the QFN pack-
age (before encapsulation). Critical on-chip EM structures are simulated with the High
Frequency Structure Simulator (HFSS). HFSS has also been used to characteristic the
bondwire inductances to further improve accuracy of post layout simulations.

The QFN32 package is mounted a standard 4-layer FR4 PCB. Some tuning ca-
pabilities of the input and output matching network are offered by the microstrip traces to
account for component tolerances and model deviations. Figure 6.20 shows the 'evaluation

board' photograph of the complete prototype.

6.7.2 Chip-to-package Inductance and Maximum Power

In order to minimize the chip-to-package ground inductance (and hence maximize
peak output power) 26 pads are devoted to chip RF grounding. These ground pads are
distributed around the chip to efficiently minimize the impact of mutual inductances.
HFSS simulation indicates that the minimum achievable chip-to-package ground inductor
approximately 0.15 nH. Inductance in this range constrains the maximum peak power
achievable, without excessive loss of gain and efficiency, to be around 24 dBm at 900 MHz.
Therefore our prototype has been targeted for power Class 3 (24 dBm) band VIII (880-
915MHz) [95]. It is worth mentioning, however, that effects on linearity due to uncertain-
ties, if any, of this inductance can, owing to the unique flexibility of the prototype, be

"calibrated".

6.7.3 Measurement Setup

Gain, PAE, ACPR

The measurement setup for measuring the gain, PAE and ACPR of the prototype
are shown in Figure 6.21. A wide band linear pre-amplifier is used since the linear output
power of the vector signal generator used for this work is insufficient to drive the proto-
type to its limit. The drive amplifier has an OIP3 > 35 dBm and its linearity (IMD and
ACPR) are verified to be negligible compared to that of the prototype. A power meter is
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used to measure the output power of the prototype. A 10 dB attenuator is used to limit
the maximum power seen by the power meter sensor to below 20 dBm. IMD and ACPR
figures are recorded from the readings of the spectrum analyzer’. All voltages biases are
generated on a custom board.
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Figure 6.21 Measurement setup for measuring gain, PAE and ACPR.

Phase of IMD3

In this section, the phase (defined relative to the carriers) of the IMD3 measure-
ment is described. This measurement task is a fairly tricky business and thus requires
some discussions. Here, one method is provided in Figure 6.22. In this method, three
phase-locked signal generators are used to generate phase-locked two-tone carriers as well
as an IMD3 tone. The IMD3 tone from the prototype output and the signal generators are
then power-combined and the summation is displayed on a spectrum analyzer. To measure

the IMD3 phase, the phase and magnitude of the IMD3 generator is varied until it cancels

® The options of the spectrum analyzer allows measurement of signal ACPRs.
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that of the prototype output. The recorded phase from the IMD3 generator is then 180°
out of phase with the IMD3 from the prototype. The above allows the measurement of the
phase relative to a fixed (but unknown) phase when all the three generator are phase-
locked. To measure the true phase relative to the carrier, this unknown phase needs to be
extracted. One way to do so is to extract this phase for a know condition where the rela-
tive phase is known and then use this result to de-embedded the phase for all other mea-
surements (since the phase is fixed once the generator are phase-locked).

Now recall that in Figure 6.5 in section 6.4.2 that the third order Taylor series
coefficient has a peak positive bump when the prototype is biased slightly below the Class
AB point. Therefore, if we bias the prototype at this point and excited it with relatively
small two-tone stimulus then the overall IMD3 of the prototype will be dominated by the
IMD3 generated by this positive bumps in the Taylor series. However, we know from sim-
ple Taylor series analysis (e.g., Chapter 2) that a positive third order coefficient generates
an in-phase (i.e. 0 degree) IMD3 with respect to the carriers. Therefore a simple mea-
surement under the above condition can be conducted and the fixed phase can be cap-
tured. Other measurements are then conducted and their true phase can be obtained by

de-embedding this fixed phase captured above.

6.7.4 Gain, PAE, and ACPR for WCDMA

Figure 6.23 presents typical measured WCDMA performance of the prototype at
960 MHz. To ensure fair comparison, these measurement results are obtained with stan-
dard WCDMA handset PA test configurations. As can be seen from Figure 6.23, this pro-
totype achieves a small signal gain of 9.4 dB and a peak PAE of 41.6% at an output pow-
er of 24.91 dBm while still meeting the 3GPP ACPR specifications (-33 dBc ACPR1 and -
43 dBc ACPR2). To our knowledge, this is the highest efficiency ever reported for
WCDMA CMOS RF PAs. With such state-of-the-art performance, it is now useful to
compare this prototype to a state-of-art GaAs HBT WCDMA PAs. Indeed, we found that
typical benchmark for commercial GaAs HBT WCDAM PAs is a PAE of 40% at an
ACPRI of -40 dBc. From Figure 6.23, our prototype achieves a comparable PAE of 38.5%
at an ACPRI1 of -40 dBc (23.98 dBm).
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Figure 6.22 Typical measurement setup for measuring the relative and absolute phase of
IMD3 tone (with respect to the carriers).

To show these performance against frequency, measured peak PAE and output
power to comply WCDMA specifications are shown in Figure 6.24. As can be seen, an
operating frequency of 960 MHz compromises both the peak PAE and peak output power.
We account the slight shift of this frequency mostly to uncertainties of RF port bondwire
inductances, deviation of the device models, as well as impact of the dielectric encapsula-

tion material.

6.7.5 Effectiveness of the NCN

It is also the goal of this work to demonstrate the effectiveness of the NCN for li-
nearization. To do so we show the measured ACPR performance (WCDMA) with and
without NCN in Figure 6.25. ACPR without NCN is obtained by basing all the NCN cells
to a fairly high value to ensure the NCN acts as virtually a (high @) linear capacitor.



128

This experimental trick is valid since the gain and PAE are intact after the above NCN
biasing. As can be seen in Figure 6.25, ACPR1 (adjacent channel power ratio) is about 5-
8 dB worse without the NCN for mid and higher power ranges testifying the effectiveness
of the NCN. To further confirm this, we also compare the measured IMD3 with and with-
out the NCN in Figure 6.26, from which similar decibel disparity can be observed. Howev-
er, to truly appreciate the effectiveness of NCN, we present the measured IMD3 in polar
form in Figure 6.27. As can be seen, both the magnitude and phase of the IMD3 phase
can be visualized providing a 2D opportunity to examine the real and imaginary compo-
nent. From Figure 6.27, the effectiveness of the NCN in linearizing the imaginary part of
the IMD3 can be clearly observed for mid and higher power levels, demonstrating again
the usefulness of the NCN.

6.7.6 Comparison to Conventional CMOS RF PA

The advantages of our prototype can also be appreciated by comparing the li-
nearity and efficiency performance of this prototype with that from a conventional CMOS
RF PA (designed for comparable peak output power) on the same die. To ensure a fair
comparison, the conventional CMOS RF PA is biased at its Class AB sweet spot (gm;=0)
where resistive distortions shall not prevail at low and mid power ranges. The measured
PAE and ACPR performance of these two RF PAs are then plotted against normalized
output power (to the powers at -33 dBc ACPR1) in Figure 6.28. The prototype not only
leads the conventional CMOS RF PA in PAE by more than 15% but also beats it in
ACPR1 by 20 dB for a wide range of power levels. In fact the conventional CMOS RF PA
marginally fails to meet the ACPR1 specifications. Furthermore, average efficiency advan-
tages of the prototype can be observed by juxtaposing the dynamic-to-quiescent DC cur-
rent ratio, o, of the two PAs in Figure 6.29. We measure a peak « of 7.5 and 6 respective-
ly from the two PAs at the ACPR1=-33 dBc. As discussed earlier, larger « directly trans-
lates to a higher average efficiency testifying the excellent average efficiency of the proto-

type. Notice also that the prototype is biased at a quiescent current of only 24.2 mA.
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Figure 6.23 Measured gain, PAE and ACPR1/2 of the prototype under standard
WCDMA test configuration.
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Figure 6.26 Measured IMD3 with and without NCN.
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Figure 6.27 Measured polar IMD3 with and without NCN for Pout=-9.8~24.7 dBm.
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Figure 6.29 Dynamic-to-quiescent DC current ratio against normalized output power.

6.8 Summary

Circuit implementations of a new CMOS RF power amplifiers have been pre-
sented in this chapter. These include the world's first prototype of the highly linear and
efficient CMOS RF PA (TCC+NCN) and the world's first prototype on a stand-alone
NCN. Flexible amplifier characteristics (IV TC and CVC) have been demonstrated from
these prototypes and excellent linearity and efficiency performances are also measured
from the highly linear and efficient CMOS RF power amplifier. The performance of this
RF power amplifier is compared with that of the recently reported RF power amplifiers
with various technologies in Table 6.2.

Excellent linearity and efficiency performances have been achieved thanks to the
amplifier flexibilities offered by the TCC and NCN blocks which are based on the new
circuit synthesis principles. This allows the prototypes to tune to the optimum characteris-
tics to cancel the distortions internal or external to the device/circuits that implement the
prototype. Excellent performances at radio frequencies are also ensured by extending the
new circuit synthesis technique to two-dimensional to allow the management of quadrature
distortion components in addition to the in-phase components. As a result, it is assured

that low-cost technology such as CMOS can be used for replacement of high-cost technol-
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ogies such as GaAs for RF circuits, especially RF power amplifiers, without the antic-
ipated loss of electrical performances.

Efficiency of the prototype is maximized by operating the prototype under Class
AB mode. It has been shown that under this mode of operation the prototype can achieve
high linearity thanks to the tunability of the amplifier distortion contributions of the cells.
As a result, it has been shown that, the trade offs of the prototype electrical performances
is between the gain and other merits (such as linearity and efficiency) rather than the
between linearity and efficiency which are common in conventional RF power amplifiers.

Therefore, the main contributions of this chapter is the extension of the new cir-
cuit synthesis technique to two-dimensional to allow the control of both in-phase and qua-
drature distortions at radio frequency. The chapter also presented the circuit implementa-
tions (the NCN) for this extension. A new class of circuit synthesis that is particularly
suitable for highly efficient (and linear) radio frequency circuits has been proposed and
implemented. This technique enables the management of the circuit characteristics inde-
pendent on the transistor technology platform. Consequently, it offers the opportunity to
replace high-cost technologies (such as GaAs) with low-cost technologies such as CMOS.
Owning to the tunabilities, these techniques can also offers opportunities for analog/RF
circuits to correct circuit performances against circuit parameter variations such as tem-
perature and aging.

Although the focus in this chapter is a highly linear and efficient CMOS RF pow-
er campfires, the developed circuit synthesis technique is also applicable to a wide range of
RF circuits. For example, the flexible amplifier characteristics can be used to exhibit the
specific distortion characteristic (as an RF pre- or post- distorter) to linearize other RF
power amplifiers. Highly linear and efficient analog/RF circuits such LNAs and mixers can
also be built upon the developed technique. The highly linear CVC from the NCN can
also be beneficial for VCOs.
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Pout33/ Pout40/ PouthDg/
- t DD .
Ref. Tech. App. PAE33 PAE40 PAE Stage/ |V Freq. - Output | g5
IMD3 Gain (dB) (V) (MHz) match.
(dBm)/(%) | (dBm)/(%) | (dBm)/(%)
This work CMOS Single/ .
WCDMA 25/41.6 23.8/38.4 24/38 3.6 960 Off-chip 7.5
(w/ NCN) 0.18-0.4 pm 9.4
This work CMOS Single/ )
WCDMA | 24.7/40.9 23.2/35.2 23/36 3.6 960 | Off-chip 7.3
(w/o NCN) 0.18-0.4 pm 94
Thi k CMOS Singl
s wor WCDMA Fails Fails 22.2/29.5 ingle/ 3.3 960 | Off-chip 6
Normal CMOS 0.4 pm 16
Commercial Three/ .
GaAs HBT WCDMA 29/42 28/40 N/A 3.4 900 Off-chip 6-9
GaAs RF PA 28
Srirattana CMOS Two/ )
N/A N/A N/A 21.5/19 33 | 1900 | Offchip | N/A
'05 [56] 0.4 pm 21
Wang CMOS Two-stage .
WCDMA 24/29 23/25.5 25.5/N/A 33 | 1750 | Offchip | 2.76
04 [27] 0.5 pm 23.9
Di CMOS Singl
e N/A N/A N/A 10/26.5 ingle/ 33 | 2450 | On-chip | N/A
05 [57] 0.4 pm 12
Lu CMOS Distributed/ .
N/A N/A N/A 11.5/25 1.8 5000 On-chip N/A
07 [69] 0.18 ym 8.24
Pornpromlikit SOI CMOS ) Single/ )
WCDMA 29.4/41.4 Fails N/A 6 1900 Off-chip 5.32
'10 [96] 0.28 pm 14.6
Zh 24/N/A T
ane GaP/Gals | vwopna | 20/475 Fails 24/N/ wo/ 34 | 1950 | Off-chip | 6.67
'09 [97] HBT (simulated) 29

Pout33/PAE33: Pout and PAE to comply ACPR=-33 dBc. Pout40/PAE40: Pout and PAE to comply ACPR=—40 dBc. Poutyymps;/PAEyps: Pout
and PAE to comply IMD3=-25 dBc with two-tone test. a33: The peak dynamic DC current to quiescent current ratio at Pout33.
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Chapter 7

Conclusion and Future Work

7.1 Conclusion

A new circuit synthesis technique capable of generating 1D and 2D arbitrary cir-
cuit characteristics beneficial for analog and RF circuits was proposed. Fundamental theo-
ries and principles for this new technique were developed and refined.

The world's first prototypes, an arbitrary IV TC amplifier (TCC amplifier), a
TCC and NCN based highly linear and efficient Class AB CMOS RF PA, and an NCN,
were conceived and designed according to this circuit synthesis technique.

Measured results from the arbitrary IV TC amplifier has demonstrated its ability
to generate flexible amplifier IV TCs independent on transistor technologies. When confi-
gured with the IRTC and operated under Class A mode, this prototype achieves more
than 20 dB improvement of all harmonic distortions and at least a factor of 5 increase of
dynamic range. It has been proved that these figures are, in principle, only restricted by
the gate oxide breakdown voltages rather than the inherent transistor nonlinearities.

Measurements from the TCC and NCN based highly linear and efficient CMOS
RF PA demonstrates more than 38.5 % peak PAE at an output power of 24 dBm outper-
forming previously reported CMOS RF PAs and comfortably meeting and exceeding the
toughest industrial standards (-40 dBc for WCDMA ACPRI1) and 3GPP specifications
(41.6 % PAE for -33 dBc ACPR1 at Pout=24.91 dBm).

Technical results above thus has made a strong case for the historical and yet still

on-going debate about migrating expensive technologies such as GaAs to low-cost technol-
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ogies such as CMOS for at least low and medium power levels applications such as cellular
handset RF PAs. It seems that migrating to low cost technologies need not imply the an-
ticipated loss of performances.

The new circuit synthesis technique presented in this dissertation has also ex-
panded the knowledge of circuit synthesis by creating a new class of circuit synthesis tech-
nique suitable for power-efficient single-end topologies. All of these are of great academic
and practical interest. This includes but not limited to the following merits: the techniques
are low-power in nature due to its single-ended topology; the techniques are single-ended
in topology but extension to differential topology is straightforward; the techniques are
capable of treating simultaneously AM-AM and AM-PM distortions; the techniques also
offer opportunities to treat resistive nonlinearities and capacitive nonlinearities individual-
ly with stand-alone TCC and NCN.

Although our prototype has been especially focused on CMOS RF PAs for cellu-
lar handsets it is expected that a wide range of other analog/RF circuits can potentially
benefits from the implementation and/or underlining principles of the new circuit synthe-
sis technique. Furthermore, the circuit synthesis technique and/or the prototypes can be
readily applicable to other technologies such as LDMOS, MESFET, HEMT, and even

BJTS, expanding its spectrum of usefulness.

7.2 Future Work

7.2.1 On-chip Bias Implementation

The new circuit synthesis technique allows the circuit to be configured with flexi-
ble characteristics independent on the characteristics of the transistor technology to satisfy
the specific design needs. The flexibility originates from the scaling and/or shifting of the
basis cells. For the prototype in Chapter 6, these are implemented with off-chip custom
biasing circuitry which is bulky. One of the potential room of improvement therefore is to
implement these biasing circuitry on-chip. These can be achieved with, for example, con-
ventional resistive voltage divider networks which is easy to implement. However, once
fabricated the biasing may no longer be tunable and thus cannot fully take the advantages

of the flexibility of the new circuit synthesis technique. To allow tunability, variable thre-
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shold device such as the floating gate device [98] may be used since these devices allow
post-fabrication tuning of the shifting and/or scaling.

Another potential issue with on-chip biasing for the new circuits synthesis tech-
nique is that negative voltage biases may be needed to achieve a satisfactory dynamic
range (and average efficiency). For example, the prototype in Chapter 6 requires several
negative bias voltages for some of the TCCs (to implement shifting). Without these nega-
tive bias voltages, the dynamic range and efficiency would be restricted by the transistor
threshold voltage which is significantly smaller than the gate oxide breakdown voltage.
Therefore another future work is addressing the above issue. One way to do so is to use
device with higher positive threshold voltages such that the threshold voltage is no longer
the limiting factor of the dynamic range and efficiency.

Alternatively, negative voltages can be provided on-chip with positive to negative
voltage converters such as the well-known capacitor-switching negative voltage converter
shown in Figure 7.1. The basic principle of this voltage convert is to switch the polarity of
a capacitor (C,.) to achieve the reversing of the voltage polarity. A charge-holding capa-
citor (C,.q) is needed to maintain the negative voltage while the switching capacitor is
being charged. The switches and the inverter can be readily implemented on standard

CMOS process or other technologies.

O

IR R
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switch |

-ve
O ° I'o O
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Figure 7.1 Classical negative voltage converter.

7.2.2 System Level Implementation

Although in this dissertation the focus for the developed new circuit synthesis
technique and its prototype implementations and applications is at the circuit level (for

simplicity and low cost), the new technique can be extended to system level. One of the
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major motivations to extend the techniques to system level is that performance can be
attained, thanks to the inherent flexibility of the technique, by using real-time automatic
(or 'online') tunings to overcome circuit issues such as process variation, temperature
change and component aging etc. This would not only save manual tuning/computer si-
mulation efforts but also maintain performance over the aforementioned circuit changes/
drifts. Therefore one of the future works is to extend the circuit-level techniques presented
in this dissertation to system level, if necessary.

Figure 7.2 shows one of the potential future works to realize the technique at the
system level as discussed above. The fundamental concept of this system-level implemen-
tation is to let the circuit automatically optimize the parameters (shifting and scaling)
rather than relying on manual tuning and/or circuit simulation. This can be achieved by
detecting the analog performance (such as the current voltage characteristic, the IMDs,
etc) and computing the corresponding necessary shifting/scaling for the amplifier/circuit.
Notice that Figure 7.2 shows the conceptual block diagrams for the system-level imple-
mentation. Some of the blocks may be omitted or they are inherently incorporated in the
circuit/amplifier. For example, the analog bias block may be inherent to circuit/amplifier
if variable threshold devices such as the floating gate devices are used.

The differences between this system-level implementation and others (such as the
digital predistortion technique for RF PAs) is that the signal correction actions are im-
plemented with hardware analog circuitry rather than with software baseband signal
processing. In this system-level implementation, the hardware (circuit/amplifier) is made
inherently more linear rather than RF (baseband) signal is adjusted to achieve overall
linearity. One of the advantages of this system-level approach is therefore its ability to
support wider (RF) bandwidth compared to digital predistortion approach. Also, less-
complex and less-expensive DSP or computation hardware are required since the DSP
computes the bias parameters rather than the complex baseband signal. In the case of
using the current voltage transfer characteristics as the feedback signal, the analog detec-
tor omits downconverter and other RF processing units within the block and therefore
further reduces the hardware cost and complexity. Reduced cost and complexity therefore
makes it feasible for low-cost applications such as cellular handset despite it being a sys-

tem-level technique.
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APPENDIX A - Instantaneous Efficiency of Class A and B
PA with Two-Tone Stimulus

Class A:
For Class A the drain voltage and current waveforms are shown in Figure A.. Assuming

that the drain current is
ing(t) =1, cos(ayt)+ 1 cos(at). (A1)

Notice that this can be rewritten as

ipg (t) =21 cos(“=2 t)cos(“2 1) (A.2)

Typically w;-w, is much smaller than w,+w, so the envelope of ipy(t) is virtually also a
(half-wave rectified) sinusoidal, as indicated in Figure A.1(a). Alternatively one can think
of it as an amplitude modulated signal with cos[(w-w,)t/2] as the modulating signal. Now
the corresponding sinusoidal portion of the drain voltage is a scaled replica of the current.

So the drain voltage is

vpg(t) =V cos(wt)+V cos(ayt)+V,,

+ _ : (A.3)
=2V, COS(% t) cos(% H+Vy,
where V, is I,R,. Therefore the drain efficiency is
V2 V2 2
n = 2X 2R, _ RiL _ ( Vvo J _ 1 VDS,peak (A 4)
D — —_— - - - . .
Ips.aveYpp I;?—LD Voo Vop A Vop

where we have used the fact that for a Class A PA the DC drain current is equal to Ipg 4y
and is equal to Vj,/R; and also Vjg,.,=2V, as indicated in Figure A.1. Therefore, the
instantaneous drain efficiency is also square-law related to the drain voltage swing for two-

tone sinusoidal.
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Class B:

It is more involved to calculate the drain efficiency of a Class B amplifier under
two-tone test because the DC drain current varies with the instantaneous drain voltage.
As shown in Figure A.2 the drain current waveform is a half wave rectified two-tone signal
and the sinusoidal portion of the drain current is, after filtering out the harmonics, a equal
amplitude two-tone signal. Now one of the tricks to tackle this problem is to decompose
the half wave rectified drain current into a normal two-tone signal, i,g,() and a full wave
rectified signal ipg,(t), each having half of the peak value of the actual current waveform.
This is depicted in Figure A.2. It is well-known that a full wave rectified signal contains
only even harmonics and DC components. Therefore ipg,(¢) must be the fundament of the

actual drain current. The RF power can then be calculate easily:

ips(t)
A
]
21/,
A
A
/DS;AVG
0 A > t
(a)
Vps(t)
A
]
2V,= VDC, peak
1
VDD
0 A > t
(b)

Figure A.1 Drain voltage and current waveforms with equal amplitude two-tone input
signal. (a) Drain current waveform; (b) drain voltage waveform.
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(A.5)

where V,=I,R;. Now consider the DC drain current. Since i,4,(t) is the even and DC por-

tion of the actual drain current the DC current of the actual current can be extracted by

calculating the DC current of i,g,(¢). For this the DC current of ipg,(?) is its average which

can be approximated by local averages (DC) current for each “monument” of ipg,(t). This

is illustrated in Figure A.3. If the number of “monuments” is large then the approximation

is virtually itself a half sinusoidal. The amplitude of this half sinusoidal is, by inspection of

Figure A.3, the average of the peak “monument” which is 2/w times lo. So the average of

the DC current, which is the actual DC current, is

2
Ipsave = (%)(%)Io - (%) L,
Therefore the DC power consumed at the drain is

(i)2 IV

T

Ppe = IDS,AVGVDD =

And the drain efficiency is

2V’

o DD~

(A.6)

(A.7)

VDS,peak: ] . (A8)
VDD
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ips(t)
A

, AAAAAAAAAAA ) >

' - ¢
(a)
Ips,1()
lo
o ~AAAAAARAR——
(b)
I'Dshz(t)
lo

(c)
Figure A.2 Drain current waveforms of a Class B amplifier with equal-amplitude two-tone

test signals. (a) Actual waveform; (b) The even decomposed portion (c¢) the odd decom-
posed portion.
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Ips2(f)  Local DC current approximating the
1 full wave rectified two-tone signal

0 v

Figure A.3 The DC current of the full wave rectified two-tone signal approximated by
local DC current bars.
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APPENDIX B — Probability Distribution Function of an
Equal Amplitude Two-Tone Drain Voltage vj4(1)

Let the equal amplitude two-tone drain voltage (DC is irrelevant) vps(?) be
vpg(t) =V cos(@t)+V cos(ayt). (B.1)

Applying trigonometric identities this can be easily which can be rewritten as

v,g(t) =2V, cos(wlng t) cos(wl;wz t). (B.2)

Typically w;-w, is much smaller than w,+w, so the envelope of iyy(t) is virtually also a
(half-wave rectified) sinusoidal, as indicated in Figure B.1. The probability of the drain

voltage vpg(t) to appear between Vg and Vg, as shown in Figure B.1, is

A6
P(Vipgy <Vpg <Vipgy) = - (B.3)
2
which, in terms of Vg, is
2| . 1 Vvpg+av .- v,
PV <Vpg <Vpey) = ;[sm ! (—?/;S,pea]]js j —sin™* (—VDSiiak ﬂ . (B.4)

But the probability densities function of the drain voltage amplitude Vg is given by:

PV, <V, e <V, .)
p(Vpg) AV, (B.5)
for Vpg infinitely small. Therefore,
2 d .4 v 2 1
p(VDS) = Sin ( be j = : B.6
4 dVDS VDS,peak ”VD&peak \/1 - (VDS /VDS peak,)2 ( )
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vos(f)

“MMMM

-

2Vocos[(w1 wo)t/2]
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%
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= «ADO
™32

(b)

Figure B.1 Sinusoidal portion of the drain voltage. (a) Time domain; (b) envelope.
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APPENDIX C MATLAB Optimization Files

Function: Computing Shift and Scaling Parameters for Circuit Synthesis

%Author: Miaofu Ding (dinguslel@yahoo.com)
%$Date: Aug. 15 2010
%Version: 1.0

%Copyright ® 2010 Miaofu Ding

%A1l rights reserved.

%Reproductions or redistributions of these codes or any portion thereof
%in any forms by any means are not permitted without written permission
%from the author.

$Functionality: This file curve fit the synthesis function.

%Read and display the welcome and copyright messages in
%'Welcome_Copyrights' for this program.
fid=fopen('Welcome_Copyrights.txt');
tline = fgetl(fid);
while ischar(tline)
disp(tline)
tline = fgetl(fid);
end
fclose(fid);

%Read and store the basis functions file 'BASIS.xlsx') in workspace
%variable BASIS. Note that due to matlab function lsqgcurvefit() limitations

%the BASIS variable have to be declared as a global variable.
global BASIS;

close all; %close all figures and start fresh...
fig_handle=figure('Name', 'Synthesis Assistant by Miao Fu Ding...',6 'NumberTitle', 'off');

check_basis (fig_handle); %if you think basis functions are not right modify them in Excel
file.

%Read, check and store the goal data (i.e. the curve to be synthesized to).
[XDATA YDATA]=check_read_fitcurve(fig_handle);
hold on;

%Ask for user's guesses...
X0=input ('What are your guess of the X vector for curve fitting? [x0, x1, ..,xnl: ');

%Options for curve fitting...
options=optimset ( 'MaxIter',1000, 'PlotFcns', Qoptimplotstepsize);

%Curve fitting by MATLAB... Takes a while

disp('Curve fitting by MATLAB. Grab a cup of coffee or tea (skip the beers this time)');
[X_result,resnorm] = lsqgcurvefit (@res_shift_lscale,X0,XDATA,YDATA,"'',"'"',options);
disp('The synthesis results are:');

[nrow ncol]l=size (X_result);

Shift_Scale=cat (2,X_result(l,1l:ncol/2)"',X _result(l,ncol/2+1l:ncol)"');
$sortrows (Shift_Scale)

Shift_Scale=cat (2, (1:1:ncol/2)"',Shift_Scale)

disp('Here is the synthesis shift and scale data you need:');



fprintf ('\n basis# Shift Scale\n')
for i=1l:ncol/2

fprintf ('%$9.3f ', Shift_Scale(i,:));
fprintf('\n');

end

resnorm

figure('Name', 'Plot of the shift and scale vectors by MED...', 'NumberTitle', 'off');
plot (Shift_Scale(:,1),Shift_Scale(:,2),Shift_Scale(:,1),Shift_Scale(:,3));
legend('Shift', 'Scale');

title('Shift and Scale vectors');

$write Shift and Scale vectors to synthesis result Xcel file sheet
$Shift_Scale.

Shift_Scale_Table=cat (1, {'#', 'Shift', 'Scale'},num2cell (Shift_Scale));
x1lswrite ('SYNTHESIS_SUMMARY.x1ls', Shift_Scale_Table, 'Shift_Scale');
%$hold on;

%$Compute the resulting basis functions (shifted and scaled)

[nrow,ncol]=size (BASIS) ;

for i=l:ncol-1
B{i}=cat (2,BASIS(:,1),BASIS(:,i+1));

end

Shifted_Scaled_Basis(:,1)=XDATA';

for i=2:ncol
for j=l:nrow
Shifted_Scaled_Basis(j,i)=Shift_Scale(l,3)*sample (XDATA(1l, j)-Shift_Scale(i-1,2),

11);
end
end
fig_handle_results=figure('Name', 'Synthesis Results Display by Miao Fu
Ding...', 'NumberTitle', 'off");

figure(fig_handle_results);

plot (Shifted_Scaled_Basis(:,1),Shifted_Scaled_Basis(:,2:ncol));
title('Synthesized Results By MFD...');

hold on;

$Write them in Excel:Shifted_Scaled_Basis

Result_Basis=num2cell (Shifted_Scaled_Basis);

xlswrite ("SYNTHESIS_SUMMARY.xls', Result_Basis, 'Shift_Scale_Rasis');
%$hold on;

%$Computing the synthesized results

[nrow, ncol]l=size(X_result);

SHIFT=X_result (1l,1l:ncol/2);

SCALE=X_result (1,ncol/2+1l:ncol);

[nrow ncol]=size (XDATA) ;

for i=l:ncol

Y (i) = Synth_Result_Function_Shift_1Scale (SHIFT,SCALE,BASIS,XDATA(i));
end

$Write them in Excel: Synthesized Sum
Synth_Sum=num2cell (cat (2, XDATA',Y"'));

xlswrite ('SYNTHESIS_ SUMMARY.xls', Synth_Sum, 'Synth_Sum');
hold on;

%Plot and compare the synthesuzed and the goal curves
$figure (fig_handle) ;

%$plot (XDATA, Y, ':r');

%$title('Synthesis Assistant By MED...');

figure (fig_handle_results);
plot (XDATA, Y, ':xr');
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hold on;
%$Compare with the goal curve...
plot (XDATA, YDATA) ;

Sub-function: Check and Read Basis and Goal

function [xdata ydata]l=check_read_fitcruve (handle)
$Author: Miaou Ding (dinguslel@yahoo.com)

%$Date: Aug. 15 2010

%Version: 1.0

%$Copyright © 2010 Miaofu Ding
%A1l rights reserved.

%$Reproductions or redistributions of these codes or any portion thereof
%$in any forms by any means are not permitted without written permission

$from the author.

%Functionality: This file checks the basis and goal curves in
%customer-created excel files.

%Read and store the goal data (i.e. the curve to be synthesized to).

BASIS=xlsread('BASIS.xlsx");
[nrow,ncol]l=size (BASIS);
fitcurve_ok=0;
FITDATA=xlsread('goal.xlsx');

while fitcurve_ok==0

xdata=FITDATA(:,1)"';

ydata=FITDATA (:,2)"';

figure (handle) ;

plot (xdata,ydata);

hold on;

plot (BASIS(:,1),BASIS(:,2:ncol));

answer=input ('Fit curve OK? (y/n): ', 's");

if answer=='y' || answer=='Y'
fitcurve_ok=1;

else

disp('If you think the fit curve does not look right, modify
enter Y');

disp('Modify the goal Excel file and press anykey to continue..

pause;
FITDATA=xlsread('goal.xlsx");
cla;

end

end

end

Sub-function: Check Basis Function

function check_basis(fig_handle)

$Author: Miaou Ding (dinguslel@yahoo.com)
%$Date: Aug. 15 2010

%$Version: 1.0

%Copyright © 2010 Miaofu Ding
%A1l rights reserved.

%$Reproductions or redistributions of these codes or any portion thereof
%in any forms by any means are not permitted without written permission

$from the author.
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$Functionality: this file checks the basis functions.

%$This file checks and displays the basis functions.
global BASIS;

basis_functions_ok=0;

BASIS=xlsread('BASIS.xlsx");

[nrow,ncol]=size (BASIS) ;

while basis_functions_ok==

figure (fig_handle);

plot (BASIS(:,1),BASIS(:,2:ncol));

title('Synthesis Assistant by MEFD...');

answer=input ('Basis functions OK? (y/n): ', 's'");

if answer=='y' || answer=='Y'
basis_functions_ok=1;

else

disp('If you think the basis fucntions does not look right,

file and enter Y');

disp('Modify the BASIS Excel file and press anykey to continue...

pause;

BASIS=xlsread('BASIS.xlsx");

[nrow,ncol]=size (BASIS) ;
end

Sub-function: Define the Synthesis Function

SRF = Synth_Result_Function_Shift_1Scale(SHIFT, SCALE,BASIS, x)

$Author: Miaou Ding (dinguslel@yahoo.com)
%$Date: Aug. 15 2010
%Version: 1.0

%Copyright © 2010 Miaofu Ding
%A1l rights reserved.

%$Reproductions or redistributions of these codes or any portion thereof
%$in any forms by any means are not permitted without written permission

%$from the author.

$Functionality:

%$This file defines the synthesis results function (typically the linear sum
%0of the N basis functions) to be optimized to fit as close as possible to

%$the goal function defined by the designer.

%$SRF is the scalar y value of the synthesis results function sampled at point

FX.

%$determines how many basis functions (nbasis) there are
$BASIS-1). Note the first column is for the x of the basis functions.

[nrow,ncol]l=size (BASIS);
nbasis=ncol-1;

$Extrac the individual basis functions x and y data and store them in B.

for i=l:nbasis
B{i}=cat(2,BASIS(:,1),BASIS(:,1i+1l));
end

%$For the following codes the user should modify according to how many basis

$functions there are and what exactly these basis functions are treated as:

%$i.e., shifting (SHIFT)? scaling (SCALING)? etc. If scaling =1 for all basis
$functions comment out the line below SCALE= ones(1l,ncol);

(number of columns of
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modify them in the Excel



y1=((SCALE(1))"1)*
y2=((SCALE (1)) "1)*
y3=((SCALE(1))"1)*
y4=((SCALE(1))"1)~*
y5=((SCALE (1)) "1)*
y6=((SCALE (1)) "1)*
y7=((SCALE (1)) "1)*
y8=((SCALE(1))"1)*
y9=((SCALE(1))"1)*
y10=((SCALE(1))"1)*
y11l=((SCALE(1))"1)*
y12=((SCALE(1))"1)*
y13=((SCALE(1))"1)*
y14=((SCALE(1))"1)*
y15=((SCALE(1))"1)*
yl6=((SCALE(1))"1)*

%for the following,

sample (x-SHIFT (1
sample (x-SHIFT (2
sample (x—-SHIFT (3
sample (x—-SHIFT (4
5
6
7

’
’
’
’

)
)
)
)
sample (x-SHIFT(5),
sample (x-SHIFT(6),
sample (x-SHIFT (7)
sample (x-SHIFT (8)
sample (x-SHIFT (9)
sample (x-SHIFT (1

’
0
sample (x-SHIFT (11
2
3

’

’

sample (x-SHIFT (1
sample (x-SHIFT (1

sample (x-SHIFT (14),
sample (x-SHIFT(15),

sample (x-SHIFT (16

$delete or add (shifted and scaled)

$number of (shifted and scaled)

$number of yn above!

SRF=. ..
yl+...
V2+...
y3+...
va+. ..
yo+. ..
yo+. ..
yT7+...
y8+. ..
yo+...
y1l0+...
yll+...
yla+...
y13+...
yl4+...
y1l5+...
y16;

end

Sub-function: Compute the Synthesis Function

function F = res(SHIFT_SCALE, xdata)

$Author: Miaou Ding

%$Date: Aug. 15 2010

%Version: 1.0

%Copyright © 2010 Miaofu Ding
%A1l rights reserved.

%$Reproductions or redistributions of these codes or any portion thereof
%in any forms by any means are not permitted without written permission

$from the author.

%$Functionality:

%$This file computes/define the linear summation of the multiplicity of the
For each xdata point it calculates the corresponding

(in the lsqgcurvefit:
the y values are compared with the ydata and

%$basis fucntions.

%y values of the linear summation and
$surve fit fucntion)

)
)
)
)
)
)
)

’

’

’

’

(dinguslel@yahoo.com)

the number of basis functions

should be know to the user and
basis functions below accordingly!
basis functions must be the same as the

least square
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%$corresponding actions will be taken to make sure the x vector [x(l), x(2),
., x(n)] will be modified to such that the summation fucntion is closer
%$to the goal fucntion until the minimum difference (least square)is achieved.
%Then the lsgcurvefit functions stops and the x vector gives your the
$shiftings and/or scalings you need to achieve the goal fucntion with from
%the summation fucntion.

o

%$Since for every xdata point the value of the summation fucntion is needed,
%the fucntion is thus defined in a for loop.

global BASIS;
[nrow, ncol]l=size (SHIFT_SCALE) ;

SHIFT=SHIFT_SCALE(1,1:ncol/2);
SCALE=SHIFT_SCALE(1l,ncol/2+1l:ncol);

sizedata=size (xdata);
for i=l:sizedata(2)
F(i)=Synth_Result_Function_Shift_1Scale(SHIFT, SCALE,BASIS,xdata(i));
end
end

Sub-function: Sampling the Goal Function

function yval = sample(x, basis)

$Author: Miaou Ding (dinguslel@yahoo.com)
%$Date: Aug. 15 2010

%$Version: 1.0

%Copyright © 2010 Miaofu Ding

%A1l rights reserved.

%$Reproductions or redistributions of these codes or any portion thereof
%in any forms by any means are not permitted without written permission
%$from the author.

%Functionality: this file samples the goal function

sizebasis=size (basis);
if x >= basis(sizebasis(1l),1)
yval=basis (sizebasis(1l),2);
elseif x <= basis(1l,1)
yval=basis (1,2);
else
not_sampled=1;
i=1;
while not_sampled==
if (x <= basis(i+1l,1)) && (x>=basis(i, 1))

yval=basis (i, 2)+(x-basis(i,1))*[(basis(i+1l,2)-basis(i,2))/(basis(i+1,1)-

basis(i,1))1]1;
not_sampled=0;
end
i=i+1;
end
end
end
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