
ABSTRACT

WILSON III, CHARLEY THEODORE. Reconfigurable Passive Mixer-First Receivers. (Under
the direction of Brian Floyd).

Passive mixer-first receivers are a potential solution for the challenge of developing

a universal wideband receiver to meet the exponentially increasing demand in mobile

wireless communications systems. Tunable center frequency and passivity of the mixer

between RF and baseband are fundamental in allowing the receiver to accommodate

multiple communication bands without the need for large external components in a single

hardware solution. The key challenges addressed in this work are (1) understanding and

exploiting the passivity of the mixer at harmonic frequencies, (2) extension of the baseband

coupling network to realize a multi-port receiver, and (3) extension of mixer operating

frequency to its fundamental limits.

The first key contribution in this research is circuits and theory for passive mixer-first re-

ceivers with circulant-symmetric baseband coupling networks. Current approaches do not

utilize off-axis feedback paths in the baseband network of a passive mixer. This work aims

to understand the possible performance enhancements that can be gained by controlling

the harmonic behavior of the mixer through these additional paths. A linear time-invariant

(LTI) model of the mixer has been developed and verified in simulation and in hardware

with an eight-phase receiver with circulant-symmetric baseband network.

The second key contribution is circuits and theory for coupling multiple receiver to

create a reconfigurable multiple-input and multiple-output (MIMO) receiver with adapt-

able multi-port matching network. Information theoretic optimization of a multi-port

matching network has potential capacity benefits. Passivity of the passive mixer enables a

baseband network to tune the input impedance and we will also introduce coupling in the



baseband between receivers to achieve multi-port matching at radio-frequency (RF). The

theory and circuit model introduced have been verified with simulations and a hardware

demonstration of a two-port eight-phase passive mixer-first receiver. Performance of a

two-port receiver has been demonstrated using a real-time 2�2 MIMO communication

system resulting improved capacity with optimization of the multi-port input impedance.

The receiver performance was compared using coupled and un-coupled antennas with

single and multi-port adaptive matching techniques. Measurements show a 7 dB improve-

ment in signal-to-noise ratio (SNR) with closely spaced antennas and optimized baseband

multi-port coupling.

The third key contribution is development and demonstration of high-frequency wide-

band receivers. The challenge of generating non-overlapping clock pulses for driving passive

mixer switches is addressed through AND-ing the pules with CMOS transmission gates. Two

generations of the receiver have been designed and fabricated with variation in the differen-

tial quadrature clock generation circuit. The first-generation prototype uses a narrowband

on-chip passive network and operates from 20-30 GHz. This is the first known demonstra-

tion of a N-path mixer above 12 GHz. The second-generation introduces a high-frequency

divider with quadrature outputs enabling operation down to 3 GHz. The application of

high-frequency passive mixer-first receivers is evaluated with a comparison to a traditional

LNA-first receiver at 28 GHz.
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CHAPTER1

Introduction

The exponential demand for wireless communications, in both number of devices and

data rate, requires ef�cient use of scarce wireless spectrum with power-ef�cient mobile

devices. An adaptive and recon�gurable wireless system, through variable performance

metrics and frequency of operation, has the potential to meet these demands in a cost-

effective way. Traditional radio-frequency (RF) receiver front-ends use a low-noise ampli�er

(LNA) �rst, with a matching network and band-pass �lter, to condition the signal from

the antenna. The matching network and �lter are resonant structures at RF; thus, they are

inherently dif�cult to tune. The LNA must receive and amplify the desired signal linearly

while also receiving large blockers out-of-band. This sets rigorous requirements on the

input �lter or requires a sacri�ce of performance for wideband operation. A mixer-�rst

receiver, shown in Fig. 1.1, can have higher linearity across a wide bandwidth and much
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greater tunability compared to the LNA-�rst receiver. The antenna feeds directly into a

passive mixer which downconverts the signal around the local-oscillator (LO) frequency to

baseband. A low-noise basebandampli�er (LNBA) is then used to amplify the desired signal.

By eliminating the RF �lter, matching network, and LNA, passivity of the mixer enables

components at the baseband to tune the input characteristics of the receiver. The �exibility

of the passive mixer-�rst receiver is important for developing a universal wideband receiver

for recon�gurable wireless systems.

Figure 1.1 Passive mixer-�rst receiver block diagram.

The underlying component of the research proposed is an N-path passive mixer, where

N refers to the number of baseband phases used within the receiver. This architecture is

based on the N-path �lter �rst introduced in [Smi53] and later given the name N-path

in [Fra60]. The important properties of N-path �lters and mixers include the periodic

�ltering characteristics without the use of distributed or magnetic elements and a tunable

center frequency. These relate directly to the desired characteristics of modern integrated

receiver front-ends. Size and area are important considerations when used in a small form

factor device, such as a mobile handset. Passive mixers can eliminate the need for large

off-chip components, such as SAW �lters, and allow for wideband operation with a tunable

center frequency. This reduces or eliminates the need to switch between multiple �lters
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and receiver front-ends. When considering the current trend of increasing number of

communication bands used in wireless systems, there is a clear need for a recon�gurable

circuit.

N-path �lters and mixers were impractical in older CMOS technologies due to poor

switch characteristics, namely a high on-resistance and / or a large parasitic capacitance.

However, switch performance has increased with a decrease in feature size of the MOSFET.

An example of the improvement is illustrated in the primary technology used in the pro-

posed research, GlobalFoundries 45-nm SOI CMOS. The switch �gure of merit, ( Ron Co f f ),

for 45-nm SOI CMOS has been simulated at 180 fs compared to 300 fs for 65-nm bulk

CMOS [Uzu12]. When determining the mixer switch size, a trade-off between insertion

loss through switch resistance and parasitic capacitance must be made. Many of the per-

formance metrics for N-path mixers are proportional to switch performance; thus, this

technology is an ideal choice for mixer designs because of its low Ron Co f f .

Even with technology improvements, N-path receivers have been limited to <6 GHz,

focusing on minimizing noise �gure and dealing with harmonic blockers [And12; Bor11;

Mur12; Wu15 ]. In prior work, noise-canceling circuits have been used to minimize receiver

noise �gure [Mur12 ]; however, these require a copy of the mixer and baseband in addition

to a transconductance ampli�er to create a feed-forward path, resulting in a large increase

in power consumption and area. The noise �gure also degrades with large blockers due

to compression of the transconductance ampli�er. Also in prior work, harmonic rejection

has been accomplished using a feed-forward harmonic recombination technique [And12].

The downside to this is that it requires the summation of baseband phases with irrational

weighting that is dif�cult to implement in layout and sensitive to mismatch [Lin15], in-

creases power consumption, and there is no improvement in linearity when in the presence

of large harmonic blockers.
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1.1 Research Objectives

The objectives of this work are to extend the theory and circuit techniques for passive

mixer-�rst receivers for single-port and multi-port systems.

Chapter Two provides analysis and modeling of single-port passive mixer-�rst receivers

with polyphase feedback resistors at baseband. A method is investigated and proposed

for optimizing harmonic impedance characteristics through baseband network synthesis

and reducing noise �gure. This is compared against feed-forward techniques for noise

cancellation and harmonic cancellation.

Chapter Three presents the design of an eight-phase receiver with resistive baseband

feedback network. Results of the hardware prototype are used validate the modeling from

Chapter Two. The ability to independently tune the fundamental and harmonic impedances

is demonstrated.

Chapter Four builds upon the concepts in Chapter One and extends the mixer-�rst re-

ceiver into a multi-port structure. Analysis and modeling are presented and veri�ed through

simulation. The goal of this chapter is to enable tunable multi-port input impedance of a

MIMO receiver to optimize for capacity.

Chapter Five presents a hardware prototype of a two-port receiver to validate the multi-

port impedance model from Chapter Four. The circuit is used to decouple two closely-

spaced antennas and a coupled two-port single-aperture antenna. The technique is also

validated for use in a MIMO system with a two-port MIMO transmitter and measurements

of system performance with multi-port impedance optimization.

Chapter Six focuses on the fundamental limits on N-path passive mixers. The limitations

are explored through design and hardware veri�cation of a four-phase passive mixer-�rst

receiver at much higher frequencies than previously realized.
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CHAPTER2

Single-Port Receivers

2.1 Motivation

Mixer-�rst receivers enable a widely tunable input impedance at radio frequencies (RF)

through the frequency translation properties provided by passive polyphase mixers [Raz14].

This property is well-modeled around the fundamental frequency of the local oscillator

(LO) and for relatively simple baseband structures [And10a; And10b; Mir11; Yan15]. Mod-

eling and control of the receiver's input impedance at harmonics of the LO, however, is

not as well understood and provides an opportunity for improving the harmonic perfor-

mance of the mixer-�rst receiver. In particular, reducing the mixer's conversion gain at

harmonic frequencies can improve tolerance to harmonic blockers and can reduce har-

monic noise contribution. Furthermore, a better understanding of the harmonic response
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and impedance of mixer-�rst receivers may lead to improved performance for adaptive

subharmonic mixer-�rst receivers.

Transparency of the passive polyphase mixer allows for the input impedance of the

receiver, Z i n , to be tuned using a variable baseband termination impedance, ZB . Tradition-

ally, the real part of ZB is controlled by the negative feedback used around the low-noise

baseband ampli�er (LNBA), whereas the reactive part of ZB can be controlled using quadra-

ture baseband feedback, i.e., resistive coupling between each LNBA output and quadrature

LNBA inputs [And10b]. In a four-phase mixer, this topology can use two of the four available

baseband feedback paths available within each receiver phase simultaneously; however,

when number of phases, N , is increased, such a sparse feedback network does not utilize

the additional degrees of freedom provided by the other N � 2 paths.

In this work, we introduce circuit architectures and methods which utilize those addi-

tional paths and show how proper selection of baseband circulant-symmetric polyphase

feedback allows synthesis of ZB and, thus, Z i n across harmonics. As we will show, this

synthesis is made possible by a discrete Fourier transform (DFT) relationship which exists

between the baseband feedback admittance vector, or circulant, and the equivalent base-

band termination admittance presented to the receiver at harmonics of the LO frequency,

YB (k ! o ), where k represents harmonic number and ! o represents fundamental LO angular

frequency. Our derivations also lead to a revised wideband linear time-invariant (LTI) model

for the passive polyphase mixer-�rst receiver which captures the relationship between

baseband polyphase coupling network and the input impedance for any harmonic.

Turning to prior art, feed-forward cancellation techniques exist to eliminate harmonic

signal content in receivers through use of harmonic recombination (HR) networks [Lie14;

Lin14; And10a; Mur12 ]. These feed-forward topologies use a proper weighting and combin-

ing of polyphase signals to create an output signal in which harmonic content is suppressed.
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Cancellation is only achieved after harmonic recombination; the harmonic content still

exists within the circuit prior to the feed-forward cancellation. As a result, harmonic input

impedance of the receiver or mixer may still be suf�ciently impedance matched and har-

monic blockers can be downconverted to baseband where they may compress stages prior

to the HR network.

In contrast to the above, our technique relies on feedbackand allows for modi�cation

or mismatching of the receiver input impedance at unwanted harmonic frequencies and

thereby reduction of harmonic blockers and harmonic noise through the full signal chain.

As we will show, this has the potential to increase third-harmonic blocker tolerance by

8 dB and reduce noise �gure by 2.7 dB in an eight-phase mixer. Harmonic feed-forward

networks can still be used in conjunction with the proposed feedback technique to further

reject harmonic signals and noise. Furthermore, the feedback technique can be used to

improve the performance of subharmonic mixer-�rst receivers. In this case, fundamental-

frequency noise and blockers can be reduced. Subharmonic mixing can reduce the power

consumption for LO generation, improve phase noise, and / or allow operation to higher

frequencies [Oja14; Moh09; For13; Bab17].

Our technique has functional similarities to [Ru09] and topological similarities to

[Mur15 ]. Functionally, our technique aims to improve harmonic rejection in a way which

limits harmonic excitation within the circuit by providing an initial harmonic rejection

within the mixer. Additional HR can then be provided subsequent to the baseband ampli-

�ers, similar to [Ru09]. As for circuit topology, [Mur15 ] presents HR which is embedded

within baseband transimpedance ampli�ers (TIAs) to reduce the loop gain for unwanted

harmonic signals. Whereas [Mur15 ] suppresses signals using the active forward ampli�er,

our technique suppresses signals using the passive feedback network.

7



This chapter is organized as follows. In Section 2.2, we present a topology for circulant-

symmetric baseband feedback and analyze the effective harmonic baseband termination

impedance of this structure. In Section 2.3, we present an analysis of input impedance,

conversion gain, and noise �gure for the mixer-�rst receiver for any harmonic, as well

as a harmonic LTI circuit model, building upon Andrews and Molnar's work in [And10a].

In Section 2.4, we show how these results can be used to synthesize harmonic receiver

response in a technique we refer to as Baseband Harmonic Tuning (BHT). This is illustrated

through comparison of a receiver optimized for fundamental or third-harmonic operation,

using circuit simulation in 45-nm silicon-on-insulator (SOI) CMOS technology.

2.2 Mixer-First Receiver with Circulant-Symmetric Baseband

The input impedance to the receiver is related to the equivalent impedance looking into

the baseband network, referred to here as the equivalent baseband termination. In this

section, we analyze and model the equivalent baseband termination of an LNBA having

circulant-symmetric polyphase feedback for any harmonic frequency.

The general form of a passive mixer-�rst receiver with dense baseband polyphase feed-

back is shown in Fig. 2.1, containing an N -phase mixer with series FET switches driven by

non-overlapping clock pulses, each with duty cycle 1=N . These LO waveforms are generated

with an N -phase pulse-generation circuit which is driven by a clock signal at a multiple of

the desired LO frequency. Each of the N mixer outputs are then connected to a baseband

capacitor, CB , and LNBA with gain, AB B. Switchable polyphase feedback resistors and ca-

pacitors are connected around each LNBA. This feedback connects LNBA output phase i

to LNBA input phase j , for any i and j between 0 and N � 1. Although not illustrated, the

LNBAs may be fully-differential to cancel even harmonics. Also, a differential mixer may be
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used to reduce LO feedthrough and improve input-referred second-order intercept point

(IIP2) at the added cost and area of an off-chip balun [Mur15 ].

Figure 2.1 Mixer-�rst receiver block diagram with N -phase mixer, clock divider, and baseband
LNA. LNA outputs are coupled to LNA inputs through an N xN circulant-symmetric admittance
matrix. Note that N LNBAs are shown as single-ended but can be realized as N =2 fully differential
circuits.

2.2.1 Circulant-Symmetric Baseband

Symmetry is asserted for the receiver, where every baseband phase has the same loading

and feedback conditions. This results in a network with circulant symmetry; hence, we

refer to this baseband network as a circulant-symmetric baseband (CSB). Feedback for the

CSB is provided through an array of tunable resistors and capacitors to form an admittance,
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beginning with y0 to yN � 1. The index of this admittance corresponds to the phase difference

between the baseband phases being coupled, referred to as baseband coupling index. For

example, y3 would correspond to the coupling between LNBA output n and LNBA input

n � 3. These two nodes have a phase difference of � 2� 3
N for excitation at the fundamental

frequency. Note that zero coupling admittance corresponds to an open circuit and thus no

coupling between the phases of interest. This admittance network thus provides tunable

feedback from the LNBA output to all LNBA inputs for all phases. The coupling network is

repeated and identical for all phases according to our symmetry argument. The baseband

coupling network can be therefore described as an N � N admittance matrix, where N is

the number of mixer phases. Each row represents the feedback from the output of a single

mixer phase and each column is composed of the admittance connecting to the input of a

single phase1.

This matrix, Y, has the property of circulant symmetry [Gra06]

Y=
I fb

Vout � Vin
=

2

6
6
6
6
6
6
6
6
6
6
4

y0 y1 � � � yN � 2 yN � 1

yN � 1 y0 y1 yN � 2

... yN � 1 y0
...

...

y2
... ... y1

y1 y2 � � � yN � 1 y0

3

7
7
7
7
7
7
7
7
7
7
5

. (2.1)

The matrix is composed of a single vector, known as the circulant, that is shifted in each

subsequent row. This circulant is de�ned as follows:

y =
�
y0, y1, � � � , yN � 1

�
. (2.2)

1We assume that the N-phase LNBA inputs have no coupling from one input to another. Similarly, we
assume no coupling between LNBA outputs. As such, the baseband coupling can be represented as an N � N
matrix as opposed to 2 N � 2N , which would be necessary for the more general case.
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The main diagonal is equal to y0, corresponding to the feedback between one LNBA's output

to input, referred to here as “intra-phase" coupling. Note that our approach differs from the

admittance matrices for switching circuits in [Maa; Ham15; Ham16 ] which uses a frequency-

domain model and analysis. Our work uses the matrix in a wideband LTI model, introduced

in Section 2.3, and provides a technique for optimization of harmonic response.

2.2.2 Harmonic Termination Admittance for Circulant-Symmetric Base-

band

We now derive the equivalent baseband termination admittance, YB , presented to the

receiver at harmonics of the LO frequency. The phase relationship between the baseband

signals will depend upon the harmonic of the LO signal which was used to downconvert

the input RF signal to baseband. To see this, let us evaluate the phase relationship versus

harmonics between the non-overlapping clock signals. The general form for the phase

difference with an arbitrary value for N can be de�ned by a baseband harmonic phase

parameter

� n ,k =
2� nk

N
n = 0,1,� � � ,N � 1, (2.3)

where n refers to the baseband coupling index and k refers to the harmonic index. For

example, in an eight-phase mixer, each phase of the clock signal has a phase difference of

�
4 for k = 1 and 3�

4 for k = 3 as derived using a Fourier series.

Since the CSB uses polyphase feedback, an equivalent circuit model can be derived to

simplify our analysis. For this model, our symmetry argument translates into no amplitude

or gain differences between baseband signals and a phase relationship between phases

which is exactly that of the phase difference introduced by the non-overlapping LO wave-

forms. An equivalent circuit of each baseband phase is shown in Fig. 2.2. Voltage-controlled
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voltage sources (VCVS) with gain equal to e x p(� j � n ,k ) are introduced to represent the

phase relationship between output � and input � � n . If necessary, these VCVS could in-

clude a series output resistance to model the impact of nonzero output impedance in the

LNBA. The baseband ampli�er gain, AB B,k , is modi�ed to include a harmonic index. If a

fully-differential baseband ampli�er topology is used, then AB B,k is equal to the differential-

mode gain for k =odd and the common-mode gain for k =even. If a single-ended baseband

ampli�er topology is used, then AB B,k is the same across all k .

Figure 2.2 Equivalent circuit model of the baseband LNA with baseband coupling network com-
prising tunable feedback using all baseband phases.

The equivalent baseband termination admittance, YB,k , is de�ned to be the closed-loop

admittance looking into the input node of the baseband which is presented to the receiver

at harmonics of the LO. Using (2.2) and (2.3), this is found to be

YB,k =
N � 1X

n =0

yn + AB B,k

N � 1X

n =0

yn e � j � n ,k = ys um + AB B,k Yk . (2.4)
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From this, we observe that YB,k consists of a �rst, passive term, ys um , equal to the total

parallel load provided by the coupling network, and a second, active term related to an

ampli�ed version of the discrete Fourier transform (DFT) of the baseband circulant, de�ned

as Yk .

The DFT relates the baseband coupling admittance, yn , as a function baseband cou-

pling index, n , to the harmonic baseband termination admittance, Yk , as a function of the

harmonic index, k . They are a Fourier transform pair, as follows: yn , Yk . This relationship

allows synthesis of harmonic termination admittance through selection of appropriate

baseband coupling admittance, as we will show further in Section 2.4. Note that Yk can also

be interpreted as a vector interpolation, illustrating how any desired baseband termination

admittance can be created and also illustrating how prior art is able to create fundamental

matching impedances using only two-phase coupling. To demonstrate the broader rela-

tionship between coupling admittance and harmonic admittance, let us consider a few

examples.

2.2.3 CSB with Resistive-Only Coupling

First, we consider the case of resistive-only coupling, where yn = gn . This yields

YB,k =
N � 1X

n =0

gn + AB B,k

N � 1X

n =0

gn e � j � n ,k = gs um + AB B,k Gk . (2.5)

where Gk is a complex-valued DFT of the real (or conductive) portion of the baseband

circulant. In other words, Gk represents a complex conductance vector, which varies as a

function of harmonic. Initially, many of the additional feedback paths may seem redundant

due to the ability to interpolate a desired baseband termination using only intra-phase and

quadrature-phase resistive coupling. The additional phases, however, play the important
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role of determining the baseband termination admittance presented to harmonic input

signals.

Table 2.1 Comparison of harmonic baseband termination impedance ( i.e., prior to frequency
translation) with different baseband circulants in an eight-phase mixer.

Coupling ZB,1 (
 ) ZB,3 (
 ) ZB,5 (
 )

(a) Intra-phase 400+ j 0 400+ j 0 400+ j 0
(b) Intra-phase
+ quadrature-phase

400+ j 135 400� j 135 400+ j 135

(c) Polyphase baseband 400+ j 0 80+ j 0 80+ j 0
(d) Polyphase baseband
+ quadrature-phase

400+ j 135 89� j 6 89+ j 6

Figure 2.4 Receiver input resistance with intra-phase and quadrature-phase coupling ( i.e., ZB =
RF � j RI ). The peak alternates between above and below the LO for odd harmonics.

To illustrate this property, in Table 2.1 and Fig. 2.3, we compare the equivalent baseband

harmonic termination impedance for an eight-phase mixer-�rst receiver designed to be

impedance matched at the fundamental frequency, meaning that ZB,1 � 8�50 
 . This is done

for four cases: (a) intra-phase coupling ( i.e., standard transimpedance ampli�er basebands),

(b) intra-phase plus quadrature-phase coupling, (c) polyphase baseband coupling chosen
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(a) g = 13.1� 1 � [1,0,0,0,0,0,0,0] � A/ V (b) g = 14.7� 1 � [1,0,0.35,0,0,0,0,0] � A/ V

(c) g = 4.73� 1 � [1,0,0,0.5,0,0.5,0,0] � A/ V (d) g = 5.0� 1 � [1,0,0.12,0.5,0,0.5,0,0]
� A/ V

Figure 2.3 Harmonic termination impedance vectors with different baseband circulants, given
asg vector, in eight-phase mixer from Table 2.1 normalized to magnitude of fundamental
impedance. A horizontal right arrow corresponds to a g vector with only a positive real com-
ponent.

to reduce harmonic impedance, and (d) polyphase baseband coupling to achieve complex

fundamental matching and reduced harmonic impedance. A design procedure to obtain

the values for these eight-phase circulants will be described in Section 2.4.

In case (a), for intra-phase coupling, the equivalent baseband termination is constant

across harmonics. For this case, a baseband circulant of g = 13.1� 1 � [1,0,0,0,0,0,0,0] � A/ V

and AB B = 30 dB is used. In case (b), for quadrature-phase coupling, the resistance remains

�xed across harmonics whereas the reactance alternates sign across harmonics, targeting

+ j135 at fundamental. For this case, the baseband circulant is g = 14.7� 1 �[1,0,0.35,0,0,0,0,0]

� A/ V. The alternating behavior across harmonics is illustrated in Fig. 2.4, which shows

the RF input resistance to the mixer [And10b], where the susceptance shifts the shunt

resonance to a higher or lower frequency.

In contrast, polyphase baseband coupling used in (c) and (d), allows control of the

real and imaginary parts of the termination impedance at the fundamental to match (a)
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and (b) while also reducing the impedance at third and �fth harmonics by an adjustable

factor, which is here set to a conductance ratio of �ve. For case (c), the baseband circulant

is g = 4.73� 1 � [1,0,0,0.5,0,0.5,0,0] � A/ V, whereas for case (d), the baseband circulant is

g = 5.0� 1 � [1,0,0.12,0.5,0,0.5,0,0] � A/ V. In all of the above, coupling arrays which result in

a �nal admittance vector with negative conductance are generally avoided to maintain

system stability.

2.2.4 CSB with Resistive-Plus-Capacitive Coupling

Feedback in the baseband coupling network is not limited to resistors; capacitive feedback

can also be introduced 2. Capacitive coupling provides a mechanism to introduce a complex

admittance which changes as a function of harmonic offset frequency, ! I F,k , de�ned as

the difference between RF input frequency ! i n and the LO harmonic of interest k ! LO .

Note that ! I F,k can be positive or negative. Here, we focus on shunt RC feedback which is

low-pass in nature. Alternative topologies for polyphase coupling, including R in parallel

with a series RC, are not elaborated here, but could be considered using the general result

in (2.4).

The baseband circulant for the case with shunt resistive-capacitive (RC) coupling is

yn (! I F,k ) = gn + j (! i n � k ! LO )cn = gn + j ! I F,k cn , (2.6)

where cn is the feedback capacitor for coupling index n . Accounting for the frequency-

dependent response of the LNBA, use of an RC-CSB yields an equivalent input termination

2Note that we do not feel it is practical to use feedback inductors in the baseband as it would require
N � N large-value tunable or switchable inductors for a fully-populated matrix. Feedback inductors would
also create short circuit feedback at DC across the LNBA causing return-to-zero behavior in the mixer.
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admittance of

YB,k (! I F,k ) =
N � 1X

n =0

yn + AB B,k (! I F )
N � 1X

n =0

yn e � j � n ,k

= ys um + AB B,k (! I F )
�
Gk + j ! I F,k Ck

�
.

(2.7)

This admittance does not include the baseband sampling capacitors, CB , which will be

incorporated into the harmonic LTI model in the next section. Gk and Ck are complex-

valued DFTs of the resistive and capacitive portions of the baseband circulant. As before,

Gk represents a complex conductance vector whereas Ck represents a complex capacitance

vector, both of which vary as a function of harmonic. From this, we see that the addition

of coupling capacitance provides a way to introduce a frequency-dependent admittance,

where the direction or trajectory of that change with respect to harmonic offset frequency

can be selected based on the baseband couping index. For example, a positive capaci-

tance, negative capacitance, or complex “Miller" capacitance response can be achieved

to compensate for frequency-dependent behavior of the receiver. Design methods will be

described in Section 2.4.

2.3 Harmonic LTI Model

2.3.1 Input Impedance

The LTI circuit model introduced by Andrews and Molnar [And10b] provides an intuitive

look into the input impedance of the mixer around the LO frequency. Further work [Yan15]

accurately predicts the behavior across a wide rage of LO frequencies by accounting for the

high-frequency effect of parasitics. Alternate models use a linear periodically time variant

(LPTV) method to more generally describe the switching behavior of passive mixers and
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samplers [Soe10; Pav17], whereas a linear time variant (LTV) model in [Mur14 ] models a

noise-canceling receiver with consideration for baseband outputs due to harmonics of

the LO. A harmonic impedance model is introduced in [Mur14 ] and further evaluated in

[Bab17]. This result is also derived using conversion matrix-based analysis in [Ham18]. Our

approach results in the same conclusion but presents this in an intuitive model that is more

applicable to the generalized case where the baseband termination impedance is harmonic

dependent through the use of a dense CSB network.

Our impedance analysis of the circuit follows the method in [And10b], modi�ed to

incorporate the harmonic effects for both input signals and baseband terminations. First,

we approximate the RF input as a sinusoidal voltage source

VR F,k (t ) = Acos(k ! LO t + � ), (2.8)

with amplitude A, phase � , and frequency very close to the k t h harmonic of the LO fre-

quency, ! LO . Second, we assume that the baseband termination varies across harmonics

according to ZB,k = Y � 1
B,k , as shown in Section 2.2.

An equivalent circuit for the N-phase mixer is shown in Fig. 2.5, where the parallel set of

N mixer switches is simpli�ed into ideal switches and a single resistor, Rs w , equivalent to

the ON resistance of a mixer switch. Only one switch is assumed active at any given time by

design, and the mixer is assumed to operate in the mixing region with a virtually constant

voltage across the baseband capacitors, where RC � Ton [Klu17].
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Figure 2.5 Equivalent N-phase mixer circuit for impedance analysis.

2.3.2 Harmonic Impedance Analysis

Harmonic impedance analysis begins with the circuit shown in Fig. 2.5 and follows the

method used in [And10b]. A charge balance equation is used to solve for the voltage across

the baseband load due to a RF input source. Because of the periodicity of the mixer, charge

stored onto the baseband capacitors, VC n , is equal to the total current through the combined

antenna and switch resistance, R
0

a ,k = Ra ,k + Rs w , while the switch is on:

Qn ,k = T
VC n,k

RB,k
=

Z T (n +1
N � 1

2N )

T ( n
N � 1

2N )

VR F,k � VC n,k

R0

a ,k

d t

n = 0,1,� � � ,N � 1.

(2.9)

A time shift has been introduced in the limits of integration to center phase 0 around

time t = 0 which simpli�es the resulting equation. It is also assumed that the baseband
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capacitor, CB , is large enough to hold VC,n approximately constant over the period. The

integration is repeated N times to cover the full period, T = 1=! LO , over which charge is

stored onto each baseband capacitor. R0
a ,k is also assumed to be constant over a narrow

bandwidth of the LO frequency but can vary over harmonics.

After substituting VR F,k (t ) = Acos(k ! LO t + � ) into (2.9) and assuming � = 0, the result-

ing voltage across each baseband load is

VC,nk = A
RB,k

RB,k + N R 0

a ,k

sinc
•

� k

N

‹
cos

•
2� kn

N

‹
. (2.10)

We next �nd the Fourier series of (2.10), resulting in the Fourier cosine coef�cients:

am ,k =
2

T

N � 1X

n =0

Z T (n +1
N � 1

2N )

T ( n
N � 1

2N )
VC n,k cos

•
2� m

T
t
‹

d t

= A
RB,k

RB,k + N R 0

a ,k

sinc2
•

� k

N

‹
,

(2.11)

where m = 1,2,3,� � � . The constant term and sine Fourier coef�cients are zero because

of the symmetry and time shift introduced in the limits of integration.

The voltage at the virtual node, Vx , is the piecewise combination of baseband load

voltages during the time in which each switch is turned on, shown in Fig. 2.6 for an eight-

phase mixer with an RF input at the fundamental and third harmonic of the LO. The resulting

equation for the voltage at Vx including (2.11) over all harmonics is

Vx ,k (t ) =
1X

m =1

am ,k cos(m ! LO t ). (2.12)

The Fourier coef�cient, am ,k , is nonzero only at m = k and harmonics mN � k due to the

resulting signal resembling a stepped sinusoid.
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When only considering am ,k at the RF input frequency, Vx is equivalent to

Vx ,k = A
RB,k

RB,k + N R 0

a ,k

sinc2
•

� k

N

‹
cos(k ! LO t )

= VR F,k (t )
RB,k

RB,k + N R 0

a ,k

sinc2
•

� k

N

‹
.

(2.13)

(a) (b)

Figure 2.6 Approximation of voltage at virtual node Vx with an RF input at (a) fundamental and
(b) third harmonic of the LO for an eight-phase mixer.

It is necessary to rede�ne the scaling factor, 
 N , as introduced in [And10b], to include

the behavior at harmonics of the LO. From the previous analysis it is seen that the harmonic

number, k , is included in the updated scaling factor


 N ,k =
1

N
sinc2

•
� k

N

‹
. (2.14)
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This seemingly simple modi�cation is a key component for realizing the wideband LTI

model. The inclusion of a harmonic modi�er in the scaling factor modi�es the impedance

transformation of the mixer at harmonics of the LO.

With (2.13) and (2.14), we can now solve for the input impedance to the mixer:

Z i n ,k =
VR F,k

IR F,k
� Za ,k , (2.15)

by solving for the input current:

IR F,k =
VR F,k � Vx ,k

Z 0

a

= VR F,k

N Z
0

a + ZB,k (1 � N 
 N ,k )

Z 0

a ZB,K + N Z 02
a ,k

. (2.16)

The limits of Z i n ,k are found by looking at the bounds set by the limits of tunable

baseband impedance, ZB :

Z i n ,k ! Rs w as jZB j ! 0

Z i n ,k ! Rs w + Z
0

a

N 
 N ,k

1 � N 
 N ,k
as jZB j ! 1 .

(2.17)

Due to the passivity of the mixer, signals are both downconverted and upconverted between

the RF input and baseband. This results in a reradiation of the downconverted RF signal

to higher order harmonics of the LO. The results of this behavior can be modeled as an

additional parallel impedance in the baseband network. This impedance is related to the

antenna impedance Za ,k , the switch resistance Rs w , and N . The reradiation impedance

also has a dependency on the harmonic k through 
 N ,k and can be approximated as:

Z r ad ,k =
1

Yr ad ,k
�

�
Za ,k + Rs w

� N

1 � N 
 N ,k
. (2.18)
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The reradiation impedance, Z r ad ,k , introduced here differs from the result presented in

[And10b] with the exclusion of 
 N in the numerator due to the use of transformers in our

model which is discussed in Section 2.3.3.

However, because our analysis considers harmonic inputs, we should also consider the

impact of an antenna impedance that changes over frequency. In this case, we still assume

that the antenna impedance is constant over a narrow bandwidth but can differ at each

harmonic. The reradiation impedance is composed of the parallel combination of Z
0

a scaled

at speci�c harmonics ( e.g., N n � k = 7,9,15,17, � � � for an eight-phase mixer at k = 1). The

reradiation impedance is then calculated as

Z r ad ,k =
1


 N ,k

� 1X

n =1

k 2

(N n � k )2

1

Za ((N n � k )! LO ) + Rs w

+
1X

n =1

k 2

(N n + k )2

1

Za ((N n + k )! LO ) + Rs w

� � 1

,

(2.19)

where n = 1,2,3, � � � . The inclusion of the harmonic, k , and scaling factor, 
 N ,k , in (2.19)

allows for accurate prediction of the wideband input impedance.

The key results are summarized here. When compared to [And10b], the primary differ-

ences are twofold. First, the impact of round-trip conversion loss can be modeled through

a harmonic scaling factor, (2.14). As before, this factor models the harmonic impedance

translation from baseband to RF due to the bidirectional nature of the switches; however,

it now incorporates the scaling for each harmonic input frequency. Second, a rede�ned

harmonic-dependent re-radiation impedance is introduced, (2.19), and approximated as

(2.18). This models the signal power loss to harmonic re-radiation, that is the downcon-

version of signals from harmonic k to baseband and then upconversion back to other

harmonics [And10a; Mir11 ].
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Figure 2.7 Equivalent wideband LTI input-impedance model of N-phase passive mixer with
series-combined frequency dependent transformers for k harmonics.

2.3.3 Wideband Input Impedance Circuit Model

A frequency-domain equivalent circuit model for input impedance across k harmonics

is shown in Fig. 2.7. We use a series-combined transformer to provide frequency-domain

multiplexing of harmonic responses. The transformers separate the impedances at RF and

baseband and models the loss associated with frequency translation, where the coupling

ratio is determined by the harmonic scaling factor, 
 N ,k . There are k equivalent basebands,

representing the conversion of input signals at the k t h LO harmonic to baseband. Each base-

band circuit includes a baseband termination ZB,k in parallel with a re-radiation impedance,

Z r ad ,k . Also, the re-radiation impedance must appear in each harmonic baseband circuit

as opposed to a single lumped element, since the re-radiation is harmonic-dependent. The

frequency component of the baseband loads is in intermediate-frequency domain and

harmonic-dependent with ! I F,k = ! i n � k ! LO . Finally, the RF input models an antenna
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with a frequency-dependent source voltage, VR F (! ), and antenna impedance, Za (! ), and is

in the RF frequency domain. Although the RC � Ton condition implies little interaction be-

tween harmonic input impedances, we have found that this frequency-multiplexed model

captures the simulated behavior of mixer even when this condition begins to break down.

The input impedance of the receiver is a series combination of the switch resistance and

transformer-coupled baseband and re-radiation impedances with a turns ratio of
p


 N ,k .

Similar to [And10b], the total input impedance can be modeled as

Z i n (! ) = Rs w +
1X

k =1


 N ,k

�
Z

0

B,k (! I F,k ) k Z r ad ,k

�
, (2.20)

where a frequency-shifted baseband capacitor has been added in parallel with the termina-

tion admittance for a frequency-dependent termination impedance, as follows:

Y
0

B,k (! I F,k ) =
�
Z

0

B,k (! I F,k )
� � 1

= YB,k + j ! I F,k CB (2.21)

This models the combined effect of all harmonics, where the response of an adjacent

harmonic can in�uence the impedance. Note that when j! I F,k j � 1
CB RB

, the mixer load at

each harmonic can be approximated as a short circuit with the effective input impedance

approximately equal to Rs w .
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(a) (b)

(c) (d)

Figure 2.8 Comparison of simulated and predicted input impedance across frequency using
wideband LTI circuit model for four-phase mixer input resistance (a) and reactance (b), and
eight-phase mixer input resistance (c) and reactance (d).
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(a) (b)

Figure 2.9 Simulated and predicted input resistance for (a) four-phase and (b) eight-phase mixer
using wideband LTI circuit model with swept RB at harmonics k of ! LO .

A simple receiver circuit was created and simulated at fLO = 200 MHz using Global-

Foundries 45-nm SOI CMOS to validate our model. It consists of an N -phase mixer with

�oating-body NFET switches sized at W=L= 56µm=45nm, and baseband loads with a ca-

pacitor, CB = 30pF, and a tunable resistor, RB . The Cadence-simulated and analytical input

impedance are compared in Fig. 2.8 for both a four-phase and eight-phase design when

RB is chosen for an Ri n � 50
 at the fundamental frequency. Simulations agree well with

predications across the full frequency range. Typically, the value of CB provides a suf�cient

�lter bandwidth such that Ri n � Rs w at the midpoint between harmonics of the LO. The ca-

pacitor value for our test case was chosen to increase this �lter bandwidth and illustrate how

our model accurately captures the wideband response. The resulting impedance between

harmonics is the superposition of Rs w and the upper and lower harmonic response. The

same circuit and LO frequency is used in Fig. 2.9 to illustrate the accuracy of the model as a
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function of RB . The input resistance is shown at fR F � k f LO and k = 1,2,3 for a four-phase

and eight-phase mixer. Once again, our model accurately predicts the simulated results.

2.3.4 Conversion Gain

The closed-loop gain at each harmonic, assuming all other harmonics are zero, can be

calculated using the LTI circuit model with a negative-feedback LNBA. Fig. 2.10 shows the

equivalent circuit. The polyphase feedback impedance, as a function of the CSB network,

has been simpli�ed into an equivalent impedance equal to Zk = Y � 1
k , where Yk is given by

(2.4). When looking back towards the source, we see the antenna impedance in series with

the mixer switch resistance and scaled by the transformer, as follows:

Zb a c k,k = Za ,k
0=
 N ,k . (2.22)

The combined input impedance of the ampli�er is

Z i ,k = Zb a c k,k k Z r ad ,k . (2.23)

A harmonic-dependent feedback factor, � k , is calculated using (2.19) and (2.22) as

� k =
Z i ,k

Z i ,k + Zk
=

Zb a c k,k k Z r ad ,k

Zb a c k,k k Z r ad ,k + Zk
. (2.24)

Note that � k includes the harmonic number, k , to model the variation in feedback impedance

across harmonics. The ideal closed-loop voltage gain of the circuit from Vi ,k to Vo,k is

� k =
� Zk

Z i ,k
=

� Zk

Zb a c k,k k Z r ad ,k
. (2.25)
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The closed loop gain at each harmonic can then be calculated from (2.24) and (2.25) as

follows:

Ac l ,k =
Vo,k

Vi ,k
= � k � k

AB B,k

1+ AB B,k � k
. (2.26)

The voltage conversion gain of the receiver can then be calculated from (2.26) by including

the the scaling of the signal level through the mixer from charging of the baseband capacitor,

as follows:

Av,k =
Vo,k

VR F,k
= 2 sinc

•
� k

N

‹
Ac l ,k . (2.27)

The gain is multiplied by two due to the available gain from the RF voltage source into

a matched load. The conversion gain is also multiplied again by two when a LNBA with

differential output is used.

Figure 2.10 Equivalent circuit model for conversion gain analysis, assuming only the k t h har-
monic is non-zero.

A comparison of predicted and simulated conversion gain with swept RB for harmonic

inputs is shown in Fig. 2.11. For this example, a behavioral differential LNBA was used with

a gain AB B,k = 20 dB and the same size mixer switches are used from Fig. 2.8. Harmonics

k = 1,3, and 5 are plotted showing agreement between the model and simulation.
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(a) (b)

Figure 2.11 Simulated and predicted conversion gain for (a) four-phase and (b) eight-phase
mixer with swept RB and RF input at harmonics k of ! LO using wideband LTI circuit model.

2.3.5 Noise

The noise factor (F) for the circuit can be derived using the same frequency-domain equiva-

lent circuit model from conversion gain analysis. The downconverted noise is a combination

of noise from the impedances in the circuit and the noise of the baseband LNA. The noise

contribution from each harmonic i is

Fk (i ) =
•
1+

Rs w

Ra

‹ �

1+
ZB B,i

Zb a c k,i k Z r ad ,i

� �

 N ,i


 N ,k

�

=
•
1+

Rs w

Ra

‹ •
1+

1

� i

‹ �

 N ,i


 N ,k

�

, (2.28)

assuming a noiseless ampli�er. Noise from the feedback impedance is a ratio of the equiva-

lent baseband impedance, ZB B,i , and the parallel combination of impedances at the input of

the ampli�er, Zb a c k,i k Z r ad ,i . The result is equivalent to the inverse of the voltage gain term

� i . Noise from each harmonic is multiplied by the ratio of scaling factor for the harmonic

being observed, i , and the desired downconverted harmonic, k . The noise contribution
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from the LNBA follows the method from [Ega04], where the equivalent input voltage e �
v ,

that produces the same output as the input-referred noise of the ampli�er, v �
n , is

e � 2
v � 2 = v � 2

n (1+ � )2. (2.29)

Thus, the noise factor due to the ampli�er is

FLNBA =

 N ,k v � 2

n

4kBT Za ,k

•
1+

1

� k

‹ 2

. (2.30)

The total noise can then be calculated as the sum of contribution from each harmonic

downconverted to the baseband and noise due to LNBA, as follows:

Fk =
•
1+

Rs w

Ra

‹ ‚

1+
1

� k
+

1X

i

•
1+

1

� i

‹ �

 N ,i


 N ,k

� Œ

+

 N ,k v � 2

n

4kBT Za ,k

•
1+

1

� k

‹ 2

. (2.31)

The previous equations do not directly include noise from Z r ad because the magnitude of

noise downconversion at harmonics is scaled by the ratio 
 N ,i =
 N ,k and summed across

frequencies. Therefore, the total noise factor will be a sum of noise at all of downconverted

harmonics, as shown in (2.31), where k depends on the desired downconverted frequency

and i is all other harmonics which contribute to the total noise. For example, a differential

mixer or LNBA, with the desired signal at k = 1, will cancel downconverted noise from even

harmonics, in which case i is only odd harmonics, i.e. i = 3,5,7,� � � .
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(a) (b)

Figure 2.12 Simulated and predicted noise �gure for (a) four-phase and (b) eight-phase mixer
with swept RB and downconversion from the fundamental, k = 1, and harmonics k = 3,5 of ! LO .

A comparison of simulated and predicted noise �gure (NF) is shown in Fig. 2.12 with

swept RB when the mixer is operated at the fundamental frequency, k = 1, as well as at

harmonics k = 3,5, i.e., sub-harmonic mixing. As RB is swept, the input impedance, Ri n ,

varies from about Rs w to Rs w + Z r ad ,k departing from matched condition. Even harmonics

are canceled with the use of differential LNBAs. Simulations employ periodic steady-state

analysis in SpectreRF, 45-nm SOI switches driven with an LO frequency of 500 MHz, and a

behavioral model for the LNBAs with input-referred noise of 1nV=
p

Hz, gain of 30 dB, and

an output 1-dB voltage compression point of approximately 0.8 V peak.

Analytical and simulated NF agree well, showing that, for N = 4, the NF increases from

about 2.4 dB with an RF input at k = 1 downconverting to baseband and 11.9 and 16.4 dB

for k = 3,5, respectively. For N = 8, NF is 1.7, 3.8, and 8.3 dB, for k = 1,3,5, respectively.

Subharmonic mixing ( i.e., operating at an RF input frequency at k = 3,5) in a four-phase
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mixer may not be useful as NF increases rapidly at higher harmonics; however, the NF for

third-harmonic mixing in an eight-phase mixer is low enough to have a practical applica-

tion.

2.4 Harmonic Impedance Control

2.4.1 Description

The model for input impedance, shown in Fig. 2.7, provides an intuitive way to capture

the harmonic behavior of a mixer-�rst receiver and the relationship between a baseband

coupling matrix and the equivalent harmonic baseband admittance. In this section, we

introduce a design methodology which allows for control of both fundamental impedance

and third-harmonic impedance for the particular case of an eight-phase mixer.

As presented in (2.4), yn and Yk are a DFT pair, providing a simple way to evaluate

harmonic admittance response. Clearly, an inverse discrete Fourier transform (IDFT) rela-

tionship exists. If AB B,k is large for all k , we can neglect ys um in (2.7) and approximate YB,k

as AB B,k Yk , resulting in the following inverse relationship:

yn =
1

N

N � 1X

k =0

Yk e j � n ,k �
1

N

N � 1X

k =0

YB,k e j � n ,k

AB B,k
. (2.32)

While it is desirable to consider the inverse DFT to calculate the necessary circulant for

a desired harmonic response, this approach is complicated by two factors. First, the desired

harmonic response must be speci�ed across N harmonics to allow direct calculation of yn .

Often, the even-order harmonics are not of interest or not known a priori . Improper speci�-

cation of even-harmonic response within the IDFT can lead to non-physical circulants ( e.g.,

negative coupling conductance). Second, for N-phase mixers employing fully-differential
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baseband ampli�ers, AB B,k equals the common-mode gain for even values of k . As a result,

baseband loop gain is low for even-order harmonics and we cannot neglect the ys um terms

in our admittance analysis. This then invalidates the approximation in (2.7). For these

reasons, we present a methodology which can relate yn to YB B,k subject to design objectives.

We refer to our technique as Baseband Harmonic Tuning (BHT).

2.4.2 Harmonic Tuning Using Real Circulants

Our goal is to achieve a desired admittance response at fundamental ( YB,1) and either

a reduced or increased admittance response at the third-harmonic for an eight-phase

mixer. This is to be achieved using real-only ( i.e., resistive) baseband circulants. We specify

two design parameters, as follows: (i) a fundamental baseband termination condition

Z1 = RB (1+ j x ) and (ii) a desired harmonic admittance scaling such that the third-harmonic

conductance is H3 times the fundamental conductance, de�ned as follows:

H3 =
Re(YB,3)

Re(YB,1)
=

Re(gs um + AB B,3G3)

Re(gs um + AB B,1G1)
. (2.33)

H3 can take a negative value (greater than -1, for large AB B,k ), allowing for negative con-

ductance to be generated at third harmonic to partially cancel the real part of Yr ad ,3, but

still achieving overall positive conductance. Note that the �fth harmonic will achieve a

complex-conjugate response to the third harmonic for this scenario; hence, H3 constrains

both third and �fth harmonics.

We �rst specify a baseband circulant, equal to

g = R� 1
0 � [1,b1,b2,b3,0,b3,b6,b1] (2.34)
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where bi represents the coupling conductance normalized by the intra-phase coupling.

First, b2 and b6 are included to introduce a “susceptance" for complex matching. For

positive susceptance we set b6 to design variable bq and set b2 to zero. Likewise, for negative

susceptance we set b2 to bq and set b6 to zero. Second, the b4 term is set to zero to avoid

potential instability from positive feedback within the baseband network. Third, we have

introduced b1 at the �rst and seventh position and b3 at the third and �fth positions. The two

b1 terms will create a complex-conjugate admittance pair which will allow us to decrease

H3 (corresponding to increased third-harmonic relative impedance ). Similarly, the two b3

create a complex-conjugate admittance pair which allow us to increase H3 (corresponding

to decreased third-harmonic relative impedance ). Finally, we let AB B,1 = AB B,3 = AB B, the

differential-mode baseband ampli�er gain.

We substitute our circulant into (2.33) and evaluate the DFT. For an eight-phase mixer,

this results in the following:

H3 =
1+ bq + 2(b1 + b3) + AB B

�
1+

p
2(b3 � b1)

�

1+ bq + 2(b1 + b3) + AB B

�
1+

p
2(b1 � b3)

� . (2.35)

This is a key result, indicating that if we want to achieve H3 > 1, we can set b1 to zero and

tune b3, whereas if we want to achieve H3 < 1, we can set b3 to zero and tune b1. Additional

details are included below to show how to numerically calculate the circulant; however,

designers can use (2.35) to inform their intuition.

Using the fundamental matching condition in (2.20), we solve for the baseband termi-

nation, as follows:

Z1 =
•


 N ,1

Z i n (! o ) � Rs w
� Yr ad ,1

‹ � 1

= RB

�
1+ j x

�
. (2.36)
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We then determine the value of bq based on the fundamental impedance condition by

inverting Z1 and equating its imaginary part to that of YB1, leading to the following:

bq =
•

jx j

1+ x 2

‹
R0

AB BRB
. (2.37)

For the condition of H3 � 1, we set b1 to zero and solve for b3 as a function of H3 and

bq ; whereas for the condition of H3 < 1, we set b3 to zero and solve for b1. This yields the

following results:

b1 = 0, b3 = bh 3, for H3 � 1;

b1 = bh 3, b3 = 0, for H3 < 1.
(2.38)

Here, bh 3 is the third-harmonic conductance ratio, de�ned as

bh 3 = L3 �
1+ (1+ bq )=AB B

1 � 2L3=AB B
, (2.39)

where L3 is de�ned as

L3 =

p
2j1 � H3j

2(1+ H3)
. (2.40)

L3 can be shown to be the limit of bh 3 as AB B approaches in�nity and thus provides an

approximate result for bh 3 when ignoring the effects of �nite loop gain 3.

We now equate r e a l (YB,1) to r e a l (1=Z1) to �nd R0 substituting values for b1, bq , and

bh 3. This yields

R0 =
RB (1+ AB B)

�
1+ x 2

�

�
1+H3

2

�
�

p
2j1� H3j
2AB B

� jx j
AB B

. (2.41)

3Conductance ratio L3 must be positive; hence, H3 > � 1.
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We see that R0 depends on both reactive and harmonic matching targets, x , and H3. We

must scale R0 to accommodate the additional feedback impedances which would otherwise

act to reduce the closed-loop termination impedance.

Using (2.37)-(2.41), we have the ability to determine a circulant for our two design

conditions–fundamental match, Z1, and harmonic conductance ratio, H3. This procedure

was used to derive the circulants corresponding to the impedance conditions in Table 2.1,

illustrating how the desired fundamental impedance can be obtained for either H3 = 1

(case (a) for real-only; case (b) for complex match) or for H3 = 5 (case (c) for real-only;

case (d) for complex match). In design, we can use our harmonic synthesis to mimic the

effect of a harmonic recombination circuit in a feedback manner and reduce the input

impedance at the third harmonic, reduce harmonic conversion gain, reduce harmonic

noise conversion, and improve harmonic blocker tolerance. This is a simple modi�cation

to an existing N-path mixer circuit without additional power consumption which can be

used to reduce harmonic downconversion through impedance mis-matching.

Analytical results illustrating both circulant values and harmonic impedance values

versus H3 (for b2 = 0) are shown in Fig. 2.13. Values for b1 and b3 are shown in Fig. 2.13(a)

using equations (2.38)-(2.40). Note that these factors exhibit an inverse relationship with

respect to H3, centered around H3 = 1. Fig. 2.13(b) shows the calculated values of Rn = g � 1
n ,

illustrating R1 and R3 becoming very large as H3 approaches one. Finally, Fig. 2.13(c) shows

the realized baseband termination resistances, RB,k . According to our design objectives,

RB,1 maintains a constant value, whereas RB,3 changes in direct relationship to H3, including

negative values.

We further illustrate our harmonic impedance tuning capability by designing for an

impedance match at the fundamental and then evaluating the range of achievable third-

harmonic impedance using circuit simulations. The input impedance of the receiver de-
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(a)

(b)

(c)

Figure 2.13 Analytical result of swept harmonic admittance scaling factor, H3, and b2 = 0 for
(a) normalized coupling conductance, (b) feedback resistor, and (c) harmonic termination
impedance.
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scribed in Section 2.3(A) is simulated at 1 GHz while sweeping BHT parameters, b3 and

b1. Note that this impedance is bounded by Rs w on the low side and 
 N ,k Re
�
Z r ad ,k

�
on

the high side. Fig. 2.14 shows S11 of the full receiver for the fundamental frequency (thick

black line) which is designed to achieve an input match at the fundamental clock frequency.

A family of curves is included as colored lines to illustrate the S11 at the third harmonic,

obtained with b3 = 0.55, 0.36, 0.15, 0.05 andb1 = 0.05, 0.12, 0.16, 0.22, 0.26, 0.30, 0.35, 0.42,

0.49, 0.57, 0.69 from left to right. S11 curves exhibit a slight asymmetry top to bottom due to

a parasitic capacitance of the 45-nm RF SOI mixer switches used for the simulation. This

could be tuned out using bq if desired.

Figure 2.14 Simulation of receiver S11 with at fundamental, thick black line, and third harmonic,
thinner colored lines. H3 is swept to keep the fundamental constant while changing the third
harmonic impedance.
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2.4.3 Harmonic Tuning Using RC Circulants

Another use of BHT is the ability to adjust both impedance and bandwidth at the funda-

mental or third-harmonic through use of a CSB with a parallel resistive-plus-capacitive

(RC) coupling. Assume that we have a target fundamental-frequency (or third-harmonic)

bandwidth de�ned through a baseband time constant, � B,1 (or � B,3). This is the dominant

time constant formed for Z
0

B,k (! I F,k ) from equation (2.21) for baseband signals downcon-

verted from the harmonic of interest. This time constant can be dominated by CB ; hence,

BHT can be used to introduce harmonic-dependent positive or negative capacitance to

adjust bandwidth.

We modify our circulant to incorporate capacitors at �rst, third, �fth, and seventh

positions, using the RC circulant format described in (2.6). Our revised circulant is

y = g+ j ! I F,k c (2.42)

where g is de�ned in (2.34)and c is a capacitance circulant de�ned as c = [0,c1,0,c3,0,c3,0,c1].

Similar to our conductance-only case above, the c3 capacitors can be used to introduce neg-

ative capacitance at the fundamental and positive capacitance at third harmonic. Likewise,

the c1 capacitors provide positive capacitance at the fundamental and negative capacitance

at third harmonic.

Using (2.7) and (2.21), we evaluate Y
0

B,k =1,3, as follows:

Y
0

B,1 = GB,1 + j AB B

�
g6 � g2

�

+ j ! I F,1

�
CB + 2c1 + 2c3 +

p
2AB B (c1 � c3)

�
,

(2.43)
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Y
0

B,3 = GB,3 + j AB B

�
g2 � g6

�

+ j ! I F,3

�
CB + 2c1 + 2c3 +

p
2AB B (c3 � c1)

�
.

(2.44)

To achieve a desired time constant at fundamental and / or third-harmonic, we choose c1

and c3 such that

� B,1 =
CB + 2c1 + 2c3 +

p
2AB B (c1 � c3)

GB,1
, (2.45)

� B,3 =
CB + 2c1 + 2c3 +

p
2AB B (c3 � c1)

GB,3
. (2.46)

The values for GB,1 and GB,3 are determined based on results from the previous section;

hence, we can directly design to achieve a desired bandwidth response. For example, to

expand fundamental bandwidth and narrow third-harmonic bandwidth, we set c1 to zero

and increase c3. To achieve the opposite effect, narrowing fundamental bandwidth and

expanding third-harmonic bandwidth, we set c3 to zero and increase c1.

To illustrate the combined capabilities of both conductance and capacitance tuning,

we simulate the receiver for multiple scenarios. The four cases are BHT off ( b3 = 0, c3 = 0),

resistive coupling ( b3 = 0.63, c3 = 0), capacitive coupling ( b3 = 0, c3 = 1.97 pF), and resistive-

plus-capacitive coupling ( b3 = 0.63, c3 = 1.97 pF). Both b1 and c1 are zero for all four

cases.This is simulated using the circuit described in Section 2.3(A). The fundamental and

third-harmonic performance are shown in Fig. 2.15 and Fig. 2.16, showing input re�ection

coef�cient and conversion gain, respectively. As can be seen, BHT allows for much broader

bandwidth at the fundamental (Fig. 2.16(a)) and approximately 10 dB reduction in the

third-harmonic conversion gain (Fig. 2.16(b)). This illustrate how the proposed circuit

and BHT optimization can improve the blocker tolerance by reducing the magnitude and

bandwidth of the unwanted harmonic downconversion.
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(a) (b)

Figure 2.15 Simulation of receiver S11 at (a) fundamental and (b) third harmonic without BHT
and with BHT using combinations of b3 and c3. The same colored lines correspond to the same
BHT values in both plots.

(a) (b)

Figure 2.16 Simulation of conversion gain at (a) fundamental and (b) third harmonic without
BHT and with BHT using combinations of b3 and c3. The same colored lines correspond to the
same BHT values in both plots.
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2.4.4 Implications of BHT for Subharmonic Mixing

BHT can be used to enhance subharmonic mixing, where subharmonic operation can be

used to extend the frequency range or reduce power consumption. The design choice for

number of phases, N , has many trade-offs. Increasing the number of phases improves

performance by mixing with an LO that more closely resembles a sinusoid; however, this

limits the maximum mixing frequency due to the dif�culty in generating LO signals. Gen-

erating power-ef�cient non-overlapping clock pulses is one of the critical limitations to

expanding the operating frequency of passive mixer-�rst receivers [Lin15]. Typically, an

eight-phase mixer requires a differential clock source at four times the LO frequency. This

signal is then divided in frequency to create the non-overlapping clock pulses; hence, the

frequency divider power consumption target can limit the maximum operating frequency.

Optimization of subharmonic mixing can extend this frequency range using the same

LO and mixer circuitry. For example, downconversion at the third harmonic of the LO in

an eight-phase mixer can use a clock at four-thirds of the LO frequency compared to four

times the LO for direct conversion. Subharmonic mixing also has an advantage of reduced

DC offset from self-mixing which can improve IIP2 [Ela06].

BHT can be used to enhance the performance at this third-harmonic and suppress

performance at the fundamental. Essentially, the same degrees of freedom exist for opti-

mization of any wanted harmonic for the mixer. Similar to what we showed in Fig. 2.16, BHT

can be used to broaden the third-harmonic bandwidth and reduce fundamental-frequency

conversion gain. This is shown in Fig. 2.17 where the four cases are BHT off ( b1 = 0, c1 = 0),

resistive coupling ( b1 = 0.69, c1 = 0), capacitive coupling ( b1 = 0, c1 = 1.9 pF), and resistive-

plus-capacitive coupling ( b1 = 0.69, c1 = 1.9 pF). Both b3 and c3 are zero for these four

cases.
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In addition, the methods for concurrent harmonic sensing introduced in [Bab17] can

be improved with BHT beyond what is possible with only intra-phase baseband feedback.

The input impedance at fundamental and harmonic frequencies can be simultaneously

perfectly matched.

(a) (b)

Figure 2.17 Simulation of conversion gain at (a) fundamental and (b) third harmonic without
BHT and with BHT using combinations of b1 and c1. The same colored lines correspond to the
same BHT values in both plots.

2.4.5 NF Comparisons

BHT can be used to reduce the conversion of harmonic noise, whereas harmonic recom-

bination (HR) techniques [Lie14; Lin14; And10a; Mur12 ] can be used to cancel harmonic

noise at the output of the HR circuit. Speci�cally, for HR with ideal harmonic feed-forward

cancellation, the remaining noise will only be from the fundamental, k = 1, and harmonics,

i = N m � k , where m = 1,2,3,� � � . Here, we compare BHT to HR approaches.
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A simulation comparing the NF of an eight-phase mixer-�rst receiver without BHT, with

BHT (but not HR) where b3 equals 0.5, and with HR (but no BHT) is shown in Fig. 2.18.

For these simulations, a differential receiver output is taken, eliminating even-harmonic

noise. As can be seen, the NF of the circuit with BHT can approach the NF of the circuit

with HR. This equivalence is achieved without the use of additional feedforward weighting

circuitry. As a result, power consumption can be reduced when using BHT instead of HR.

Note that the BHT result achieves slightly higher NF than the HR result, since the third and

�fth-harmonic noise is not completely eliminated.

Figure 2.18 Simulation comparing noise �gure over input resistance with and without BHT opti-
mization compared to harmonic recombination.

2.4.6 Harmonic Blockers and Blocker NF

Harmonic blockers are problematic in mixer-�rst receivers due to the downconversion of

signals around LO harmonics. This remains a problem even with the use of HR circuits which

rely on feed-forward cancellation to eliminate downconverted signals from harmonics to

the baseband. The differential baseband LNAs that precede the HR circuit continue to
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amplify signals at odd harmonics which can desensitize the receiver to desired signals at

the fundamental. Large in-band blockers at harmonics can saturate the baseband LNA

[Mur12 ]. The BHT technique can be used to reduce the downconversion of harmonics at

the baseband LNA with feedback, improving the receiver sensitivity in the presence of large

harmonic blockers.

A simulation is used to verify improved receiver performance with an eight-phase mixer

with and without BHT, where BHT is used to reduce downconversion at the third harmonic.

The input impedance is synthesized for Ri n = 50 
 . Fig. 2.19 illustrates the small-signal

gain compression of a received signal at fR F = fLO + 1 MHz with fLO = 200 MHz and a

third harmonic blocker at fblocker = 3 � fLO + 10 MHz. The blocker 1-dB compression point

(B1dB) is increased by 7.9 dB. Similarly, BHT also improves blocker tolerance when the

mixer con�gured for subharmonic operation. Here, the downconversion of a fundamental-

frequency blocker is reduced in comparison to the desired received signal at the third

harmonic. The B1dB is increased by 4.6 dB.
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(a) (b)

Figure 2.19 Simulation of small-signal gain compression of in-band signal as a function of
blocker power with (a) received signal near fundamental with third harmonic blocker and (b)
received signal near third harmonic and fundamental blocker with and without BHT optimiza-
tion.

2.5 Conclusion

In this chapter we have shown that the harmonic input admittance of the mixer-�rst receiver

is related to the discrete Fourier transform of the baseband circulant. We have also intro-

duced both revised circuit models and impedance synthesis methodologies which leverage

this relationship. Prior art mixer-�rst receivers with N > 4 can be described as employing a

sparse resistive circulant. Owing to the Fourier relationship, such a sparse circulant leads to

dense or rich harmonic responses in the receiver. Conversely, harmonic-optimized circuit

design is possible with a circulant-symmetric baseband network employing the many feed-

back paths available between baseband phases. This can be used to reduce the harmonic

response within the receiver. Additionally, both resistive and capacitive coupling networks

can be used to broaden the bandwidth of the desired harmonic response.
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These techniques have implications for receiver performance in both direct-conversion

and subharmonic modes. In particular, the wanted harmonic response can be emphasized

whereas the unwanted harmonic response(s) can be reduced. Noise �gure and harmonic

blocker tolerance can be improved through deliberate mismatching at the unwanted har-

monic. Our feedback technique has similarities to previously introduced feed-forward

methods of recombining the baseband signals to cancel harmonics. Since the portion of

the circuit preceding the HR network is susceptible to harmonic blockers and does not

reduce losses due to reradiation back to the RF port, dense circulant-symmetric feedback

can be used to enhance blocker tolerance. Through harmonic mismatching, the blocker 1

dB compression point can be increased up to 8 dB. Finally, the noise �gure of the receiver

with circulant-symmetric feedback can approach that of an equivalent mixer-�rst receiver

having harmonic feed-forward cancellation without the additional power consumption

of a cancellation stage. In summary, the circulant symmetric baseband coupling network

proposed here requires only a minimal addition to the complexity and physical area of

the N -phase passive mixer to enable a greater amount of recon�gurability than previously

realized.
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CHAPTER3

Single-Port Receiver Hardware

3.1 0.1-3.7 GHz Eight-Phase Passive Mixer-First Receiver De-

sign

An eight-phase mixer-�rst receiver was designed and fabricated in GlobalFoundries 45-

nm SOI CMOS technology. The receiver architecture includes eight-phase clock divider,

passive mixer, baseband LNAs, CSB resistor matrix with digital control, and harmonic

recombination. The total area is 1.3 mm by 0.8 mm without pads, shown in Fig. 3.1. The

chip is wire-bonded to a QFN package and mounted on a custom PCB. Each mixer core

contains eight 40-nm �oating-body NFET switches with w = 61� m, 7.5-pF baseband

sampling capacitors, and four fully-differential LNBAs. Output source-follower buffers

are also included to drive external test equipment. Non-overlapping clock generation is
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realized using a single-to-differential clock driver and a ring of eight modi�ed �ip-�ops.

The CSB network consists of tunable resistors from 800 
 to 111 k
 and include an open

circuit state.

Figure 3.1 Die micrograph of eight-phase mixer-�rst receiver circuit.

3.1.1 Eight-Phase Clock Generation

One key challenge in implementing the mixer is creating the necessary non-overlapping

pulses. A clock circuit was designed to provide signals from a single-ended off-chip clock.

The single-ended clock is input into the receiver circuit at four times the LO frequency. A

single-ended to differential clock circuit, shown in Fig. 3.2, is used to eliminate the need

for a wideband off-chip balun and allow for the maximum range of operating frequency at

the cost of higher power consumption and LO leakage to the RF input. This also has the

bene�t of reducing cost and area. The clock is �rst split into differential using inverters

and buffers. As the clock frequency increases, a delay difference in the inverter and buffer

will cause a skew between CLK and CLK. To compensate for this, a pair of cross-coupled
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resistors are used to balance the differential clock. This is necessary to equalize the high

and low time and minimize the skew.

Figure 3.2 Single-ended to differential clock generation.

The differential clock then drives an eight-phase clock pulse generation circuit, shown

in Fig. 3.3. This circuit contains eight custom registers arrayed shift-register-based divider,

similar to [Mur12 ]. The registers require a differential clock to hold the previous D value

during clock high and pull down the output during clock low. The following register has the

clock signals reversed to hold the previous D during clock low. This enables the divider to

create an LO at four times the clock input frequency. The register cell also contains PMOS

transistors that are driven by Qb of registers two and four ahead. This prevents multiple

pulses from running through the divider to maintain a single non-overlapping pulse. All

register outputs are input to an OR gate and connected to the NMOS transistor in the �rst

register. This enables the �rst register to turn on during startup.
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Figure 3.3 Eight-phase clock pulse generation circuit.

Figure 3.4 Clock register cell for pulse generation.

3.1.2 Low Noise Baseband Ampli�er

The core of the fully-differential LNBAs, shown in Fig. 3.5, uses 112-nm �oating-body PFET

devices at the input to reduce �icker noise. Large NMOS devices are used as active loads
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with the bias set by a common-mode feedback (CMFB) network. A 1.8-V supply is used

with off-chip analog bias control.

Figure 3.5 Low noise baseband ampli�er circuit.

The analog control voltage, vset, sets the common-mode output voltage through the

CMFB network, shown in Fig. 3.6. vset can also be used to control the DC voltage of the

mixer when resistive feedback is proved to the ampli�er by the CSB network.
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Figure 3.6 Low noise baseband ampli�er common-mode feedback circuit circuit with external
common-mode control voltage.

The output of the LNBAs are buffered with source-follower circuits designed for direct

connection to measurement equipment. In order to reduce the number of pads on the

chip, only the even phase outputs are directly buffered to the output. However, harmonic

recombination is also included, as shown in Fig. 3.7. The adjacent phases, vout +1 and

vout � 1, are weighted by 1=
p

2 to vout . The third harmonic output is canceled by current

combine the three phases. Harmonic recombination is turned on by pulling a digital voltage,

vr , low using the SIF. A level-shift circuit is used to increased the high level for vr from to

the SIF. This is due to the use of a 0.9-V supply for the SIF and a 1.8-V supply for the output

buffers.
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Figure 3.7 Baseband harmonic recombination circuit with enable / disable voltage vr .

3.1.3 Circulant-Symmetric Baseband Network

The CSB network is reduced to include only resistors R0,R2,R3,R5, and R6. R4 is not included

because it can cause potential instability through positive feedback. R1 and R7 were elim-

inated to reduce the complexity of the design with the consequence of limited range of

BHT, namely the inability to optimize for subharmonic operation. Each tunable resistor

consists of three different weighted tunable resistors in series. This approach was used to

approximate logarithmic, rather than linear, resistance values and maximize the impedance

tuning range. All resistors are controlled with a custom serial interface (SIF) circuit with 256

registers. A single output pin of the SIF connects to all Rn resistors in the matrix to create

the circulant-symmetry.

3.2 Measurement Results

The gain and noise �gure of the receiver was measured across frequency with a 50 
 input

impedance, shown in Fig. 3.8. The results show a small decrease in gain across frequency.
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The noise �gure is 3.5 to 6.5 dB from 100 MHz to 3.7 GHz after which it sharply increases.

The range of gain control is shown in Fig. 3.9 with a minimum of 12.6 dB and maximum

of 40.2 dB from 300 MHz to 3.9 GHz. The 3-dB bandwidth varies with gain from 165 to 20

MHz where the maximum gain corresponds to the minimum bandwidth and vice versa.

Figure 3.8 Measured receiver conversion gain and noise �gure at 50 
 input impedance.
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Figure 3.9 Measured minimum and maximum conversion gain of receiver across frequency with
R1 = 800 
 (dashed line) and R1 = 111 k
 (solid line).

The compression point was measured by sweeping the RF input power into the receiver.

With R0 = 7 k
 , the input-referred 1-dB comppression point (iP1dB) was measured at -29.8

dBm and the output-referred 1-dB comppression point (oP1dB) was measured at +3.14

dBm, shown in Fig. 3.10.
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Figure 3.10 Measured compression point of receiver with R0 = 7 k
 .

3.2.1 Impedance Control with CSB Network

The input impedance can be controlled using the CSB network. The CSB network is varied

to show a range of input impedances from from 10 to 1137 
 in Fig. 3.11. Each point is a

measurement of the receiver S 11, where fR F � fLO . The maximum achievable impedance

can also exceed the open circuit baseband condition of 
 , where Ri n � Rs w + Rsh. This is only

realizable with a CSB network that provides a negative equivalent baseband impedance.

However, this can impact stability of baseband circuit and careful selection of the CSB

network must be made to ensure stable operation. The data in Fig. 3.11 is from a sweep

CSB network values without instability.
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Figure 3.11 Measured S11 of receiver at fR F � fLO with varying impedance using CSB.

3.2.2 Harmonic Impedance Control with BHT

A demonstration of the harmonic impedance control using the CSB is shown in Fig. 3.12.

The input impedance of the receiver is �rst matched to 50 
 at the fundamental frequency

with an LO frequency of 500 MHz in Chapter 3.12(a) and (b) and 1000 MHz in Fig. 3.12(c)

and (d). First, at 500 MHz, the CSB network is �rst turned off ( b3 = 0) and then on ( b3 =

0.1,0.12,0.14,0.17,0.23,0.26,0.27,0.29,0.33,0.6). Next, at 1000 MHz, the CSB network is

turned off ( b3 = 0) and then on ( b3 = 0.1,0.13,0.17,0.21,0.29,0.33,0.44,1.0).
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(a) (b)

(c) (d)

Figure 3.12 Measured S11 at fundamental and third harmonic of receiver with CSB network off
(black lines) and swept on (colored lines). Figures (a) and (b) are measured at 500 MHz and (c)
and (d) are measured at 1000 MHz. The fundamental impedance remains near 50 
 while the
third harmonic impedance reduces from the nominal around 25 
 .

Measurements show a similar fundamental impedance and a change in the third har-

monic of about 4 dB. The discrete values of tunable resistors causes a small error in the
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measured impedance value. Also, the CSB array did not include elements for tuning b1 in

this hardware.

3.2.3 Harmonic Blocker NF

Reducing the downconversion of a third-harmonic blocker with BHT also improves blocker

noise �gure compared to HR circuits, shown in Fig. 3.13. Measured data shows that the

blocker input power level at which there is a 2 dB degradation in NF is increased by 3

dB. This is due to the reduction in downconversion from the third harmonic down to

baseband through the mixer. By tuning the harmonic impedance to re�ect more of the

blocker signal, rather than cancel the blocker with HR circuit, we can increase blocker

handling performance.

Figure 3.13 Measured noise �gure with a blocker close to the third harmonic with BHT optimiza-
tion (without HR) compared to HR (without BHT).
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3.3 Conclusion

This work has demonstrated an eight-phase passive mixer-�rst receiver with a novel resistive-

only CSB network in hardware. The mixer operates from 100 MHz to 3.7 GHz with variable

impedance, gain, and bandwidth.

A CSB network is shown to increase the impedance tuning range for fundamental

impedances. The ability to tune the third harmonic impedance independently from the

fundamental impedance is shown. An advantage of BHT over HR is demonstrated with

improved NF in the presence of a third harmonic blocker.
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CHAPTER4

Multi-Port Receivers

4.1 Motivation

In multipath-rich environments, multiple antenna elements at both the transmitter and

receiver can greatly improve channel capacity and system performance. These multiple-

input, multiple-output (MIMO) systems generally need increased physical array size, where

the antennas should be spaced suf�ciently far apart to reduce mutual coupling. In space-

constrained receivers with closely-spaced antennas, coupling can compromise the available

capacity of the MIMO system; however, information theorists have shown that multi-port

decoupling can reclaim the lost capacity even down to 0.1� spacing [Dom12]. Decoupling

can be achieved with simple passive networks [Liu17] for a given operating frequency and

near-�eld antenna environment; however, tuning is needed to make the system generally
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useful. Although RF tuning methods have been studied [Bou15], they generally require

complex, off-chip networks.

Two examples of tunable decoupling and matching networks (DeMN) in hardware

include �rst a decoupling network (DN) followed by single-port matching network (MN)

and secondly a general multi-port MN. For the �rst case, decoupling is achieved by using a

Butler network to spatially sort incoming signals and followed by tunable single-port MNs

[Bou15; Chi08; Coe09], shown in Fig. 4.1. However, a Butler network is typically large, lossy,

and dif�cult to tune.

Figure 4.1 Butler network circuit for spatial sorting of incoming signals.

The second case uses a more general approach that combines many passive elements

to create a multi-port MN [Liu17; Web06]. Similarly, the drawback of this topology is a

large size and lossy passive elements. An example is shown in Fig. 4.2 that illustrates the

complexity of a passive DeMN with three antenna elements. The total number of passive

elements can be reduced and optimized for operation at a �xed frequency and bandwidth;
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however, making this a tunable network requires tunable resonant elements and / or RF

switches, increasing the loss and complexity.

Figure 4.2 Multi-element passive decoupling and matching network, similar to that in [Web06].

The work proposed in this chapter combines parts of the two examples to create a

tunable DeMN. First, we leverage the passivity of the N-phase mixer to enable tunable single-

port RF impedance as found in references [And10a; Wil18b]. This achieves the tunable-

single port MN part of our DeMN. Next, coupling between antenna ports such as in the

second case is emulated by moving coupling elements between antennas and receiver

front-ends into the baseband of the mixer-�rst receivers. A method for absorbing a tunable

decoupling network into mixer-�rst MIMO receivers is demonstrated by again leveraging

the passivity of the N-phase mixer to create a multi-port tunable DN. Baseband N-path

coupling enables a large multi-port tuning range and avoids tuning or switching of reactive

components at RF. The effect of combining the tunable single-port MN and multi-port DN
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enables a tunable DeMN. Our proposed solution overcomes many of the disadvantages

mentioned for the second example because the coupling network is now at baseband

instead of RF. It also does not require the large passive network from the �rst example as

spatial sorting is made unnecessary with a tunable DN. Recon�gurable decoupling and

input impedance can be achieved over a wide RF tuning range through tuning of the local-

oscillator (LO) frequency of the mixer. This method is validated using a 45-nm SOI CMOS

MIMO receiver operating from 0.1 to 3 GHz.

This chapter proposes a method for absorbing a tunable DN between mixer-�rst re-

ceivers. It also provides an overview of the proposed circuit architecture and presents theory

for the coupling admittance between receivers. An impedance model of the multi-port

receiver is presented along with simulation results. Circuit design details and measurement

results of a two-port receiver operating in single-port and multi-port mode are also shown.

4.2 Multi-Port Receiver with Coupling

A block diagram of the proposed two-port mixer-�rst MIMO receiver is shown in Fig. 4.3. The

RF inputs are de�ned as Ports 1 and 2 and are connected to the inputs of N-phase passive

mixers at R Fa and R Fb . Both mixers share a single LO generation network which creates

N-phase non-overlapping clock signals. Each individual receiver includes a bank of low-

noise baseband ampli�ers (LNBAs). Here, these are illustrated as N single-ended ampli�ers,

though in practice they are typically implemented as N / 2 fully-differential ampli�ers. Each

receiver's bank of LNBAs has an independently tunable feedback network, Y, such that the

LNBA and the feedback form a tunable transimpedance ampli�er (TIA) structures. This

feedback is used to set the self-match of that receiver. Also, polyphase feedback, as described

in [Wil18a], can be used to tune the harmonic response of that baseband ampli�er to
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improve blocker tolerance. In this paper, we further introduce baseband coupling between

MIMO receivers to realize a decoupling response at the receiver inputs.

Figure 4.3 Block diagram of two-port MIMO receiver including N-phase mixers, clock divider,
LNBAs with tunable feedback, Y, and a tunable baseband coupling network, YC, in which each
receiver's LNBA output is coupled to each phase of the other receiver's LNBA input for all phases.
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4.2.1 Circulant-Symmetric Baseband Coupling

The multi-port baseband coupling network, shown as YCab and YCba in Fig. 4.3, consists of

admittances which connect the outputs from LNBAs in one receiver to the inputs of the

LNBAs in the other receiver, for all phases. In general, there can be a coupling between

each output phase in one receiver to each input in the other receiver, leading to an N � N

admittance network connecting receiver a 's baseband outputs to receiver b 's baseband

inputs and a companion, but independently programmable N � N admittance network

connecting receiver b 's outputs to receiver a 's inputs.

Within each receiver's bank of LNBAs, symmetry is required for our receiver coupling

networks to ensure that each baseband phase has the same amplitude response and a

progressive phase offset set by the phase of the LO waveform. For example, if phase 1 in

receiver a couples to phase 2 in receiver b using admittance of value y1, then phase 2 in

receiver a must couple to phase 3 in receiver b with admittance of value y1, etc., for all

N phases in the baseband. We refer to this requirement as circulant-symmetric baseband

coupling (CSBC).

Expressed in matrix form, the N � N baseband admittance network YCab which couples

outputs in receiver a to inputs in receiver b is described as follows:

YCab =

2

6
6
6
6
6
6
6
6
6
6
4

yc0 yc1 � � � yc N � 2 yc N � 1

yc N � 1 yc0 yc1 yc N � 2

... yc N � 1 yC0
...

...

yc2
... ... yc1

yc1 yc2 � � � yc N � 1 yC0

3

7
7
7
7
7
7
7
7
7
7
5

. (4.1)
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where rows are numbered according to baseband outputs in receiver a and columns are

numbered according to baseband inputs in receiver b . This matrix has circulant symmetry

[Gra06] and is composed of a single vector, known as the circulant, that is shifted in each

subsequent row. This circulant is de�ned as follows:

ycab,m =
�
yc a b,0, yc a b,1, � � � , yc a b,N � 1

�
, (4.2)

where index m corresponds to the mixer phase difference between output and input phases

of receivers. For example, index m = 2 corresponds to the coupling which occurs between

output phase i in receiver a and input phase i + 2, modulo N, in receiver b .

An identically structured matrix YCba is used to couple the baseband outputs in receiver

b to the baseband inputs in receiver a , de�ned with circulant yCba. As mentioned, YCab and

YCba, are independently programmable, allowing non-reciprocal responses.

4.2.2 Coupling Admittance

A discrete phase difference exists between the baseband phases of the receivers which are

coupled using the CSBC network, de�ned as

� C,m =
2� m

N
, (4.3)

where m is again the difference between phases of mixers a and b , varying from 0 to N-1.

As in [Wil18a], the use of polyphase feedback in the CSBC network allows us to derive an

equivalent circuit model for each baseband phase to simplify the analysis. This is shown in

Fig. 4.4 for coupling from a to b . A similar equivalent circuit can be created for coupling

from b to a . Voltage-controlled voltage sources (VCVS) with gain equal to exp(� j � C,m ) are
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introduced to represent the phase relationship between output a and input b . If necessary,

these VCVS could include a series impedance to model the nonzero output impedance of

the LNBA.

Figure 4.4 Equivalent circuit model of coupled baseband LNAs with network comprising tunable
coupling using all baseband phases. Note that the coupling is only shown in one direction and
the coupling is also repeated from Vout ,b to Vin ,a .

First, we consider the case where the CSBC network contains only resistive coupling

elements, where yc m = gc m . The equivalent coupling admittance for each phase is

YC =
N � 1X

m =0

gc m e � j � C,m , (4.4)

which is a complex admittance synthesized through vector interpolation. In this case, the

equivalent coupling admittance between baseband networks is a parallel combination of
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phase-shifted baseband coupling resistors, allowing frequency-independent synthesis of

both positive and negative conductance and positive and negative susceptance.

Although all N phases can be used to create a coupling, it is possible to achieve a

complete rotation of the phase of YC via vector interpolation with a minimum of four

baseband phases in the receiver. A maximum of two coupling resistors in each circulant are

then necessary at a time to synthesize any phase value with a single quadrant, with all other

phases open. For a two-port, four-phase system the total number of coupling resistors is

32.

The resistor values for four-phase receivers can be calculated from the desired coupling

impedance as follows:

RC i =
jZC j

cos
�
ÜZC � i �

2

� , (4.5)

and

RC(i +1) =
jZC j

sin
�
ÜZC � i �

2

� , (4.6)

where

i =

8
>>>>>>>>>>>><

>>>>>>>>>>>>:

0 0 � ÜZC < �
2

1 �
2 � ÜZC < �

2 � � ÜZC < 3�
2

3 3�
2 � ÜZC < 2�

, (4.7)

and where n = 0,1,� � � ,3 and i + 1 wraps around to 0 when i = 3.

The same coupling values hold true in a system with eight-phase mixers. Once again, we

reduce the coupling array into a set of only four resistors, but still achieve a full 360 ° phase

rotation in the coupling admittance. In this case, i changes every �= 2 radians at i = 0,2,4,6;
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thus, it is only necessary to include resistors RC0,RC2,RC4, and RC6 for tuning to simplify

the CSBC network for reduced design size and complexity. For a two-port, eight-phase

system, this reduces the size of the CSBC network from 128 resistors for a fully populated

array to 64 resistors.

4.2.3 Coupling Admittance Using Baseband RC Network

Capacitive baseband coupling can also be introduced to control the coupling admittance

over frequency where the elements of the CSBC matrix are as follows:

yC m (! I F ) = gc m + j ! I F cc m , (4.8)

where ! I F = ! i n � ! LO is the baseband frequency created through downconversion of the

incoming RF signal. Using resistive-plus-capacitance CSBC networks yields an equivalent

coupling admittance of

YC (! I F ) =
N � 1X

m =0

�
gc m + j ! I F cc m

�
e � j � m . (4.9)

This vector-interpolated coupling admittance includes a �rst complex admittance term

which does not vary with baseband frequency and a second complex admittance term which

varies with baseband frequency. For example, this second term can be used to synthesize

a negative capacitance response. YC (! I F ) is then upconverted to RF through operation

of the mixer, as described in the next section. This can be used to synthesize broadband

(de)coupling responses.
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4.3 Multi-Port LTI Circuit Model

Our impedance analysis of the MIMO receiver uses a linear time-invariant (LTI) impedance

model, shown in Fig. 4.5 which originated from [And10b] but was modi�ed by us in [Wil18a]

to simplify analysis for both fundamental and harmonic performance. In this model, we

incorporate a transformer to model the impedance scaling provided through frequency

translation. The turns ratio of the transformer is the square-root of the scaling factor


 N =
1

N
sinc2

� �

N

�
, (4.10)

representing the conversion loss within the mixer [And10b]. Also, our model moves the

harmonic re-radiation impedance, Z r ad , to the baseband side of the circuit, de�ned as

Z r ad � (Za + Rs w )
N

1 � N 
 N
. (4.11)
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Figure 4.5 Circuit diagram for Z-parameter analysis of receivers.

4.3.1 Coupling Impedance Analysis

The self- and mutual- impedance and conversion gain of our MIMO receiver can be found

by analyzing the LTI impedance model using a four-port impedance matrix, where ports 1

and 2 are the receiver inputs and ports 3 and 4 are the baseband outputs, de�ned to be either

the in-phase (I) or quadrature-phase (Q) outputs (simply modeled here as single-ended

outputs).
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The input impedance of a two-port receiver can be described as an impedance matrix

using Z-parameters
2

6
6
6
6
6
6
4

V1

V2

V3

V4

3

7
7
7
7
7
7
5

=

2

6
6
6
6
6
6
4

Z11 Z12 Z13 Z14

Z21 Z22 Z23 Z24

Z31 Z32 Z33 Z34

Z41 Z42 Z43 Z44

3

7
7
7
7
7
7
5

2

6
6
6
6
6
6
4

I1

I2

I3

I4

3

7
7
7
7
7
7
5

, (4.12)

where

Znm =
Vn

Im

�
�
�
�
Ik =0 for k 6=m

. (4.13)

The equivalent circuit for Z-parameters of a two-port network is shown in Fig. 4.6.

Figure 4.6 Equivalent circuit for two-port Z-parameters.

The coupled baseband structure includes multiple feedback loops. The TIA structures

within each receiver are created using negative feedback loops, with high loop gain. The

coupling between basebands introduces another feedback loop whose phase response

will depend on the phase of ZC = 1=YC . We can interpret the coupled basebands as two

back-to-back inverting operational ampli�er structures with total approximate loop gain of

T+ =
�
Z f ,a Z f ,b

�
=

�
ZC,a b ZC,b a

�
. Coupling impedances are kept larger than the TIA feedback

impedances; hence, this loop gain is less than one in magnitude.
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The self-impedance term, Z11, is equivalent to the input impedance of receiver a , as

follows:

Z11 = Rs w,a + 
 N Z t e r m ,a (4.14)

where Z t e r m and ZB are de�ned as

Z t e r m ,a =
ZB,a jjZ r ad ,a jjZC,b a

1 � T+
, (4.15)

ZB,i =
Z f ,i

1+ AB B,i
, (4.16)

and i can be a or b . The closed-loop termination, Z t e r m ,a , is equal to the normal impedance

you would see in an uncoupled receiver ( i.e., the input impedance of the TIA, ZB , in parallel

with Z r ad ), modi�ed by the coupling impedance and the overall loop gain of the coupled

basebands. Note that this result corrects an oversimpli�cation we presented in [Wil18b],

where we originally assumed that T+ was very low. As an example, a two-port receiver with

eight-phase mixers, Rs w of 5 
 , and LNBA gain of 18 V/ V requires a (self ) feedback resistance

of 8 k
 for a 50 
 single-port input impedance. The baseband coupling impedance required

to achieve -10 dB of coupling between input ports will be shown to be 11 k 
 . The value for

T+ is about 0.5 V/ V.
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Figure 4.7 Circuit diagram for Z-parameter analysis of Z21 and Z41 with input current I1.

We begin calculating Z21 and Z12 by �nding the Z-parameters of a single receiver. For

simpli�cation of analysis, we will only consider coupling at the fundamental, therefore

all equations will be used with k = 1. The RF input port of receiver a , R Fa , as port 1 and

the baseband output of receiver a , B Ba , as port 3. With Z11 de�ned, we calculate the

transimpedance ( i.e., conversion gain) term, Z31 and the mutual impedance term, Z21. Z31

is obtained by combining the termination impedance and the baseband ampli�er voltage

gain, as follows:

Z31 =
p


 N AB B,a Z t e r m ,a . (4.17)

Next, we combine the result from (4.4) and (4.17) with the LTI circuit model to include

the coupling between RF input ports, as shown in Fig. 4.7. The RF port coupling is calculated

as

Z21 =
p


 N

ZB,b jjZ r ad ,b

ZC,a b + ZB,b jjZ r ad ,b
Z31

=
 N

ZB,b jjZ r ad ,b

ZC,a b + ZB,b jjZ r ad ,b
AB B,a Z t e r m ,a .

(4.18)
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The mutual impedances describe the tunable coupling between RF input ports. As we can

see,Z21 depends on the baseband termination Z t e r m (set according to the Z11 matching

condition), the baseband ampli�cation (creating a bandwidth limitation), a tunable voltage

divider (with ZC providing the tuning), and an impedance conversion to RF (the 
 N term).

The port coupling expression for Z21 is veri�ed in simulation using two four-phase

receivers. First a single coupling resistor RC is swept to verify the predicted magnitude

of Z21, shown in Fig. 4.8(a). Second, the magnitude of the coupling impedance, ZC , is

kept constant and the phase is swept using (4.5) to (4.7), shown in Fig. 4.8(b). Excellent

agreement is achieved.

In summary, the four Z-parameters for this circuit when exciting port one are as follows:

Z11 =Rs w,a + 
 N Z t e r m ,a , (4.19)

Z21 =
 N

ZB,b jjZ r ad ,b

ZC,a b + ZB,b jjZ r ad ,b
AB B,a Z t e r m ,a , (4.20)

Z31 =
p


 N AB B,a Z t e r m ,a , (4.21)

Z41 = AB B,b Z21=
p


 N . (4.22)

Likewise, a dual set of equations can be found when exciting port two by switching a and b

to yield Z22, Z12, Z42, and Z32.
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(a) (b)

Figure 4.8 Simulated and predicted coupling impedance, Z21, with (a) swept jZC j comparing
Re(Z21) and (b) swept phase of ZC comparing Im (Z21).

4.3.2 Coupling Impedance Control

Tuning of YC m results in variable coupling between input ports of a multi-port receiver.

Simulation results for Z21 for swept values of the magnitude and phase of ZC are shown in

Fig. 4.9. The circuit used for simulations combines two four-phase receivers with AB B = 25

dB, CB = 30 pF, fLO = 1000MHz, and a self-feedback resistance which is tuned for Z i n =

50 
 . A wide range of coupling impedance magnitude can be achieved. Also, the circuit

can achieve a full 360° of coupling phase control (illustrated for one particular coupling

magnitude setting in Fig. 4.9(b)), meaning a positive or negative conductance or a positive

or negative susceptance can be synthesized.
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(a) (b)

Figure 4.9 Simulation result of (a) magnitude of coupling between RF inputs of 2-port receiver
with increasing jZC j and (b) phase of coupling between receiver inputs for different values of RC m

to vary the phase while keeping the magnitude of ZC constant.

Coupling between basebands using only resistors results in the limitation of �xed

behavior around the LO frequency. Namely, any synthesized susceptance term is �xed

with frequency within the loop bandwidth of the system, as opposed to a true capacitor or

inductor behavior which would vary with frequency. The addition of capacitive baseband

coupling in parallel with those coupling resistors ( i.e., shunt RC coupling) allows for more

�exibility in the response via a complex Miller capacitor, as described in (4.9). This is

illustrated in simulation in Fig. 4.10, showing how both the magnitude and phase response

can be controlled over a wide bandwidth.
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(a) (b)

Figure 4.10 Simulation result of (a) coupling and (b) phase between RF inputs of two-port re-
ceiver with increasing value of CC .

4.3.3 Decoupling Simulation

A simulation was used to compare the effect of CSBC networks on the coupling between

input ports of a two-port receiver. A 1.4 pF capacitor was added external to the input ports of

the receiver and the effects of resistive-only and capacitive-plus-resistive CSBC networks are

shown in Fig. 4.11. The CSBC network was tuned to provide a conjugate multi-port match

at fLO showing a maximum of about 30 dB reduction in the coupling. When using resistive-

only coupling, this response is limited across a narrow bandwidth. Capacitive elements

are then added to the CSBC network and the network is designed to provide a conjugate

multi-port match across frequency, effectively synthesizing a negative capacitance. This

illustrates a similar magnitude of decoupling, but the bandwidth is greatly increased.
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Figure 4.11 Simulation of coupling between ports of a 2-port receiver with external coupling.
First case is without CSBC network, next case shows narrowband decoupling using resistive-only
CSBC network, and �nally wideband decoupling with the addition of capacitive elements to the
CSBC network.

4.3.4 LO Requirements

Two important assumptions have been made in the previous analysis. The �rst is that each

receiver shares the same LO source. This is required to maintain a �xed phase difference

between clock phases of the coupled receivers. The second is that the time delay between

clock paths is symmetric between the clock pulse output and the mixer switches; however,

this is not a requirement and a we can compensate for LO clock skew. This �nite time

difference can occur from asymmetric physical lengths in clock routing, as shown in Fig. 4.12.

The time delay between receivers can be described as a �xed phase offset, � � C , and added

directly to the baseband coupling phase term

� C,m =
2� m

N
+ � � C . (4.23)

82



We can then correct for the phase difference through the coupling impedance by removing

symmetry in the coupling. For example, the coupling from receiver a to b versus coupling

from receiver b to a . This yields independent CSBC matrices depending on the direction

of output to input. The asymmetric CSBC matrices are de�ned as YC,ab and YC,ba, which

couples from the output of receiver a to to input of receiver b and vice versa, respectively.

In this example, � � C is of the same magnitude but would have an opposite sign depending

on the receiver reference.

Figure 4.12 Asymmetric multi-phase clock routing can introduce a �xed phase shift between
mixers.

4.4 Conclusion

This chapter has introduced an N-path multi-port decoupling technique for mixer-�rst

MIMO receivers. Tunable coupling responses can be achieved over wide RF operating

frequency in both narrowband, with resistive-only CSBC network, and broadband appli-

cations, using resistive-plus-capacitive CSBC network. This technique has the ability to
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tune and cancel coupling between receivers and offers the potential to increase capacity in

compact MIMO systems.

Although not considered in this work, the techniques discussed can also be extended to

a multi-port receiver with more than two receiver circuits. Each pair of receivers will have

an independent CSBC network. Additionally, the same theory described in Section 2.2 for

harmonic termination impedances is also applicable for multi-port receivers and can be

included to enable independent control of harmonic coupling impedances.
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CHAPTER5

Multi-Port Receiver Hardware

5.1 0.1-3.7 GHz 8-Phase 2-Channel Receiver Design

The two-channel receiver design is created using two identical receivers from Chapter 3

and a CSBC network. A single off-chip clock source that is used to generate the eight non-

overlapping clocks pulses that are then buffered and split for distribution to each of to the

mixers.

5.1.1 Circuit Details

As will be shown, this baseband N-phase coupling enables multi-port impedance tuning at

RF, i.e., tunable Z12 and Z21. In a mixer with eight phases, only four resistors are needed per

phase to achieve a full 360 ° phase rotation in the mutual impedances, Z12 and Z21. Resistors
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RC,n ,RC,n +2,RC,n +4, and RC,n +6 are populated for each phase to provide quadrature tuning.

A combination of adjacent resistors then provides vector interpolation to achieve �ner

phase control. Altogether, there are 16 banks of resistive coupling networks within this

MIMO receiver (64 resistors). Independent control of ZC,a b and ZC,b a allows independent

tuning of Z21 and Z12.

The proposed circuit from Fig. 4.3 consisting of two eight-phase mixer-�rst receivers

and a resistive CSBC network was designed and fabricated in GlobalFoundries 45-nm SOI

CMOS technology. Each mixer core contains eight 40-nm �oating-body NFET switches,

7.5-pF baseband sampling capacitors, and four LNBAs. The fully-differential LNBAs are

designed with a differential pair using 40-nm �oating-body PFET devices at the input to

reduce �icker noise. A common-mode feedback network is used with NMOS active loads

in the differential pair. Output buffers are also included suf�cient to drive external test

equipment. For the non-overlapping clock generation a single-ended off-chip clock signal

at four times the LO frequency is provided to the chip and then split using a single-to-

differential clock driver. A ring of eight �ip-�ops produce the clock pulses and have been

modi�ed to prevent signal overlap. Each individual receiver includes tunable in-phase

and quadrature-phase resistive feedback to allow tuning of the self-impedance [And10b;

Wil18a]. Finally, the CSBC network consists of 64 tunable resistors from every phase output

to the four quadrature inputs on the other receiver. All resistors are tunable from 800 
 to

111 k
 and including open circuit.

The chip occupies 1.3 mm by 1.5 mm of die area not including pads, shown in Fig. 5.1. It

is wire-bonded and assembled in a 32-pin QFN package, shown in Fig. 5.2(a), and mounted

on a custom printed circuit board (PCB), shown in Fig. 5.2(b). The size of the 64 resistors in

the CSBC network between receivers is 0.2 mm by 0.7 mm and is digitally tunable using a

serial interface. Power consumption per baseband is 4 mW from a 1.8-V supply, excluding
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source-follower output buffers to drive 50- 
 load. The clock generation circuit consumes

6 mW from a 0.9-V supply for an LO of 1 GHz from an off-chip single-ended clock at 4

GHz. The LO is tunable over 0.1 to 3 GHz. Total power consumption of the two-port MIMO

receiver is 16 mW at 1 GHz.

Figure 5.1 Chip micrograph of two-port mixer-�rst receiver circuit with tunable self and mutual
impedance in 45-nm SOI CMOS.
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