
ABSTRACT 

GUO, SUXUAN. Megahertz High Voltage Isolated DC/DC Converter Based on SiC 

MOSFETs (Under the direction of Dr. Alex Q. Huang and Dr. Wensong Yu) 

 

The wide bandgap (WBG) power devices such as Silicon Carbide (SiC) and Gallium 

Nitride (GaN) devices significantly improve the figure of merits of the traditional Silicon (Si) 

devices and thus becomes an enabler for various power electronics applications. The intrinsic 

fast switching speed, high breakdown voltage, and high junction temperature enable higher 

switching frequency and higher operating temperature. By pushing the temperature limit and 

switching frequency, the volume and weight of the cooling system can be remarkably reduced. 

The emerging SiC power device has become a promising candidate to realize the high compact 

and more efficient power electronics converter. 

Although toward megahertz switching frequency and high voltage are theoretically 

feasible in terms of materials and device, there are several challenges to turn ideas to products. 

Firstly, switching frequency is limited by large switching loss in traditional applications. 

Compromise should be made considering the decrease of system efficiency and increase of 

power density. Secondly, the common mode noise is a typical conductive electromagnetic 

interference (EMI) issue. To utilize the high frequency WBG devices, suitable topologies 

should be chosen for above megahertz frequency applications. Topologies and controls with 

soft switching features should be compared considering the power and voltage levels. 

Meanwhile, high frequency high voltage transformer design is also a big challenge considering 

the core materials and winding loss above megahertz frequency. Comprehensive optimization 

design for a high frequency transformer can help the system to switching at high switching 

frequency at high voltage. 



In this research work, the potential of SiC MOSFET in high voltage high frequency 

applications is analyzed. Targeting an in-depth understanding of the switching loss mechanism 

for SiC MOSFET, its switching transients are explored. When the switching speed is fast 

enough, the drain current reduces to zero before the drain-source voltage rises, which makes 

the turn-off loss negligible. Thus, the device switching loss is not a theoretical limitation to 

switch at above megahertz frequency. 

With significant improvement in switching performance by the driver integrated SiC 

module, the device can be switched at high switching speed without ringing and overshoot 

problems. However, the conductive EMI issue is brought in sight as the small parasitic 

inductance and capacitance cannot be neglected anymore under high dV/dt and dI/dt. By 

analyzing the common mode noise loops including the baseplate and heatsink loop, local noise 

loop and ground loop, the root causes of the common mode noise can be identified and 

minimized accordingly in the converter design. 

Then, the high frequency topology and transformer design are addressed in details in 

this dissertation.  This dissertation compares three typical soft switching topologies and 

evaluates from the conduction loss, switching loss and duty cycle loss. The topology with 

minimum loss is chosen as the most suitable topology for megahertz frequency application in 

this thesis. This work provides guidelines of suitable topologies for megahertz switching 

frequency DC/DC converters. A Comprehensive optimization procedure of the high frequency 

transformer is researched considering the core loss, winding loss and cooling system. The 

scope of work for transformer optimization includes the exploration of materials, core shape, 

Litz wire strands, turns and thermal performance. Different transformer materials and 

structures are investigated and compared by experiments. The most suitable design for 



megahertz transformer is designed according to the proposed optimization method and 

experimental verifications. 

In the end, a 4.5 kW, 800V to 400V, megahertz switching, LLC resonant converter 

prototype is built based on the integrated SiC MOSFET module. 1.2 MHz switching frequency 

could be realized which significantly improve the system power density. The high efficiency 

and high power density verifies the superior performance of SiC MOSFET and the 

comprehensive optimization procedure for megahertz frequency converter. 

  



 

 

 

 

 

 

 

 

 

 

 

 

 

 

© Copyright 2017 Suxuan Guo 

All Rights Reserved



Megahertz High Voltage Isolated DC/DC Converter Based on SiC MOSFETs 

 

 

by 

Suxuan Guo 

 

 

A dissertation submitted to the Graduate Faculty of 

North Carolina State University 

in partial fulfillment of the  

requirements for the degree of 

Doctor of Philosophy 

 

 

Electrical Engineering 

 

 

Raleigh, North Carolina 

2017 

 

APPROVED BY: 

 

_______________________________  _______________________________ 

Dr. Alex Huang                           Dr. Wensong Yu 

Committee Co-Chair                                                  Committee Co-Chair 

 

_______________________________  _______________________________ 

Dr. Srdjan Lukic                           Dr. Roger Woodard 



 

ii  

DEDICATION  

To my parents, Qing Yang, Keyou Guo, and my husband Rui Gao. 



 

iii  

BIOGRAPHY  

Suxuan Guo received the B.Sc. degree in electrical engineering from Huazhong 

University of Science and Technology, Wuhan, China, in 2009, and M.Sc. degree in electrical 

engineering from Wuhan University, Wuhan, China, in 2011. She started to pursue her Ph.D. 

degree in Future Renewable Electric Energy Delivery and Management (FREEDM) Systems 

Center in North Carolina State University in 2011 fall. Her current research interests include 

high frequency high density converter, packaging technology of wide bandgap devices, soft 

switching control schemes and high frequency magnetic design. 



 

iv 

ACKNOWLEDGMENTS  

I would like to dedicate my deepest gratitude to my advisor, Dr. Alex Huang, for his 

guidance to my research work and his support in the past years of my Ph.D. study.  His 

patience, intelligence and insights guide me through the beautiful world of power electronics. 

I benefit a lot from his clear vision on the technology development and sharp understanding 

on the critical problems. He gave me the chance and trust to turn ideas to prototype and 

products, cultivated me to have a broad and deep interests in power electronics area. His hard-

working attitude and his broad-minded personality will keep influencing me in my future 

career. 

I also appreciate the guidance and help from my co-advisor Dr. Wensong Yu. Thanks 

for the helpful suggestions and discussions through my project. He guided me to ask the right 

questions, dig deeper for a problem, and helped me to find the solutions. His knowledge and 

enthusiasm to technology inspire me to learn and explore. I would also thank my committee 

members, Dr. Srdjan Lukic and Dr. Roger Woodard, who gave me useful suggestions to 

improve the quality of my research.  

I would also express my gratitude for the friendship from my colleagues in FEEDM 

Systems Center. The laugh we shared enlighten so many days in these years, and make my 

Ph.D. study a memorable experience. I would like to thank Dr. Xijun Ni, Dr. Xiaofeng Yang, 

Dr. Ruiyang Yu, Dr. Dongchen, Dr. Tiefu Zhao, Dr. Gangyao Wang, Dr. Xu She, Dr. Xunwei 

Yu, Dr. Fei Wang, Dr. Yen-mo Chen, Dr. Wenchao Song, Dr. Pochih Lin, Dr. Edward Van 

Brunt, Dr. Zhan Shen, Dr. Sanzhong Bai, Dr. Qiansun, Dr. Xing Huang, Dr. Jun Li, Dr. Yu 

Du, Dr. Mengqi Wang, Dr. Wencong Su, Dr. Rui Wang, Dr. Changjian Hu, Dr. Xiaomin Li, 



 

v 

Dr. Lijun Zheng, Dr. Kai Tan, Dr. Xiaoqing Song, Dr. Yizhe Xu, Dr. Chang Peng, Dr. Qi Tian, 

Dr. Li Wang, Mr. Fei Xue, Ms. Huan Hu, Sarah Hambridge, Shizhen Wang, Yang Lei, 

Qingyun Huang, Qianlai Zhu, Zhiping Chen, Xiangqi Zhu, Lan Ma, Xuan Li, Liqi Zhang, 

Pengkun Liu, Hanning Tang, Yifan Jiang, Tianxiang Chen, Qingxuan Ma and many others that 

I cannot list the names here.  

My heartfelt appreciation goes toward my parents, who gave me endless love and 

support. I would dedicate my deep gratitude to my husband Rui Gao, who came to my life like 

sunshine, bringing me happiness and giving me confidence. It is the family love that gives me 

strength, cheers me up in my good and bad times. 



 

vi 

TABLE OF CONTENTS  

LIST OF TABLES ................................................................................................................... ix 

LIST OF FIGURES .................................................................................................................. x 

CHAPTER 1 Introduction ..................................................................................................... 1 

1.1. Application Background ................................................................................................ 1 

1.2. SiC Power Semiconductor Devices ............................................................................... 7 

1.3. Research Motivation and Objectives ........................................................................... 13 

CHAPTER 2 Lossless Switching SiC MOSFET Module ................................................... 18 

2.1. Introduction .................................................................................................................. 18 

2.2. Insights of SiC switching transients ............................................................................. 19 

2.2.1. Switching transients in double pulse tests ............................................................ 19 

2.2.2. Physical insights of switching transients .............................................................. 25 

2.3. Influence of parasitic parameter in gate and power loop ............................................. 30 

2.4. Lossless turn off switching SiC MOSFET module ..................................................... 45 

2.4.1. SiC MOSFET module configuration .................................................................... 45 

2.4.2. Driver location analysis ........................................................................................ 52 

2.5. Integrated SiC MOSFET module performance evaluation .......................................... 55 

2.5.1. Module layout evaluation ..................................................................................... 55 

2.5.2. Switching performance evaluation in double pulse test ....................................... 57 

2.6. Measurement method to verify lossless turn off switching ......................................... 62 

2.6.1. Lossless switching validation and current boundary ............................................ 62 



 

vii  

2.6.2. Megahertz continuous test .................................................................................... 72 

2.7. Conclusion ................................................................................................................... 76 

CHAPTER 3 Common Mode Noise and EMI Problem Analysis ....................................... 78 

3.1. Introduction .................................................................................................................. 78 

3.2. Common mode current loop analysis .......................................................................... 79 

3.2.1. Common mode noise when low side switch turns off .......................................... 81 

3.2.2. Common mode noise when high side switch turns off ......................................... 87 

3.3. EMI problem caused by baseplate/heatsink ................................................................. 90 

3.4. Conclusion ................................................................................................................... 92 

CHAPTER 4 High Frequency Soft Switching Topology.................................................... 94 

4.1. Introduction .................................................................................................................. 94 

4.2. Asymmetrical half bridge converter ............................................................................ 96 

4.3. Phase shift full bridge converter ................................................................................ 100 

4.4. LLC resonant converter ............................................................................................. 103 

4.5. Topology comparison ................................................................................................ 106 

4.6. Conclusion ................................................................................................................. 108 

CHAPTER 5 A High Frequency Transformer Design and Optimization ......................... 110 

5.1. Introduction ................................................................................................................ 110 

5.2. High frequency magnetic materials ........................................................................... 111 

5.2.1. NiZn ferrite core material performance .............................................................. 113 



 

viii  

5.2.2. MnZn ferrite core material performance ............................................................. 117 

5.3. Transformer models ................................................................................................... 119 

5.3.1. Core loss model................................................................................................... 119 

5.3.2. Winding loss model ............................................................................................ 119 

5.3.3.  Thermal model ................................................................................................... 121 

5.3.4.  Model verification .............................................................................................. 123 

5.4. Multi variable optimization algorithm ....................................................................... 125 

5.5. Experimental validation ............................................................................................. 130 

5.6. 800V 1.2 MHz LLC resonant converter design ......................................................... 132 

5.7. Conclusion ................................................................................................................. 136 

CHAPTER 6 Conclusion and Future Work ...................................................................... 137 

6.1. Conclusion ................................................................................................................. 137 

6.2. Future work ................................................................................................................ 139 

 



 

ix 

LIST OF TABLES  

Table 1-1 Properties comparison of Si and 4H-SiC................................................................ 11 

Table 1-2 Device figure of merit comparison ......................................................................... 12 

Table 2-1 Gate driver comparison .......................................................................................... 48 

Table 3-1 Switching transient waveforms during turn off ...................................................... 81 

Table 4-1 Comparison at 1 MHz, 800V- 400V converter at 4.5 kW.................................... 108 

Table 5-1 Parameters of the NiZn Matrix Transformer ........................................................ 115 

Table 5-2 Thermal runaway conditions for four sets of transformers .................................. 117 

Table 5-3 Material parameters .............................................................................................. 118 

Table 5-4 Optimization result for 3F4 .................................................................................. 127 

Table 5-5 Optimization results for P61 ................................................................................. 129 

Table 5-6 System Parameters................................................................................................ 133 



 

x 

LIST OF FIGURES 

Figure 1-1 Market forecast for SiC devices. ............................................................................. 5 

Figure 1-2 State of the art applications of Si, SiC and GaN devices. ....................................... 6 

Figure 1-3 Size comparison between 100 kHz and 20 kHz transformers. ................................ 7 

Figure 1-4 Comparison between Si and SiC materials. ............................................................ 8 

Figure 2-1 Turn on switching waveforms of low side switch in double pulse test. ............... 20 

Figure 2-2 Turn off switching waveforms of low side switch in double pulse test. ............... 23 

Figure 2-3 Physical model of SiC MOSFET. ......................................................................... 26 

Figure 2-4 Turn off switching waveforms of double pulse test @ 
dsV  = 800V,  

dI = 10A. .... 27 

Figure 2-5 Turn on switching waveforms of double pulse test @ 
dsV  = 800V,  

dI = 10A. ..... 29 

Figure 2-6 Circuit Model of SiC MOSFET. ........................................................................... 30 

Figure 2-7 Turn on and turn off waveforms with different Lg ................................................ 34 

Figure 2-8 Turn on and turn off waveforms with different Ld ................................................ 36 

Figure 2-9 Turn on and turn off waveforms with different Ls ................................................ 38 

Figure 2-10 Turn on and turn off waveforms with different Rg ............................................. 40 

Figure 2-11 Influence of Lcm on switching loss ...................................................................... 41 

Figure 2-12 Influence of Rg on switching loss........................................................................ 41 

Figure 2-13 Driving circuit of UCC27531 for SiC MOSFET ................................................ 42 

Figure 2-14 Time intervals during the turn on switching ....................................................... 43 

Figure 2-15 Pulse width limitation of gate driver ................................................................... 44 

Figure 2-16 Integrated half bridge module configuration ....................................................... 47 

Figure 2-17 Fabricated SiC MOSFET Module ....................................................................... 47 

Figure 2-18 Output Characterization of CPM2-1200-0080B. ................................................ 49 

Figure 2-19 Assembled integrated SiC MOSFET module with cooling system. ................... 50 

Figure 2-20 Side view of integrated SiC MOSFET module with cooling system. ................ 50 

Figure 2-21 Temperature measurement of the integrated SiC MOSFET module. ................. 51 

Figure 2-22 Thermal impedance from junction to heatsink.................................................... 51 

Figure 2-23 driver thermal coupling test module based on NTC. .......................................... 52 



 

xi 

Figure 2-24 Thermal coupling measurement results. ............................................................. 53 

Figure 2-25 Driver Joule heating and thermal coupling to MOSFET. ................................... 54 

Figure 2-26 SiC MOSFET module model in Q3D. ................................................................ 55 

Figure 2-27 Gate loop turn on and turn off parasitic inductance. ........................................... 55 

Figure 2-28 Double pulse tester for discrete TO-247 device. ................................................. 56 

Figure 2-29 Switching loop of TO-247 SiC MOSFET. .......................................................... 56 

Figure 2-30 Gate loop and power switching loop area comparison. ...................................... 57 

Figure 2-31 Experimental results for TO-247 discrete device in double pulse test. ............... 58 

Figure 2-32 Simulation double pulse test results of TO-247 packaged SiC MOSFET. ......... 59 

Figure 2-33 Integrated SiC MOSFET module double pulse test. ........................................... 60 

Figure 2-34 Simulation double pulse test results of integrated SiC MOSFET. ...................... 61 

Figure 2-35 Measurement of stored energy. ........................................................................... 63 

Figure 2-36 Experiment setup and module diagram. .............................................................. 64 

Figure 2-37 Junction to ambient thermal impedance calibration. ........................................... 65 

Figure 2-38 Thermal impedance of junction to ambient. ....................................................... 65 

Figure 2-39 Thermal coupling from driver to SiC MOSFET die test setup. .......................... 66 

Figure 2-40 Thermal coupling measurement results. ............................................................. 67 

Figure 2-41 Thermal impedance of driver case top to ambient. ............................................. 68 

Figure 2-42 Ron calibration vs. junction temperature. ........................................................... 69 

Figure 2-43 Lossless turn off switching loss current boundary. ............................................. 71 

Figure 2-44 Zero turn off switching loss current boundary in TCAD. ................................... 71 

Figure 2-45 Turn off switching loss at 800V at different current. .......................................... 72 

Figure 2-46 Lossless turn off switching loss current boundary. ............................................. 73 

Figure 2-47 1.5 MHz synchronous boost converter experiments. .......................................... 74 

Figure 2-48 3.38 MHz half bridge inverter experiments. ....................................................... 75 

Figure 3-1 Half bridge circuit schematic. ............................................................................... 80 

Figure 3-2 Simplified circuit when low side switch turns off. ............................................... 82 

Figure 3-3 Common mode current loop when high side switch turns off. ............................. 82 

Figure 3-4 Voltage noise under different dV/dt. ..................................................................... 84 



 

xii  

Figure 3-5 Voltage noise under different Cp. .......................................................................... 85 

Figure 3-6 Voltage noise under different Lp. .......................................................................... 85 

Figure 3-7 Common mode current path when high side switch turns off .............................. 87 

Figure 3-8 Simplified circuit during high side switch turns off.............................................. 88 

Figure 3-9 Simplis model schematic of the whole circuit ...................................................... 89 

Figure 3-10 Simulation results of high side and low side switch turns off............................. 90 

Figure 3-11 Side view of integrated module........................................................................... 91 

Figure 3-12 Current flow caused by baseplate/heatsink parasitic capacitance. ...................... 91 

Figure 3-13 Switching performance with or without external capacitor ................................ 92 

Figure 4-1 State of the art soft switching topologies. ............................................................. 96 

Figure 4-2 Waveforms of asymmetrical half bridge converter. .............................................. 97 

Figure 4-3 Waveforms of phase shifted full bridge converter. ............................................. 101 

Figure 4-4 Key waveforms of LLC resonant converter. ....................................................... 105 

Figure 4-5 Comparison of the three topologies. ................................................................... 107 

Figure 5-1 Ferrite material comparison. ............................................................................... 112 

Figure 5-2 High frequency magnetic materials. ................................................................... 112 

Figure 5-3 MnZn and NiZn materials permeability vs. frequency ....................................... 113 

Figure 5-4 Concept of matrix transformer ............................................................................ 114 

Figure 5-5 NiZn material 67 matrix transformer sets. .......................................................... 115 

Figure 5-6 Test waveforms of the NiZn material 67 in high voltage high frequency operation

............................................................................................................................................... 116 

Figure 5-7 Thermal runaway problem of the NiZn material at high voltage ........................ 116 

Figure 5-8 Core volume vs. switching frequency. ................................................................ 119 

Figure 5-9 Simplified thermal model .................................................................................... 122 

Figure 5-10 Measured ac resistance vs. calculated ac resistance.......................................... 124 

Figure 5-11 FEA simulation results and experimental results for N49 core. ....................... 125 

Figure 5-12 Optimization Procedure. ................................................................................... 125 

Figure 5-13 Designed high frequency transformer for 3F4. ................................................. 128 

Figure 5-14 P61 external leakage inductor. .......................................................................... 129 



 

xiii  

Figure 5-15 Calculated core temperature vs. airflow velocity. ............................................. 130 

Figure 5-16 Transformers of P61and 3F4. ............................................................................ 130 

Figure 5-17 Experiment setup. .............................................................................................. 131 

Figure 5-18 Efficiency measurement of the converter ......................................................... 132 

Figure 5-19 Efficiency measurement of the transformer ...................................................... 132 

Figure 5-20 Prototype of the LLC resonant converter .......................................................... 133 

Figure 5-21 Experimental results @ 700V, 3.5 kW ............................................................. 134 

Figure 5-22 Experimental results @ 800V, 4.5 kW ............................................................. 135 

Figure 5-23 Efficiency of the LLC resonant converter ......................................................... 135 

Figure 5-24 Loss breakdown at 700V 3.5 kW ...................................................................... 136 



 

 

1 

CHAPTER 1 Introduction  

1.1. Application Background 

The Silicon (Si) devices such as insulated-gate bipolar transistor (IGBT), metal-oxide-

semiconductor field-effect transistor (MOSFET) have been widely used in the low power and 

high power consumer electronics, industrial electronics such as uninterruptible power supply 

(UPS), flexible AC transmission system (FACTs) and automotive industry. In the recent 

decade, with more concerns on the environment, green energy has been adopted as the 

substitution of the fuel energy. The emerging applications such as hybrid/electric vehicles 

(HEV/EV), aerospace and photovoltaic system have more complicated requirements for power 

electronics converters than before. With the technology advances, the power consumption is 

dramatically increasing nowadays. The electric energy consumed in U.S. in 2011 is 40% of 

the total energy, which was 50 times more than that was used in 1950. The electric power is 

widely used in our daily life such as home appliance, transportations, industrial manufactures 

and airplanes. Most of the electric power is transferred and delivered by power electronics 

converters. In 2006, the market size of the power electronics was around 8000 million dollars; 

when in 2020, the market size will increase to 18000 million dollars, which is over two times 

expanding. The huge need for power electronics shows that our life has become more ñelectricò 

nowadays. Since the volume, weight and power loss have significant impacts on the systematic 

capability and performance, high power density and high efficiency are critical target for the 

power electronics converters in the systems. Taking transportation industry for example, most 
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of the vehicles are using gasoline and diesel fuel refining from the oil, which not only consumes 

lots of natural resources, but also causes air pollution. Due to limited oil resources and 

production, todayôs transportation vehicles are transforming from the fuel energy consumption 

to clean energy, which poses an urgent demand of the power electronics systems applications 

for electric vehicles. Considering the limited space and the high engine temperature, the 

volume and efficiency of the traction inverter and the on-board charger are both critical factors 

on the transport capability and fuel economy of vehicles. The renewable energy such as the 

solar and wind also urge the needs of power electronics conversion to realize the energy 

transfer into grid side.  The requirement for the power density benefits the installation and costs 

of converters. High power density and high efficiency are critical target for the power 

electronics converters in these systems. Even 1 % efficiency improvement can save the utility 

billions of dollars every year. Thus, designing a high power-density and high-efficiency power 

electronics converters is a crucial task. The power density improvement is mainly achieved by 

increasing the switching frequency. With higher switching frequency, the volume size and 

weight of the capacitors, inductors, transformers, EMI filter and etc. can be notably reduced. 

A significant amount of work has been done to push the semiconductor to its limit switching 

frequency. For the state-of-the-art Si IGBTs, which are the dominant devices in nowadaysô 

high voltage power conversion systems, are typically switching below 20 kHz. The approaches 

to achieve higher switching frequency in high voltage applications are emerging for todayôs 

power electronics converters.  

Per Mooreôs law, the number of transistors in a dense integrated circuit doubles every 

two years. Many efforts have been made to improve the power density of the power electronics 
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converters too, although not as fast as integrated circuits.  The power density of power 

electronic converters almost doubled every ten years since 1970. One of the most important 

approach to improve the power density is pushing the switching frequency. The traditional Si 

devices (MOSFETs and IGBTs) used to dominate in the power electronics converters. For the 

low voltage (< 100V) applications such as voltage regulator module (VRM), Si MOSFETs are 

adopted as its low Ron with small parasitic capacitance. Low voltage Si MOSFETs could 

achieve very high switching frequency due to its fast switching speed. In 1990, the Si MOSFET 

was operated at 5 MHz in the voltage regulator module (VRM), transferring 50 V input voltage 

to 5 V output voltage in flyback resonant converter [1]. 1 MHz operation in 75 W VRM at 150 

V input voltage was also reported in [2]. In high voltage region for Si MOSFETs, thick die and 

large chip size are designed to guarantee the high blocking voltage and lower on-state 

resistance. The parasitic capacitance becomes much larger and slows down the intrinsic speed, 

which limits the switching frequency [3]. In the year of 2000, Infineon proposed the super 

junction Si MOSFETs to be the solution for high voltage Si applications. With smaller Ron 

and switching loss, the super junction CoolMOS is more suitable to be used for high voltage 

applications. The super junction CoolMOS could be operated at 400 V in parallel resonant 

converter at 1 MHz. The voltage of the Si MOSFETs and CoolMOS are limited to 650V as 

higher blocking voltage Si MOSFETs has no advantage compared with IGBTs regarding 

conduction loss.  Due to the low forward voltage at high blocking voltage, Si IGBTs are 

adopted for high voltage range, such as the uninterrupted power supply (UPS), solar inverters, 

boost converters in photovoltaic system and the traction inverter in electric vehicles. However, 

due to the tail current and the high device parasitic capacitance, the switching frequency of the 
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Si IGBT is usually limited to 20 kHz [3]. The utilization of the Si MOSFETs and IGBTs has 

reached the limit in terms of conductions loss or the switching loss. As the traditional Si device 

has only 150 ęC junction temperature capability, the power level and switching frequency 

range are both limited. In the past decades, the switching frequency of the converter increased 

by a factor of 10 every decade thanks to the continuous advancement of power semiconductor 

devices.  

The emerging technology of wide bandgap (WBG) devices such as Gallium Nitride 

(GaN) and Silicon Carbide (SiC) devices are researched and widely utilized in the power 

electronics converters. The SiC MOSFETs have the superior characteristics which potentially 

outweigh the traditional Si device. With the commercialization of the SiC diodes in 2001, the 

advantages of switching loss reduction and reduced electromagnetic interference (EMI) were 

reported and attracted more and more attention [4]. Efforts have been made to utilize SiC 

semiconductor as the direct replacement of the Si MOSFETs and IGBTs.  In the low voltage 

range, Gallium Nitride devices have become a competitive substitute of low voltage Si 

MOSFETs considering its low Ron and device parasitic capacitance attributes. A research 

study of GaN HEMT in telecom system transferring 380 V DC bus voltage to 12 V point of 

load at 1 MHz frequency is reported in [5]. 5 MHz switching frequency in point of load 

applications with 40 V input voltage was reported in resonant converter [6]. GaN devices have 

increased switching frequency significantly in the voltage range below 650V. For high voltage 

applications, SiC MOSFETs have been applied to telecom systems, electric vehicles and solar 

inverters. The 10 yearsô market forecast shown in Figure 1-1, indicating that the application of 
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SiC MOSFETs is increasing significantly in rail traction system, electric vehicle/hybrid 

electric vehicle, PV inverters, motor driver, etc [7].  

 

Figure 1-1 Market forecast for SiC devices. 

The voltage range of the SiC MOSFETs is above 650V, which differentiates the 

application with GaN devices. The commercial SiC MOSFETs nowadays is from 900V to 3.3 

kV. SiC MOSFET enables the high frequency in high voltage applications. Wolfspeed built 

the SiC based resonant converter with 750 V input voltage operating at 260 kHz [8]. For on 

board chargers, an 840 V input voltage to 450 V output voltage dual active bridge converter 

switching at 500 kHz is reported in [9]. APEI announced its high density high efficiency on 

board charger with 380 V bus voltage switching at 500 kHz. The power density of the two 

stage on board charger can be 6 kW/ L for the DC/DC converter, which is the benefit of the 

SiC MOSFETs. 
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Figure 1-2 State of the art applications of Si, SiC and GaN devices. 

The state of the art applications of the Si MOSFETs, Si IGBTs, super junction 

CoolMOS, GaN HEMT and the SiC MOSFETs are shown in Figure 1-2. As shown in the 

figure, the voltage level and switching frequency level are both enhanced by SiC MOSFETs. 

Passive components are one of the dominant parts of the converter volume, weight and cost. 

With high switching frequency, the converter could be designed as smaller, lighter and 

cheaper. The transformer, inductor, capacitor and EMI filter could be reduced. As shown in 

Figure 1-3, the size of 100 kHz transformer is at least 5 times smaller than that of 20 kHz 

transformer [10]. If the frequency could be increased to above megahertz, it is possible to 

substitute the magnetic core with the air core, or even use traces of printed circuit boards as 

the inductor. The SiC MOSFETs could enable megahertz frequency in high voltage 

applications, which could shrink the size of the power electronics converters in various 

applications such as electric vehicles, telecom systems and photovoltaic inverters. 
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Figure 1-3 Size comparison between 100 kHz and 20 kHz transformers. 

1.2. SiC Power Semiconductor Devices  

As introduced above, comparing with the conventional Silicon (Si) devices such as Si 

IGBT and MOSFET, SiC MOSFETs can be easily designed to cover a wide range of 

breakdown voltages from 600V to 15,000V. Commercial devices from 600V to 3300V are 

currently available from several vendors. At 1200V, the device exhibits extremely low specific 

on-resistance which enables a small chip size for a given current rating. Smaller chip size 

results in a significantly reduced internal parasitic capacitance hence a much faster intrinsic 

switching speed and lower switching loss. Therefore, SiC MOSFETs can be used to improve 

the switching frequency to a much higher level than previously possible. The power density 

could be increased significantly due to smaller passive components and cooling system. 
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Figure 1-4 Comparison between Si and SiC materials. 

Figure 1-4 shows the material feature comparison between Si and SiC. The wide 

bandgap materials have the bandgap larger than 1.7 electronvolts (eV). For the traditional non-

wide-bandgap materials with the bandgap on the order of 1 to 1.5 eV, the wide bandgap 

materials have much wider energy bandgap, allowing them to operate at higher voltage and 

also higher temperature. Compared with 150 ęC of the traditional Si device, the wide bandgap 

material could operate at over 300 ęC. This feature enables the applications requiring high 

temperature, such as the converter in electric vehicle, underground drilling machine, or 

aerospace applications. The high junction temperature can shrink the size of the cooling 

system, improve the power density of the power electronics converters. The critical electric 

field of the SiC material could be the order of ten times that of the conventional 

semiconductors; combining with the high energy bandgap, the blocking voltage could be much 

higher. With the same chip size, the SiC semiconductor can block higher voltage than Si 

semiconductor; vice versa, with exactly the same blocking voltage, the die size of the SiC 
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device is smaller than Si, which means that the on-state resistance of the SiC devices is lower. 

The high electron saturation velocity indicates the intrinsic switching speed of the SiC 

materials is faster than Si, leading to smaller switching loss. 

The figure of merit of the materials is derived from the total power loss of a device. 

The total loss of a power device under high frequency operation includes the conduction loss, 

switching loss and gate driver loss. 

device con sw driverP P P P= + +
    (1-1) 

The conduction loss is proportional to on state resistance, which is inversely 

proportional to the chip size. As shown in formula (2), the driver loss is proportional to the 

total gate charge, which is also proportional to the die size.  

_loss dr g gs swP Q V f= ÖD Ö
    (1-2) 

The turn-on and turn-off time determines the switching loss. The falling and rising time 

of voltage and current are determined by the gate charge, threshold charge and Miller  capacitor, 

which will be explained in details afterward. Thus, the switching loss is also proportional to 

the die size. For a semiconductor device, a compromise between the conduction loss, gate 

driver loss and switching loss exists. Considering the total device loss, the device figure of 

merit could be evaluated according to [3]. The minimum power loss of a device is: 

,min , ,

,

2 D D
loss rms on sp gd sp

g av

V I f
P I R Q

i
=       

                                   

, ,

,

{2 }D D
rms on sp gd sp

g av

V I f
I R Q

i
=

               (1-3) 
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Thus, the device figure of merit HDFOM is: 

, ,on sp gd sp on gdHDFOM R Q R Q= =    (1-4) 

The HDFOM could be used to compare the power loss of a device. Interpreting by the 

material properties, the minimum power loss could be represented by the electron mobility u 

and critical field Ec as: 

3

4

,

,min

{4 ( ) }D
rms B D

g av

loss

c

kI f
I V V

i
P

E u
=                                                  (1-5) 

VD is bus voltage, VB is the breakdown voltage, k is typically determined by processing 

capability rather than material properties. Ig,av is average gate current. f is the switching 

frequency. Thus, the material figure of merit HMFOM is: 

cHMFOM E u=                           (1-6) 

The larger the HMFOM is, the smaller the minimum power loss of the material is. As 

explained above, the chip size is another important factor for semiconductor devices. Smaller 

chip size could lead to smaller driver loss and switching loss. The chip area figure of merit 

HCAFOM is: 

 2

cHCAFOM E ue=                             (1-7) 

The larger the HCAFOM is, the smaller the chip size could be. The figure of merit 

comparison between Si and SiC materials are shown in Table 1-1. Comparing with Si which 

is normalized to 1, the HMFOM of SiC is 7.5, which shows SiC devices have the potential for 

much lower power loss than Si devices. From the chip area figure of merit comparison, the 
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HCAFOM of SiC is 65.9 compared with 1 of the Si material, which means the SiC material 

could achieve smaller optimized chip area than the Si device. 

Table 1-1 Properties comparison of Si and 4H-SiC  

Properties Silicon 4H-SiC 

Electron mobility ‘ (cm2/V-s) 1400 700 

Relative dielectric constant ‐ 11.7 9.7 

Critical field Ὁ (kV/cm) 300 3180 

Thermal conductivity „  (W/m-K) 130 700 

Material figure of merit ὉЍ‘ 1 7.5 

Chip area figure of merit ‐ὉЍ‘ 1 65.9 

 

For the device figure of merit comparison, Baliga proposed a device figure of merit in 

1989 to evaluate the switching loss: 

, ,

1

on sp in sp

BHFFOM
R C
=     (1-8) 

The larger the BHFFOM is, the faster the switching speed could be. As the gate charge 

is proportional to the Ciss, this figure of merit indicates the driver loss and gate loop charge 

speed. At the turn on switching transient, the switching loss is determined by the gate loop 
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speed. Thus, the larger the BHFFOM is, the smaller the turn on switching loss is. For the turn 

off switching transient, the Coss determines the switching loss. Thus, Kim proposed a NHFOM 

in 1995 to evaluate the drain loop switching speed as: 

 
, ,

1

on sp oss sp

NHFFOM
R C
=     (1-9) 

The larger the NHFOM is, the faster the drain loop charge speed could be, which leads 

to the smaller turn off loss. By comparing the state of the art of Si, Si super-junction CoolMOS, 

SiC MOSFET and GaN HEMT, the comparison is shown in Table 1-2 and Figure 1-4.  

Table 1-2 Device figure of merit comparison 

Devices R
on
  

(mohm) 

C
iss
 

(nF) 

FOM1 

(R
on
*C
iss
) 

C
oss
 

(nF)@400V 

FOM2 

(R
on
*C
oss
) 

R
jc
  

(C/W) 

FOM3 

(R
jc
/R
on
) 

Si 

MOSFET 

95 4.03 383 0.135 12.8 0.4 4.2 

Si 

CoolMOS 

37 7.24 267 0.38 14 0.25 6.7 

SiC 

MOSFET 

120 1.2 144 0.09 10.8 0.7 5.8 

 

From the trend of the semiconductor development, it is observed that the device figure 

of merit is improving, that the device gate loop is switching much faster by factor of 10 

compared with 1990, that the switching loss can be dramatically reduced with the development 

of the device. Three state of the art 650V devices are chosen to compare in terms of device 
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figure of merit. The Si MOSFET is SiHG33N65EF from Vishay, the Si CoolMOS is 

IPW65R037C6 from Infineon, the SiC MOSFET is SCT2120AF from ROHM. 

According to the device figure of merit comparison, the SiC MOSFET has the lowest 

gate driver figure of merit, which means the gate driver loss of the SiC MOSFET is the 

smallest. The drain loop charge speed of the SiC MOSFET is also smaller than the Si MOSFET 

and Si CoolMOS, which indicates the turn off loss of the SiC MOSFET is the smaller 

comparing with the Si devices. Thus, from the comparison from the material figure of merit 

and device figure of merit, the SiC device has lower device loss and driver loss than the 

traditional Si device, which makes it more suitable for the high frequency and high voltage 

converter. 

1.3. Research Motivation and Objectives 

From the analysis and comparisons in the previous discussion, the SiC MOSFET is a 

promising candidate for the high frequency high voltage applications. The smaller chip area, 

faster intrinsic speed and the high junction temperature could significantly increase the 

switching frequency. Above megahertz frequency range could be enabled in the high voltage 

applications. However, there are still several limitations preventing the device to reach above 

megahertz in high voltage applications. Although the intrinsic speed of the SiC MOSFET is 

high enough, the packaging of the discrete devices and the off-the-shelf SiC MOSFET module 

are not optimized designed. Higher operation frequency will require higher switching speed, 

which will inevitably generate high dV/dt and dI/dt. Large parasitic inductance in the gate loop 

and power loop could prevent the device from fast switching by causing voltage and current 
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overshoots and oscillations. The large overshoot across Vds has the potential to damage the 

device and also cause system degradation, which constrains the system for pushing the 

switching frequency to megahertz. Packaging the devices into a module can potentially 

eliminate or reduce the stray inductance. Many power module layouts have been researched to 

reduce the switch loop inductance. However, the gate loop inductance and driver care-about 

are not considered yet in the literature.  

The gate loop parasitic inductance is very important to achieve noise free ultra-fast gate 

driving [15] [18]. Large gate loop inductance ὒ and common source inductance ὒ could 

cause EMI problem to the gate signals and cause device damage. In typical implementations 

using discrete devices, the gate loop stray inductance which consists of PCB trace inductance 

and pin inductance typically has a value close to 10 nH. Such gate loop stray inductance is 

large enough to cause false trigger during the switching transient. When the gate signal is high 

to turn on the MOSFET, the current is charging ὅ  to turn on the switch, which causes an 

opposite voltage across ὒ and it will slow down the turn-on speed of the device. The same 

happens when the gate signal is low for turn-off, the switching speed will reduce and the 

switching loss will be increased if the gate loop inductance ὒis too large. To damp the large 

oscillation caused by ὒ, a large Ὑ  is typically used, which further reduces the turn-on and 

turn-off speed of the device. Thus, for a MOSFET module with traditional packaging, the 

switching speed is far slower than the intrinsic speed of the device and large switching loss is 

generated. 

Another challenge to improve the frequency to megahertz is the gate driver. Firstly, the 

thermal performance of the driver chip could be a limitation as most of the commercial driver 



 

 

15 

chip has a plastic case. The driver temperature is determined by its self-heating and the thermal 

coupling from the heat source around. Secondly, the minimum pulse width is limited by the 

charge time of the ὠ . The thermal performance limit and the timing limit of the driver in 

megahertz switching frequency will be investigated in this dissertation. 

To design a megahertz frequency converter, soft switching topologies should be chosen 

for the converters. As the turn on switching loss is much larger than the turn off switching loss, 

the zero voltage switching topologies or control schemes are needed. The conduction loss and 

turn off switching loss are both dominated by the converter topology and control scheme. For 

above megahertz switching frequency, the soft switching topologies should be compared and 

chosen to achieve the minimum power loss. Besides properly choosing the topologies, high 

frequency magnetics is another main challenge in this design. The transformer should be 

designed and optimized by comprehensively evaluating the core loss, winding loss and thermal 

model.  

While the high frequency approaching megahertz is the trend, the EMI problem comes 

together with the benefits. At high frequency range and fast switching speed, the high dV/dt 

will generate serious conductive EMI noise in the circuit, which makes the common mode 

noise source in the circuit. For this reason, critical noise source should be identified and 

solutions could be addressed accordingly. By carefully designing the printed circuit board and 

adding filters in the correct place, the EMI noise could be suppressed and not bring problems 

to the circuits. 

To address the challenges above, the dissertation is organized as follows.  
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Chapter 2 presents the model of the SiC MOSFET including the physical model and 

the electric circuit model. By analyzing physical insights on the turn on and turn off switching 

transients of the SiC MOSFET, dominant factors determining the switching loss are addressed 

in this chapter. According to the design guidelines, ultra-fast switching SiC MOSFET module 

is proposed and tested with noise free waveform under 96 kV/us. The inverter level 

measurement method is used to evaluate the switching loss of the device; the low switching 

loss feature is demonstrated by above 3 MHz continuous test at high voltage switching. The 

driver chip design is also analyzed in this dissertation considering the thermal limit and the 

timing limit.  

Chapter 3 analyzed the common mode noise issue in the converter system. The 

common mode noise is a general issue during device switching transient. For wide bandgap 

device, the dV/dt and dI/dt are both large enough to induce large noise in the loop. The 

conductive EMI could induce noise to the gating signals and cause a false trigger to damage 

the device. In this chapter, detailed system model is built to quantitatively analyze the noise 

voltage and identify the dominant parameters in the noise loops. The common mode group 

loop and baseplate and heatsink loop are analyzed to identify the root cause. The limitation of 

the converter is explored from switching speed and circuit design. 

Chapter 4 analyzed three typical soft switching topologies including the phase shifted 

full bridge converter, asymmetrical half bridge converter and LLC resonant converter. The 

operating principles will be briefly introduced, and the soft switching requirements are 

analyzed in this chapter. Comparisons are carried out in this chapter in terms of conduction 
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loss, switching loss and duty cycle loss. The LLC resonant converter is chosen because it has 

the highest efficiency in the high frequency application in this dissertation. 

Chapter 5 evaluated the magnetic materials and structures for megahertz frequency 

transformers and proposes the multi-variable high frequency transformer design algorithm. In 

this chapter, two ferrite core materials NiZn and MnZn are evaluated in different core 

structures. Several MnZn core materials are compared in details in calculation and 

experiments. Transformer model including core loss model, winding loss model and thermal 

model are considered comprehensively. The core material, core shape, Litz wire strands, 

winding turns, switching frequency and forced air cooling velocity are optimized to minimize 

the transformer loss and improve the power density. The high frequency high voltage 

transformer is designed according to the optimization results and the model is verified by the 

test results. A LLC resonant converter is proved to have a lower loss in the 1.2 MHz 800 V to 

400 V 4.5 kW DC/DC converter and could achieve 97.1% peak efficiency at 4 kW. Chapter 6 

concludes the major contributions of the dissertation and proposed the future work. 



 

 

18 

CHAPTER 2 Lossless Switching SiC MOSFET Module 

2.1. Introduction     

SiC MOSFETs are proved to outweigh the traditional Si MOSFETs and IGBTs because 

of the high junction temperature, high blocking voltage and fast intrinsic speed. These features 

enable SiC MOSFETs in the high frequency high voltage applications. With the high blocking 

voltage feature of the material, SiC MOSFET has a smaller die thickness and chip area 

comparing with Si devices. [3] predicts that SiC MOSFET chip size can be about 65 times 

smaller than a similarly rated Si MOSFET. Thus, parasitic capacitance such as Ciss and Coss 

are smaller. The intrinsic speed of the SiC device could be much faster than the Si MOSFET 

that could enable high frequency applications. Then the question is, in the real world, what 

prevents the MOSFET devices switching to several MHz switching frequency. In this chapter, 

the SiC MOSFET is modeled from physical level to circuit level, exploring the limits of the 

device itself and the driver circuit. From the theoretical analysis, if the device is switching fast 

enough, zero turn off switching loss could be realized below the current boundary, which 

enables the MOSFET to switch at multi megahertz frequency. This leaves no limitation for 

SiC MOSFET to high frequency applications. The SiC MOSFET should be taken full 

advantages to achieve faster dV/dt and minimum switching loss. The method to improve the 

switching speed is discussed in this chapter, and the measurement method to verify the lossless 

switching is proposed.  
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2.2. Insights of SiC switching transients 

2.2.1. Switching transients in double pulse tests 

The double pulse test is a conventional way in the industry to demonstrate the transient 

switching performance and switching loss of the device. The drain-source voltage Vds and drain 

current Ids are measured, the integral of voltage and current at the switching transient is 

calculated as the switching loss. For the turn on switching transient, the waveforms of the 

double pulse tests are shown in Figure 2-1. 

From t0 ~ t1, the gate voltage Vgs is charged from 0V to threshold voltage. The drain 

current starts rising at t1 when gate voltage reaches threshold voltage. During this switching 

transient, the channel has not been turned on yet, no switching loss happens. The charging time 

of the gate voltage Vgs is determined by the input capacitance Ciss, and gate loop resistance Rg: 

t ln( )ON
gr g iss

ON th

V
R C

V V
=

-
    (2-1) 

Rg is the gate resistance in the gate loop, including both the internal gate resistor of the 

device, and the external resistor on driver loop. VON is the steady state turn on voltage, Vth is 

the threshold voltage of the device. 

The gate current Ig can be calculated as (2-2), and the gate driver current is limited by 

the maximum source current of the driver:  

g sourmin( , )
ON gs

ce

g

V V
I I

R

-
=    (2-2) 
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Figure 2-1 Turn on switching waveforms of low side switch in double pulse test. 

After gate voltage reaches threshold, the channel turns on at t1 and the drain current 

starts to rise towards load current. The dI/dt of drain and source current induce a voltage drop 

on the drain-source voltage Vds of the devices. The voltage drop is determined by the switching 
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speed and parasitic inductance in power loop. Before t1, it is the high side switch body diode 

conducting the load current. During period t1 ~ t2, the high side switch starts reverse recovery. 

A reverse current will conduct through the low side channel as well, and current ringing is 

caused by the resonance between the parasitic parameters in the loop. As the MOSFET works 

in the saturation region, the drain current is related to gate voltage. The drain current during 

this period can be calculated as: 

( )d gs th mI V V g= - Ö     (2-3) 

The charging time from t1 ~ t2 can be calculated as: 

it ln( )ON th
r g iss

ON plateau

V V
R C

V V

-
=

-
   (2-4) 

 At t2 the gate voltage charges from Vth to Vplateau. The plateau voltage Vplateau is 

determined by the gate voltage and the load current IL, and can be calculated as: 

-1 +plateau m L thV g I V= Ö     (2-5) 

At t3, the gate voltage is charged to the pleateau voltage, and the reverse recovery is 

finished. The output capacitance Coss starts to discharge. During the period t2 ~ t3, the gate 

voltage Vgs stays at plateau voltage Vplateau, and gate current is discharging the Miller  capacitor 

Cgd. The gate current can be calculated as: 

ON plateau

g

g

V V
I

R

-
=      (2-6) 

The duration of this period is determined by the discharging speed of the Cgd and Cds. 

The discharging speed of Cgd can be calculated as: 
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_ max

_

ds g gd

gd on

ON plateau

V R C
t

V V

Ö Ö
=

-
    (2-7) 

The discharging speed of Cds can be calculated as: 

_ max

( )

ds ds

ds

plateau th m

V C
t

V V g

Ö
=

- Ö
    (2-8) 

The slower speed determines the length of the period, which is dV/dt during turn on 

transient. Thus, the duration of the drain-source voltage transient t2 ~ t3 can be calculated as: 

 _max( , )vf gd on dst t t=     (2-9) 

In most gate circuit design, relatively large gate resistance is used, which leading to 

longer discharging time for Miller  capacitor Cds. Thus, the voltage fall time is normally 

determined by the discharging time of Cds. By increasing the driver capability, the discharging 

time can be shortened, which reduces the overlapping period of Vds and Id, leading to smaller 

switching loss. 

After t3 the drain-source voltage falls to zero, there will be no switching loss afterward. 

All of the gate current is charging Cgs and Cgd until the gate voltage Vgs reaches the steady state 

at t4.  

The charging time in the fourth interval is: 

        _'

_ _90%

ln( )
gs ON plateau

gr g iss

gs ON gs

V V
t R C

V V

-
=

-
             (2-10) 

For the turn off switching transient, the switching waveforms of the double pulse test 

are shown in Fig. 2-2.  
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PWM
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Vth
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t0 t1 t2 t4t3   

Figure 2-2 Turn off switching waveforms of low side switch in double pulse test. 

From t0 ~ t1, the gate voltage discharges from VON to Vplateau. During this time, both of 

the drain-source voltage Vds and drain current Ids remain unchanged. The gate current Ig can be 

calculated as: 

sinmin( , )
gs

g k

g

V
I I

R
=      (2-11) 
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The peak gate current of the turn off transient is limited by the maximum sink current 

of the driver. The gate voltage can be calculated as: 

/( )g isst R C

gs ONV V e
-

=      (2-12) 

The discharging time of this time period can be calculated as: 

ln( )ON
gf g iss

pleateau

V
t R C

V
=     (2-13) 

As the drain-source voltage is very small at on LR IÖ now, there is no switching loss in 

this period.  

At time t1 gate voltage decreases to Vplateau, the drain-source voltage starts rising. 

During the period t1 ~ t2, gate voltage remains at Vplateau, and the drain current stays at load 

current IL. The gate current is charging the Miller  capacitor Cgd, and Cgs is charged by load 

current. The drain-source voltage fall time is determined by load current IL and output 

capacitance of the device Coss. Switching loss is generated in this switching period. The 

charging time of the Miller  capacitor can be calculated as: 

_ =
gd gd g

gd off

g pleateau

Q Q R
t

I V

Ö
=     (2-14) 

At t2 drain-source voltage is fully charged, and the Miller  pleateau is finished. At t2 the 

drain current starts to fall, and the gate-source voltage starts to fall again. After the gate voltage 

falls to Vth at t3, the channel turns off completely. The discharging time of this switching 

transient can be calculated as: 
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ln( )
pleateau

gf g iss

th

V
t R C

V
=     (2-15) 

From t3 ~ t4, the gate-source voltage continues to discharge to zero, then the turn off 

switching transient finishes. Thus, the switching loss is generated from t1 ~ t3. 

As analyzed above, to reduce the switching loss of turn on and turn off process, the 

driver should provide a large gate current to speed up the charging and discharging speed. The 

integral of the drain current IL and drain-source voltage Vds is calculated as the turn on and turn 

off switching loss.  

However, as the Joule heating of the channel generates the switching loss, the drain 

current cannot reflect the channel current. Besides the channel current, the drain current also 

includes current to charge and discharge Coss. Thus, the double pulse test measurements cannot 

accurately represent the switching loss. 

2.2.2. Physical insights of switching transients 

To better understand the switching transient, the physical insight of the SiC MOSFET 

should be gained to analyze the switching loss. Firstly, the physical model of 1200V, 80 mohm 

SiC MOSFET from Wolfspeed CPM2-1200-0080B is modeled in TCAD Sentaurus. The 

double pulse test model with the device is shown as Figure 2-3. 
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Figure 2-3 Physical model of SiC MOSFET. 

The model is firstly simulated to study the internal transient performance of the 

switching transients; thus, the external circuit is simplified and the gate inductance Lg and drain 

inductance Ld are set to zero. The channel current during the switching transients is simulated. 

The double pulse test is simulated at 800V bus voltage and 10 A load current. The gate 

resistance Rg is set zero. The gate voltage is set as -4V Vee to 20V Vdd. The high side switch is 

substituted by an ideal diode to isolate the influence of reverse recovery. The turn on and turn 

off switching transients are analyzed below. 

The turn-off simulation using TCAD is shown in Figure 2-4 , the channel current is 

captured and shown in purple dash line. When the switch turns off, the drain current flows 

through the channel, and charges the parasitic capacitors gdC  and dsC . From 0 1~t t , the gate-

source capacitor gsC  discharge. The channel current starts to drop at 0t  when the gate-source 

voltage Vgs reaches plateau voltage Vpleateau, then drops to zero at threshold voltage Vth. Before 
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Vgs reaches plateau voltage, the difference of the drain current Id and channel current Ichannel 

discharges the gsC . As the gate current is in the opposite direction of the drain current in turn 

off switching transient, it contributes to the difference of the drain current and channel current. 

 

Figure 2-4 Turn off switching waveforms of double pulse test @ 
dsV  = 800V,  

dI = 10A. 

From 1 2~t t , the gate current continues the discharge of the gsC  and the gate voltage 

decreases. At 2t , the gate voltage reaches the plateau voltage, the drain-source output capacitor 

dsC  + gdC  starts to charge. Due to the large capacitance at low dsV  voltage, there is little dsV  

voltage rise while the gate-source capacitor gsC  still discharges quickly, the channel current 

drops quickly to zero and the channel is cut off at 3t  when it reaches threshold voltage. As 

shown in Figure 2-4, although the drain current Id remains unchanged, the channel current 

Ichannel has already dropped to zero at 3t . 
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From 3 4~t t , the drain current charges dsC + gdC . Until the drain-source voltage dsV  

reaches bus voltage at 4t , the turn off switching transient ends. From the turn off switching 

transient, only the period 2 3~t t generates the switching loss. If this period is short enough, 

which is made possible by the fast switching speed and large drain current, zero turn off 

switching loss could be realized. The part of drain current charges dsC and gdC  (primarily from 

3t  to 4t ) is stored as ossE which is not an actual loss. 

The simulation of the turn on switching transient is shown in Figure 2-5. From 0 1~t t , 

the gate voltage is charged from Vee to threshold voltage, the channel turns on at 1t . The gate 

voltage keeps charging to plateau voltage, energy stored in dsC  and gdC start to release. The 

discharge current of dsC  and gdC  flows through the channel, which makes the channel current 

bigger than the measured drain current in double pulse tests. The plateau gate voltage is 

charged to a high level to support the discharge current. The channel current includes the drain 

current and the ossC  discharging current. As the high side switch is an ideal diode, thus the 

channel current Ichannel only represents the device current itself, not including the external 

influence.  
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Figure 2-5 Turn on switching waveforms of double pulse test @ 
dsV  = 800V,  

dI = 10A. 

At 2t , dsC  is fully discharged, the drain-source voltage drops to zero, the current 

through the channel starts to decrease, gsC  keeps charging and gdC  keeps discharging from 

2 3~t t . At 3t , gsC  is charged to 20V Vdd, the turn-on transient ends. In the turn-on process, the 

period 
1 3~t t generates the switching loss. As shown in Figure 2-5, The current flows through 

the channel is larger than the drain current measured in double pulse tests. 

According to the above analysis, the switching loss measured by the drain current is 

not accurate. The turn-on switching loss is larger than the measured value, and the turn-off loss 

is actually smaller. The turn-on switching speed is determined by the driver capability. Only 

by utilizing soft switching during turn on transient, the high turn on loss can be avoided.  

During the turn-off switching transient, the turn-off loss can also be minimized or even 

eliminated if the driver capability is strong and device has fast intrinsic speed. When the load 
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current is lower than a critical value and the overlapping of channel current and drain-source 

voltage is small enough, the zero turn off loss can be realized. Thus, for the wide bandgap 

device itself, if driven by a strong capability driver, the switching frequency is no longer a limit 

anymore. 

2.3. Influence of parasitic parameter in gate and power loop 

 

Figure 2-6 Circuit Model of SiC MOSFET. 

Figure 2-6 shows the circuit model of the SiC MOSFET in double pulse test. As shown 

in Figure 2-6, in the power switching loop, the parasitic inductance includes source inductance 

Ls, drain inductance Ld and common source inductance Lcm.  

When the switch turns off, the drain current charges Cds and Miller  capacitor Cgd. The 

gate driver and loop are analyzed here. The gate loop quality factor is: 

g

,int ,

1 g cm

g g ext driver iss

L L
Q

R R R C

+
=

+ +
    (2-16) 
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The gate loop intrinsic speed is: 

g

,int ,

1

( )g g ext driver iss

S
R R R C

=
+ + Ö

    (2-17) 

The gate driver figure of merit is derived by dividing the gate loop intrinsic speed with 

the gate loop quality factor, which is: 

g 1

( )g g cm iss

S
GFOM

Q L L C
= =

+ Ö
    (2-18) 

From the figure of merit, to take the full advantages from the SiC MOSFETs to get 

maximum intrinsic speed, the gate resistance should be minimized. The parasitic inductance 

Lg and Lcm in the gate loop should be minimized too to maximize the gate loop figure of merit. 

The large peak gate current will generate an opposite voltage on gate inductance Lg to reduce 

the gate voltage Vgs. Take the turn off transient as an example, Cgs discharges and resonant 

with Lg, the current has voltage drop on the gate resistance Rg, slowing down the switching 

speed. The high dI/dt generates a significant voltage drop on common source inductance Lcm, 

which couples the noise from the power switching loop and induces a voltage drop on gate 

source voltage Vgs to slow down the switching speed as well. If the voltage drop is too large, 

fault trigger will happen and breakdown the device.  

For the power switching loop, the high dI/dt during the turn off transient cause the spike 

voltage on source inductance Ls and drain inductance Ld, which causes the overshoot on drain-

source voltage. Meanwhile, the source inductance Ls and drain inductance Ld resonant with 

MOSFET drain-source capacitance Cds, the drain-source voltage Vds has oscillation.  

In the PCB design, the parasitic inductance and capacitance are inevitable in a power 

electronic circuit and will reduce the switching speed. For the chip itself, the chip size of the 
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device is proportional to the parasitic capacitance of the MOSFET. Thus the parasitic 

capacitance Ciss of SiC device is much smaller than the Si device, which helps to improve the 

gate loop figure of merit. The wire bonds and leads for connections in the device packages 

involve the parasitic inductance. Thus for the TO-220 or TO-247 packages of SiC MOSFET, 

the common source inductance Lcm can introduce a significant slowdown and also introduce 

oscillation which could destroy the devices. From the external circuit, the PCB trace and layout 

could both influence the external parasitic inductance and capacitance of the MOSFET to 

worsen the situation. A solution to avoid the overshoot and oscillation problems is to adopt a 

large gate resistance to limit the switching speed to a lower level. However, the switching loss 

will be increased accordingly.  

As analyzed above, if the switching speed is fast enough with strong driver, the 

switching loss can be minimized. The parasitic parameters in the gate loop and power 

switching loop should be minimized accordingly to avoid switching speed slowdown and 

potential device breakdown. Based on the analysis, the layout of the module and PCB circuit 

should both be designed optimally to solve the problem. To demonstrate the significant 

influence of the parasitic parameters to switching transients, double pules simulations are 

carried out in Matlab. 

The double pulse tests are carried out at 800V dc bus voltage, 20A load current. The 

influences by different Lg, Ld, Ls and Rg on switching transients are shown in Figure 2-7 to 

Figure 2-10. 
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(a). Turn on and turn off of Vgs with different Lg 
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(b) Turn on and turn off of Vds with different Lg 

 

    

(c) Turn on and turn off of Id with different Lg 

Figure 2-7 Turn on and turn off waveforms with different Lg 
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(a) Turn on and turn off of Vgs with different Ld 
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(b) Turn on and turn off of Vds with different Ld          

 

 

(c) Turn on and turn off of Id with different Ld 

Figure 2-8 Turn on and turn off waveforms with different Ld 
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(a) Turn on and turn off of Vgs with different Ls 
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(b) Turn on and turn off of Vds with different Ls 

          

       

(c) Turn on and turn off of Id with different Ls 

Figure 2-9 Turn on and turn off waveforms with different Ls 
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(a) Turn on and turn off of Vgs with different Rg 
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(b) Turn on and turn off of Vds with different Rg 

  

 

(c) Turn on and turn off of Id with different Rg  

Figure 2-10 Turn on and turn off waveforms with different Rg 
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From the simulation results, gate resistance Rg and common source inductance Lcm are 

the most significant factors which influence the switching speed. The switching loss is 

calculated from the simulation results. 

 

Figure 2-11 Influence of Lcm on switching loss 

As mentioned above, the double pulse test results are not accurate to calculate the 

switching loss. The energy stored in Coss should be included in the turn on loss, and excluded 

from the turn off loss. After the calculation, the switching loss influenced by parasitic 

parameters are shown in Figure 2-11 and Figure 2-12. 

 

Figure 2-12 Influence of Rg on switching loss 
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The results show gate resistance Rg and common source inductance Lcm has a significant 

influence on switching loss. In the ideal condition with and no gate resistance, the fast 

switching speed is enabled, with no parasitic inductance (source inductance Ls, drain 

inductance Ld and gate inductance Lg), the turn off switching loss could be reduced to zero, 

which proves when the switching speed is large enough, the lossless turn off switching could 

be realized. There is no boundary for the switching frequency considering the SiC MOSFET 

device. 

For the driver chip, due to the limit of rising and falling time, the minimum pulse width 

is limited, which means there is a switching frequency limit for the gate driver. On the other 

hand, the Joule heating generated during the switching transient by charging and discharging 

device capacitance causes the temperature rising of the driver chip. The thermal limit should 

also be taken into account when pushing the switching frequency. In this dissertation, the ultra-

fast gate driver UCC27531 from Texas Instruments is adopted. The driver has 2.5 A source 

current and 5 A sink current capability. The gate loop can be simplified as a RC circuit, and 

the driver circuit is shown as Figure 2-13. 

 

Figure 2-13 Driving circuit of UCC27531 for SiC MOSFET 
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As analyzed in the previous section, the turn on switching transient includes four 

intervals, as shown in Figure 2-14. The minimum pulse width should be larger than the gate 

voltage charging time. Thus, the switching frequency of the device is limited to: 

'

min pw gr ir vf grt t t t t= + + +    (2-19) 

'sw

gr ir vf gr

D
f

t t t t
¢
+ + +

    (2-20) 

 

Figure 2-14 Time intervals during the turn on switching 

Otherwise, there is not enough time for Vgs to charge to Vdd. The device cannot be fully 

turned on, which makes the channel resistance large, increasing conduction loss. 

 Experiments are carried out to verify the calculation as shown in Figure 2-15. The 

given driver voltage is -4V~20V, two pulse widths are given to the driver UCC 27531 when 

the drain source voltage is 0 V. When the pulse width is 115 ns, the gate voltage could be 
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charged to 20 V. However, when the pulse width is 50 ns, it is only charged to 15.8 V then 

turn off. There is not enough time for the device to turn on.  

 

             

Figure 2-15 Pulse width limitation of gate driver 

It is worth noticing that the charging time is dependent on the driver chip capability 

and the Vds. The experiments shown in Figure 2-15 are carried out at no load condition, which 
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makes the parasitic capacitance Ciss very large. According to the simulation results shown in 

Figure 2-14, with drain-source voltage Vds at 800V, load current Id at 20A, the gate charge time 

is around 30 ns, assume the duty cycle is 0.5, the switching frequency is limited to 8.33 MHz 

for driver UCC27531. If a strong driver is proved, it takes less time for Vgs charging to Vdd, 

thus the minimum pulse width will be smaller, the maximum switching limit will be higher. 

Except for the minimum pulse width limit of the driver circuit, the driver temperature 

is another limit for the gate driver. Most of the drivers use a plastic case, which makes the 

thermal impedance relatively high. The driver loss is calculated as: 

_loss dr g gs swP Q V f= ÖD Ö    (2-21) 

Take the SiC MOSFET CPM2-1200-0080B for example, the driver loss is calculated 

as 3.85 W when the device is operated at 4 MHz. The Joule heating could cause the driver 

junction temperature to exceed the maximum temperature at 150 °C. However, although the 

total driver loss is large, majority of the driver loss is dissipated from the MOSFET die, only 

part of the loss is dissipated in the driver chip. The driver thermal limit will be discussed later 

in the dissertation. 

2.4. Lossless turn off switching SiC MOSFET module 

2.4.1. SiC MOSFET module configuration  

Conclude from the theoretical analysis, to push the switching frequency, SiC MOSFET 

should be driven as hard as possible to achieve lossless turn off switching. There is no 

switching frequency limit for SiC MOSFET itself with a strong driving capability and 

optimized circuit layout design. As analyzed above, the gate resistance and parasitic inductance 
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determine the figure of merit of gate driver circuit. The gate resistance should be minimized to 

improve the gate driving speed, and the minimized parasitic inductance helps to reduce the 

induced voltage drop in the driver circuit to slow down the switching speed, causing higher 

switching loss and breakdown hazard.  

Following these principles, by integrating a strong driver with the MOSFET die in the 

module, the gate loop can be minimized. A driver integrated SiC MOSFET module is proposed 

in this dissertation. The integrated half bridge SiC MOSFET module is consisted by two 1200 

V 80 mohm SiC MOSFET bare dies CPM2-1200-0080B from Wolfspeed and two ultra-fast 

gate drivers UCC27531 from Texas Instruments. The configuration of the module is shown in 

Figure 2-16. Zero external gate resistor can be used in the module while the internal gate 

resistance of this SiC MOSFET is 4.6Ý. 47nF decoupling capacitor is soldered between the 

high voltage dc terminals to decrease the drain loop parasitic inductance. Direct bonded copper 

(DBC) substrate is used here to improve the thermal impedance from junction to the baseplate.  

The fabricated module is shown in Figure 2-17. The size of the MOSFET bare die is 

36mm × 24mm. The module is fabricated with the direct bonded copper (DBC) as the substrate 

to improve the thermal dissipation from the limited die area to the baseplate. The switching 

loop is indicated with a red frame in Figure 2-17. The area of the switching loop is only 42 

mm2. The driver is directly connected to the gate of the device by wire bond, with 0 Ý gate 

resistance. The area of the gate loop is only 18 mm2. A NTC is also integrated with the module 

to measure the temperature of the substrate. This function could be used for temperature 

protection during the operation. 
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Figure 2-16 Integrated half bridge module configuration 

 

Figure 2-17 Fabricated SiC MOSFET Module 

The module has several features: 

¶ Strong capability driver is integrated with the module 

¶ Kelvin connections is adopted to eliminate the common source inductance 

¶ DC bus decoupling capacitor is integrated with the module to reduce the power 

switching loop inductance. Low ESR and ESL capacitor should be chosen 
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¶ Decoupling capacitors are integrated for turn on and turn off gate loop to reduce 

the parasitic inductance 

¶ 0 ohm gate resistor is enabled by the small parasitic inductance, to push the 

limit of the switching speed  

Several drivers are compared in this module, including the Diodes Incorporated, IXYS, 

STMicroelectronics, Infineon and Texas Instruments. The driver comparison is shown in Table 

2-1. All the candidates are strong capability drivers. As the driver needs to be integrated with 

the module, the size and simplicity of the driver are important factors. The isolated driver needs 

the power supplies for both primary and secondary side, which not only makes more pins in 

the module, but also increase the gate loop area and induce more parasitic inductance. Thus, 

the non-isolated driver needs to be chosen. The UCC27531 has smaller package, and also has 

small propagation delay, which makes this driver outweighs the others. 

Table 2-1 Gate driver comparison 

 

According to the output characterization of the SiC MOSFET shown in Figure 2-18, to 

fully turn on the MOSFET and achieve lower Rdson, high gate-source voltage should be chosen. 

The SiC MOSFET turn on gate voltage should be chosen above 15 V. The gate voltage of 
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CPM2-1200-0080B is chosen as +20V for turn on and -4 V for turn off according to the 

recommendation of the datasheet. 

 

Figure 2-18 Output Characterization of CPM2-1200-0080B. 

To minimize the parasitic gate inductance, the driver chip should be placed as close as 

possible to the MOSFET dies. However, there is a thermal coupling between the driver and 

the MOSFET die. The temperature of the MOSFET die can be over 100 ęC during the 

operation, consistent with the 150 ęC peak junction temperature of SiC MOSFET device. 

Strong thermal coupling will cause the drive temperature to rise.  

The thermal coupling experiments are carried out with the integrated SiC MOSFET 

module attached to a cooling system as shown in Figure 2-19.  
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Figure 2-19 Assembled integrated SiC MOSFET module with cooling system. 

The module is attached to a heatsink and a fan. The cross section of the module is 

shown in Figure 2-20. The heatsink size is 45mm×45mm×25mm and uses a 1.68W fan. The 

integrated module is soldered to a Copper with Nickle plated baseplate and then attached to 

the cooling system with thermal interface materials. 

The power dissipation capability of this cooling system is measured. A current source 

is connected between dc terminals of the module to inject a constant current to the switches. 

The conduction loss of the switch is used to generate the Joule heat. The input voltage and 

current are measured to calculate the total power dissipation in the module. 

 

Figure 2-20 Side view of integrated SiC MOSFET module with the cooling system.  
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Figure 2-21 Temperature measurement of the integrated SiC MOSFET module. 

 

Figure 2-22 Thermal impedance from junction to heatsink. 

As is shown in Figure 2-21, the junction temperature is tested up to 150 ęC and the 

maximum power dissipation in the module is 58.6 W, which means 29.3 W is dissipated in 

each die. The thermal resistance jhq  from junction to heatsink is 2.57 ęC/W as shown in Figure 

2-21, the thermal resistance jaq  from junction to ambient is 4.12 ęC/W. The driver temperature 

is also measured in this experiment to verify the capability of the driver in high temperature 

environment. When the junction temperature is 150 ęC, the driver is 88.8 ęC. Actual driver 
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temperature could be higher if driver self-heating is considered. The self-heating of the driver 

could be estimated if the operating condition is set.  

2.4.2. Driver location analysis 

Several NTC are attached on the DBC at several positions to measure the temperature 

in different locations of the module, as shown in Figure 2-23. The distance between the NTC 

and the MOSFET die varies from 4.5 mm to 14.1 mm. There are two MOSFET dies on the 

DBC and have a symmetric layout, thus the NTCs are symmetrical in the module. A current 

source is used to inject power from the DC terminals of the module, the body diodes of the 

MOSFET are self-heated. During the experiment, fourteen sets of data are recorded as shown 

in Figure 2-24. The midpoint of the module is at the location with distance 0mm.  The 

temperatures of NTCs are recorded to test the thermal coupling from the MOSFET die.  

 

Figure 2-23 Drivers thermal coupling test module based on NTC. 

According to the results, when the MOSFET junction temperature is 150 ęC, the NTC 

which is 5.9 mm away from the MOSFET is 66.8 ęC, while at 8.5 mm away from the MOSFET 

the temperature is 62.1 ęC. With 85 ęC lower than the MOSFET, even a silicon driver is in a 
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safe region even if the MOSFET is at 150 ęC. Thus, the distance of the driver chip to MOSFET 

is chosen in the range of 5.9 mm and 8.5 mm.  

 

Figure 2-24 Thermal coupling measurement results. 

Meanwhile, the driver loss at each switching transients has Joule heating in the driver 

too. In order to measure the Joule heating of the driver itself, the driver is switched at different 

switching frequencies, while the SiC MOSFET operates with no load. The gate driver loss is 

calculated as (2-20). 

The temperatures of driver chip and MOSFET bare dies are measured as shown in 

Figure 2-25. While the switching frequency is around 4 MHz, the driver temperature rise is 47 

ęC. Considering the thermal coupling from the MOSFET die when the die is 150 ęC, the driver 

temperature will be lower than the maximum temperature, which means this driver is capable 

of operating at 4 MHz in this module while the SiC MOSFET is operating at 150 ęC. 
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Figure 2-25 Driver Joule heating and thermal coupling to MOSFET. 

There will be an insignificant thermal coupling from driver chip to MOSFET die. As 

shown in Figure 2-25, the die temperature has 8 ęC temperature rise when the driver loss is 

3.85 W. Thus, the thermal coupling from driver to die will not have a significant impact on die 

temperature. 
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2.5. Integrated SiC MOSFET module performance evaluation 

2.5.1. Module layout evaluation 

 

Figure 2-26 SiC MOSFET module model in Q3D. 

To evaluate the performance of the proposed SiC MOSFET module, the module is 

modeled in Finite Element Analysis software. The model of the module is shown in Figure 2-

26. The turn on and turn off gate loop are modeled and shown in Figure 2-27. 

 

Figure 2-27 Gate loop turn on and turn off parasitic inductance. 

To compare with the traditional TO-247 three pins discrete device, a double pulse tester 

is built for TO-247 discrete device C2M0080120D with the same die. The double pulse tester 

is shown in Figure 2-28. In order to have a fair enough comparison, the layout of the TO-247 



 

 

56 

based double pulse tester has been optimized designed. The leads of the pin are shortened, and 

the driver IC UCC27531 are placed as close to the device as possible.  

 

Figure 2-28 Double pulse tester for discrete TO-247 device. 

The TO-247 based double pulse tester is also modeled in the FEA software, and the 

switching loop of the device is shown in Figure 2-29. 

 

Figure 2-29 Switching loop of TO-247 SiC MOSFET. 

As the parasitic inductance is proportional to the loop area, the loop area can be used 

to evaluate the integrated SiC MOSFET module with the traditional TO-247 based SiC 

MOSFET. The comparison of the gate loop and the power switching loop are shown in Figure 

2-30.  
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Figure 2-30 Gate loop and power switching loop area comparison. 

As can be seen, with the fast driver chip integrated with the module, the gate loop area 

of the integrated module is much smaller than the conventional TO-247 design. The power 

switching loop is optimized in the integrated SiC MOSFET module to have the minimum Ld 

and Ls. Comparing with the module, the discrete TO-247 packaged C2M0080120D with the 

same die, the integrated module has the power switching loop area loop area at 42 mm2; the 

TO-247 device has the power switching loop area at 200 mm2. The gate loop area of the 

integrated module is 18 mm2; comparing to 100 mm2 gate loop area of the TO-247 device. The 

parasitic inductance of both power switching loop and gate loop are much smaller in the 

integrated module. Extracted from the FEA simulation, the parasitic inductance of the turn on 

gate loop is 7.6 nH, while the turn off gate loop 4.1 nH.  

2.5.2. Switching performance evaluation in double pulse test 

The double pulse test is then carried out for the TO-247 packaged SiC MOSFET and 

integrated SiC MOSFET module. The double pulse test is carried out under 800 V, 10 A. The 

load inductor is chosen as 60 uH, and the external dc bus capacitor is consisted by two 27 uF 
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film capacitors. In the double pulse test, the drain current could not be directly measured for 

the integrated module. As the decoupling cap is packaged inside the module, there is no small 

enough current probe which could fit in the Aluminum (Al) bonding wire on the direct bonded 

copper substrate. Thus, the current of the inductive load is measured. The drain current of the 

TO-247 packaged MOSFET is measured by a small Rogowski coil on the drain lead. The turn 

on and turn off waveforms of the TO-247 device are shown in Figure 2-31.  

 

Figure 2-31 Experimental results for TO-247 discrete device in double pulse test. 

Although the power switching loop and gate loop have been optimized and minimized 

for the TO-247 packaged device in the double pulse tester, there is still large parasitic 

inductance in the loop, which induces the overshoot and oscillation in the drain-source voltage 

Vds, and gate-source voltage Vgs. The parasitic inductance is extracted from the FEA simulation. 

The power switching loop parasitic inductance is 47 nH, the turn on gate loop is 28 nH, as well 

as the turn off gate loop. The simulation results by using the extracted parasitic inductance are 

shown in Figure 2-32, which match with the experimental results. 
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Figure 2-32 Simulation double pulse test results of TO-247 packaged SiC MOSFET.  

The turn on and turn off switching waveforms of the integrated SiC MOSFET module 

are shown in Figure 2-33. The gate-source voltage and drain-source voltage are clean 

comparing with TO-247, the overshoot and oscillation are minimized. No external gate resistor 

is needed to damp the gate loop noise and slow down the switching speed. The SiC MOSFET 

die has about 4.6 Ý internal gate resistance and the gate driver adds additional driver resistance 

to the turn-on and turn-off. The turn-on driver resistance is 1.95 ohm, while the turn-off driver 

resistance is 0.65 ohm. Even with the resistance, the driving speed for the developed module 

is extremely fast and the switching loss of the integrated module can be significantly reduced.  
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Figure 2-33 Integrated SiC MOSFET module double pulse test. 

As explained in details above, almost zero turn-off loss is achieved in proposed module. 

This can be directly observed from the turn-off waveform of the integrated SiC MOSFET 

module shown in Figure 2-33. There is negligible plateau voltage observed in the gate voltage. 

The gate-source voltage Vgs is quickly reduced through the Miller  plateau voltage Vplateau to 

threshold voltage Vth earlier than the Vds voltage rises. During the turn off process, the period 

of Miller  plateau is determined by the charging time of Miller  capacitiance Cgd. After the gate 

voltage falls to threshold voltage Vth, the MOSFET is turned off and the channel current stays 

zero without generating Joule heating. The slew rate dVds/dt is determined by the load current 

IL and output capacitance Coss. If the drain current is smaller than a certain value, the dissipative 

channel current will drop to zero before the voltage starts to rise, which makes no turn off 

switching loss. The condition for this zero turn off loss can be roughly expressed by: 

     g d

iss oss

I I

C C
>>        (2-22) 
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As measured in Figure 2-33, the dV/dt of the integrated module reaches 96 kV/us during 

the turn on transient and 39kV/us during the turn off transient. The turn off time of the switch 

is 16 ns when the drain-source voltage Vds rises from 10% to 90% of its peak voltage. Due to 

the extremely small stray inductance of gate loop, although the switching speed is very fast, 

the gate-source voltage Vgs waveform is very clean and noise free. Comparing with TO-247 

packaged SiC MOSFET, the integrated module has no oscillation or overshoot observed, 

which verifies the switching performance of the device is significantly improved by the 

proposed module, leading to lower switching loss and higher switching frequency. 

The parasitic inductance is extracted from the FEA simulation. The power switching 

loop has around 10 nH inductance, and the turn on gate loop 7.6 nH, the turn off gate loop 4.1 

nH. The double pulse tests simulation results are shown in Figure 2-34 to verify the extracted 

inductance. 

     

Figure 2-34 Simulation double pulse test results of integrated SiC MOSFET.  

Without the external gate resistor, the gate loop switching speed is mainly limited by 

the internal resistor of the SiC MOSFET device, which is 4.6 Ý in this module. To further 

optimize the switching speed, the internal gate resistor could also be reduced in the future. 
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2.6. Measurement method to verify lossless turn off switching 

2.6.1. Lossless switching validation and current boundary 

Traditionally, the switching loss is measured by the double pulse test. Two ON pulses 

are generated. The first pulse allows the drain current to reach the desired value, and then the 

pulse turns off. After a short period, the pulse turns on again. This measurement needs the drain 

current and the drain-source voltage to be recorded by a high precision oscilloscope at the 

switching transient. The current and voltage data are taken to do integral to calculate the 

switching loss. This method has two drawbacks: 1) the waveforms of drain current and drain-

source voltage need to be synchronous. However, the current probe and voltage probe could 

only be synchronized manually, which could bring in error. The small error will influence the 

precision of the calculation result; 2) during the turn off transient, the current charging the 

parasitic capacitors is measured by the current probe. This part of the energy is stored in the 

capacitor but not dissipated through the channel. Thus, the energy measured during the turn 

off process is not accurate. When the switch turns on, the parasitic capacitor is discharged 

through the channel, this part of energy is not measured by the current probe, which causes 

imprecision to the turn on energy too. As the integrated SiC MOSFET module is all packaged 

with decoupling capacitor, the high precision current probes such as the coaxial shunt, 

Rogowski coil are not small enough to insert though the Al bond wire on the direct bonded 

copper substrate. Thus, in this dissertation, the thermal rising caused by Joule heating is used 

to measure the switching loss. To generate a relatively significant power loss in the module, 

the device needs to be operating at a high switching frequency in a continuous operation. A 

half bridge inverter is built. With inductive load, the converter is working in zero voltage 
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switching without turn on switching loss. The conduction loss of the module can be controlled 

by the switching frequency, load inductance and dc bus voltage. The duty cycle of the gate 

signal is set as 0.5.  

 

Figure 2-35 Measurement of stored energy. 

Firstly, the stored energy in the module could be tested without load, a dc voltage is 

added to the dc port of the module. To get a precise input current, high bandwidth Pearson 

current monitor is used in this experiment. The input power is calculated by the integral of the 

current and voltage. The switches are switched with 100 kHz gating signals. During each 

switching transient, one switch is charging, the other is discharging. The Eoss of the discharging 

switch is dissipated through the channel of the device, the Eoss of the charging switch is from 

the energy of dc source. During each switching period, the measured input energy equals to 

two times of Eoss, which is calculated by / 2oss dc dc swE V I f= . The measured Eoss for the module 

is shown in Figure 2-35. When the dc voltage is 400V, the Eoss is measured as 14.5 uJ. 

In this measurement method, the junction temperature is measured at 800V, 5.5 A at 

different switching frequencies. The switching frequency is ranging from 300 kHz to 1 MHz. 
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The junction temperature of SiC MOSFET is measured by the FloTHERM infrared thermal 

monitor. The junction temperature rising corresponding to the switching loss is calculated here. 

To do so, the driver loss and thermal coupling should be deducted from the temperature rise to 

get the device loss only thermal rise. Then the conduction loss, deadtime loss, and etc. should 

be deduced from the device thermal rise, getting the switching loss. If the device switching 

loss is not frequency dependent, the zero turn off switching loss could be verified. The 

experiment setup and module diagram are shown in Figure 2-36.  

To measure the switching loss of the SiC MOSFET, the module is operated at high 

voltage high frequency condition. The DC input voltage is set as 800V, the output inductive 

load is 10 uH. To stabilize dc voltage, ten 0.47 uF ceramic capacitors are connected in series 

as the dc link capacitor. As the ESR of the decoupling capacitors are small, the dc decoupling 

capacitor loss could be negligible.  

 

Figure 2-36 Experiment setup and module diagram.  

The thermal impedance jaq from junction to ambient is measured, with the same 

cooling system mentioned above. To avoid an insignificant temperature rise, the module is 

operated under natural cooling with the only heatsink attached. The fan is removed. A current 

source is connected to the dc terminals of the module, body diodes of MOSFETs are self-
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heated to generate a constant power loss and they are the only heat source in the test. The 

junction temperature and heatsink temperature is measured in this test as shown in Figure 2-

37.  

        

Figure 2-37 Junction to ambient thermal impedance calibration. 

The thermal resistance of the cooling system _hs aq  is calculated as 14 ęC/W as shown 

in Figure 2-38: 

      

sin

_q

-
= heat k ambient

dis

hs a

T T
P

                   (2-23) 

 

 

Figure 2-38 Thermal impedance of junction to ambient. 
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Then the thermal coupling is measured as shown in Figure 2-39. In this experiment, 

only the driver chip is operating at different switching frequencies, and SiC MOSFET device 

is not working. The driver chip can have the thermal coupling to the MOSFET die in two ways: 

the first one is from the DBC, the second one is the internal gate resistance loss during the 

switching transients. At the switching transients, the gate current can generate Joule heating 

on the pull-up or pull-down resistors in the driver chip, and also generate the loss on the SiC 

MOSFET internal gate resistance. 

 

Figure 2-39 Thermal coupling from driver to SiC MOSFET die test setup. 

The power loss on driver chip and SiC MOSFET can be calculated as: 

1 22driver gs sw g dr drP V f Q P P= D Ö Ö = +   (2-24) 

1 1dr driverP k P= Ö
     (2-25) 

2 2dr driverP k P= Ö
    (2-26) 

_ 1driver dr ca driver ambT R k P T= Ö Ö +
    (2-27) 

_ 2j mos ja driver amb coupleT R k P T T= Ö Ö + +
   (2-28) 
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Figure 2-40 Thermal coupling measurement results. 

The measurement results are shown in Figure 2-40. The switching frequencies are 

chosen as 353 kHz, 434.6 kHz, 545.4 kHz, and 1 MHz. The blue curve is the junction 

temperature, red curve is the die temperature, and the gray curve is the thermal coupling from 

the driver chip to die. The thermal impedance from the driver case top to ambient is simulated 

in COMSOL as shown in Figure 2-41, which is 82.5 ęC/W. According to the calculation, k1 is 

calculated as 0.285, which means 28.5% of driver loss is distributed on driver chip and the 

other 71.5% is distributed in MOSFET die. The thermal coupling from the driver chip to die 

is shown as formula (2-29). 

_ 82.5 /o

dr caR C W=
     (2-29) 

4.7 /o

couple driverT C W P= Ö     (2-30) 



 

 

68 

 

Figure 2-41 Thermal impedance of driver case top to ambient. 

After the measurement of the junction to ambient thermal impedance and thermal 

coupling, the device loss can be measured according to the die temperature. To decompose the 

device power loss, the junction temperature is calculated as: 

_j mos ja mos couple ambT R P T T= Ö + +    (2-31) 

2 sw+mos driver con dtP k P P P P= Ö + +    (2-32) 

The conduction loss and deadtime loss could be calculated as: 

     
2

_ / 2cond on ds rmsP R I= Ö     (2-33) 

                  2dt pk F swP t I V f= D Ö Ö Ö    (2-34) 

The conduction loss could be derived from
2

con rms onP I R= Ö . As onR is dependent on drain 

current and junction temperature, the junction temperature is calculated and the corresponding 

onR  with this junction temperature and drain current is calibrated and verified with the 

datasheet as shown in Figure 2-42. 
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Figure 2-42 Ron calibration vs. junction temperature. 

The on-state resistance could be represented by: 

6 22.893 10 0.00152 0.2815on j jR T T-= ³ Ö - Ö +   (2-35) 

By deducting the driver loss, conduction loss, deadtime loss from the MOSFET power 

loss, the switching loss can be calculated as:  

2

_

j couple

sw driver con dt

mos ja

T T
P k P P P

R

D -D
D = - ÖD -D -D   (2-36) 

Table 2-1 Measurement results with different switching frequency 

 

The experimental results are shown in Table 2-1. As the experiments are carried out in 

an enclosure, to avoid the influence of inaccurate measured ambient temperature, the 
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difference of switching loss is used as the index. The 353 kHz experiment result is used as the 

base value, the difference of the other measurement results are calculated shown in Table 2-1. 

From the measurement results, the difference of switching loss between different 

switching frequencies is negligible. Thus, it can be concluded that at 800V drain-source 

voltage, and 5.5 A drain current, the switching loss is independent of the switching frequency, 

the turn off switching loss is zero. 

Then, the continuous tests are carried out at different turn off current at fixed frequency 

1 MHz, as shown in Table 2-2. The switching loss difference between different conditions 

could be calculated as: 

_

j

sw con dt

mos ja

T
P P P

R

D
D = -D -D

    (2-37) 

Table 2-2 Measurement results with different Id at 1 MHz 

 

According to the calculation results in Table 2-1, as the turn off switching loss at 5.5 A 

has already been approved to be zero, taking this value as the reference, the switching loss at 

6.3 A is zero too. The loss at 7 A is slightly higher, and is calculated as 0.3 uJ, which is also 

small enough. The zero turn off loss current boundary is measured at around 6 A in this case, 

as shown in Figure 2-43.  
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Figure 2-43 Lossless turn off switching loss current boundary. 

 

Figure 2-44 Zero turn off switching loss current boundary in TCAD. 

Figure 2-44 shows the lossless turn off current boundary in TCAD. The upper line 

shows the ideal circuit layout, with zero gate inductance, zero source inductance and drain 

inductance. The x-axis is the common source inductance. When in ideal condition, the zero 
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turn off loss boundary can be pushed to 19 A when common source inductance is zero. In the 

proposed module, although the Kelvin connection is used to eliminate the common source 

inductance, the gate inductance is still existing, making the current boundary lower. If the 

driver capability is stronger, the SiC MOSFET can be switched at a faster speed, or the circuit 

layout can be further improved, this boundary can be further pushed. 

The turn off switching loss at 800V, different drain current are also measured and 

shown in Figure 2-45. 

 

Figure 2-45 Turn off switching loss at 800V at different current. 

2.6.2. Megahertz continuous test 

Megahertz continuous tests are then carried out to verify the low switching loss of the 

module. First, a 1.5 MHz synchronous boost converter is built. The input voltage is 400 V, 

with 50% duty cycle, and the voltage stress on the MOSFETs is 800V. The load is 800 Ý 

resistor and the dc link capacitance is 54 uF. The boost inductor is 5.4 uH. The converter is 

shown in Figure 2-46. 
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(a) Top view of half bridge inverter 

 

(b) Side view of half bridge inverter 

Figure 2-46 Lossless turn off switching loss current boundary. 

The experimental results are shown in Figure 2-47. Zero voltage switching (ZVS) is 

realized for both of the MOSFETs, thus only turn-off loss exists. The heatsink temperature is 

40 ęC, and the junction temperature is measured to be 61.8 ęC. The MOSFET rms current is 

7.1 A. According to the datasheet of the MOSFET, onR  is 85 mÝ. The power dissipated in the 

module is calculated to be 19.97 W. By deducting the deadtime loss and conduction loss, the 

turn-off loss is calculated as 3.93 uJ. This loss is very low and can be considered almost zero 

turn-off loss. 
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Figure 2-47 1.5 MHz synchronous boost converter experiments. 

Then a 3.38 MHz continuous test in half bridge inverter is then carried out to further 

prove the zero switching loss when the drain current is relatively low. The half bridge inverter 

is operated at 700V and 4.6A peak to peak current. The experiment results are shown in Figure 

2-48. With the fast switching speed and high switching frequency, the drain-source voltage is 

still without overshoot and oscillation. The heatsink temperature is 35.1ęC, even lower than 

the 1.5 MHz test as the drain current is lower. The increasing of switching frequency does not 

increase the power loss, which proves the conduction loss is the dominant part of the module, 
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not the switching loss. The junction temperature is estimated to be 48 ęC. Per the calculation, 

the turn off switching loss is 0 uJ, which verifies that in this condition, the fast switching speed 

could naturally achieve zero switching loss without causing any EMI problem. 

 

 

Figure 2-48 3.38 MHz half bridge inverter experiments. 

According to the experimental results of megahertz continuous test, the SiC MOSFET 

module can operate at 3.38 MHz frequency at 700V, 4.6 A, and 1.5 MHz frequency at 800V, 

10.2 A. The die temperature is far less than limit, and the switching waveforms are noise free, 

which validates the low switching loss of the proposed module, and the optimal layout. 

100ns/div
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2.7. Conclusion 

In this chapter, the switching transients of the SiC MOSFET are analyzed from double 

pulse test behaviors and its physical insights. The limit of the switching frequency is addressed 

from the device itself, and the circuit point of view. With fast intrinsic switching speed, and a 

strong capability driver, the device can achieve zero turn off loss within the current boundary. 

Thus, the switching frequency for the device itself has no limitation. The approach in this thesis 

is integrating the ultra-fast driver chip into the module, with the SiC MOSFET die. The 

frequency limitation of the driver chip and the thermal limit are discussed in this chapter. The 

integrated module is compared with the TO-247 three pin packaged SiC MOSFET, and the 

performance of proposed module is proved to be much better than the traditional package. The 

low parasitic inductance is validated by the noise free waveforms during the switching 

transients under 96 kV/us switching speed. 

The turn off switching loss is proved to be zero by the proposed measurement method 

in this dissertation. The proposed measurement method is based on the power dissipation of 

the module. The module is operated at 800V, 5.5A at different switching frequencies, and the 

device loss is proved to be independent of the switching loss. The lossless switching can be 

achieved at this voltage and current level. The current boundary is measured at around 6 A. 

With stronger driver capability, faster intrinsic speed device, and a better circuit layout, the 

current boundary can be pushed higher. 

The module is operated in a synchronous boost converter at 1.5 MHz frequency at 

800V, 10.2 A. An inductive load half bridge inverter is operated at 3.38 MHz at 700V, 4.6 A, 

while the device junction temperature is far less than the thermal limit. The megahertz 
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experiments validate the low switching loss of the integrated module at high voltage condition, 

and the switching frequency limit of the proposed module can be even higher.  
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CHAPTER 3 Common Mode Noise and EMI Problem 

Analysis  

3.1. Introduction 

Above analysis shows that the SiC MOSFET can achieve zero switching loss if ZVS 

turn-on is utilized in the circuit. Therefore, the semiconductor limitation of the switching 

frequency is way above 1 MHz for the 1200 V SiC MOSFET.  This conclusion enables 

megahertz frequency in power electronics converters. In other words, there is no limitation for 

the SiC MOSFET to achieve megahertz frequency. The SiC MOSFET should be driven as fast 

as possible to eliminate the switching loss. In this case, the high dV/dt and dI/dt could generate 

large noise in the system, which causes the conductive EMI problem.  

There are two types of noise in converters, differential mode noise and common mode 

noise. Both of the noises require current path. Thus, a close loop path is a necessary condition 

to generate the noises. For the differential noise, the current in the loop travels in the opposite 

direction, and generating a differential voltage. The voltage source is normally a voltage 

source, which is generated by parasitic inductance etc. The common mode noise travels in the 

same direction, and the close loop normally includes the ground loop. The parasitic capacitance 

distributed in the converter. Although they are insignificant and not causing problem most of 

the time, when the switching speed is fast enough, the parasitic capacitance can act like short 

circuit. With the high intrinsic speed of wide bandgap devices, and the multi-megahertz 

switching frequency enabled, the common mode noise and conductive EMI will become a 
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headache in the converter design. In this dissertation, the common mode noise loop is mainly 

discussed and analyzed.  

The common mode current is a general problem in the high speed converter system. In 

order to have a common mode current loop, a close current loop is necessary for the circuit. 

To break these paths, isolation, filter and shielding are all the effective ways, and the noise can 

be attenuated. The common mode filter is used to create a canceled flux to suppress the 

common mode current in the loop. However, the cost and size of the filter remain a problem. 

To find a solution from the circuit itself is a cost-efficient way. The digital isolator is necessary 

to create the isolation barrier between the digital signal and power stage, the power transformer 

is adopted to isolate the primary side and secondary side of the circuits. It is very important to 

identify the noise source, and parasitic parameters dominant current magnitude. It is also 

necessary to analyze the principle the common mode noise influence the circuit. Thus, an 

effective approach can be generated to solve the root causes. 

3.2. Common mode current loop analysis 

The common mode current generated by the dV/dt and parasitic capacitance: 

cm

dV
I C

dt
=       (3-1) 

The capacitance in the formula can be any parasitic capacitance which has a sudden 

voltage drop. For power transformer, although the wire has enough insulation layers, there is 

parasitic capacitance between them. The capacitance between the wires in a set of winding, 

and the capacitance between primary winding set and secondary winding set are both current 
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loop conducting common mode current. As shown in formula (3-1), to suppress the common 

mode current, the parasitic capacitance and the dV/dt should be minimized at the same time. 

However, the low dV/dt leads to high switching loss of the device. As analyzed above, the 

switching speed needs to be as fast as possible to drive the switching loss to zero. Thus, to 

reduce the common mode current, the capacitance needs to be controlled. 

The half bridge circuit schematic is shown in Figure 3-1.  

 

Figure 3-1 Half bridge circuit schematic. 

Based on SiC MOSFET, a very high dV/dt can generate the path for high frequency 

current, flowing through the isolated power supply, digital isolator and ground path. The 

energy causes oscillation in the system between parasitic capacitance and inductance. And the 

unbalanced voltage on the parasitic inductance could generate the differential voltage on the 

key waveforms, including the input signal of the gate driver and gate-source voltage.  
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The high dV/dt happens at the switching transients. There are four conditions which 

introduce the switching transients: low side switch turns off, high side switch turns off; low 

side switch turns on, high side switch turns on. In soft switching topologies or controls, zero 

voltage switching is realized, the body diode of the other switch conducts after the active switch 

has hard turn off. Thus, there will be no turn on transient introducing high dV/dt.  

Table 3-1 Switching transient waveforms during turn off 

 

3.2.1.  Common mode noise when low side switch turns off 

At first, the soft switching condition is discussed, two turn offs generate high dV/dt. 

The switching transients are shown in Table 3-1. When the low side switch turns off, the dV/dt 

happens after the gate source voltage reaches threshold voltage. The simplified circuit when 

low side switch turns off is shown in Figure 3-2. 
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Figure 3-2 Simplified circuit when low side switch turns off. 

The parasitic capacitance Cp is the isolation capacitance of isolated power supply. The 

on board isolated power supply converters power from the 24 V input voltage to 24 V output 

voltage to the drivers. The parasitic inductance Lp is the parasitic inductance from the 

secondary side of the isolated power supply to the gate driver ground.  Learth parasitic 

inductance on the ground loop, and Rearth is the parasitic resistance of the ground loop. Vsw is 

the voltage of the switch node. 

 

Figure 3-3 Common mode current loop when high side switch turns off. 
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When the low side switch turns off, the common mode current path does not commute 

from the low side switch ground loop, as there is no dV/dt between the isolated capacitor of 

the power supply for the low side. The common mode current still conducts from the high side, 

and the path is shown in Figure 3-3. 

The voltage of the switch node is: 

( )sw dcV t V k t= - Ö     (3-2) 

k is the maximum dV/dt during the voltage swing. The instantaneous voltage drop on 

the parasitic inductance Lp is: 

( ) ( )
1

p

L sw

p eth eth

p

L
V t V t

L L R
C

w

w w
w

= Ö

+ + +

   (3-3) 

The voltage is calculated in the time domain. The calculation is transformed to the 

frequency domain by Fourier transformation. Thus, the switch node voltage in the frequency 

domain is: 

2
( )sw

k
V s

s
=-       (3-4) 

The voltage drop on the parasitic inductance Lp in the frequency domain is: 

2

2
( ) ( )

( ) 1

p p

L sw

p eth p p

L C s
V s V s

L L C s R C

Ö Ö
= Ö

+ Ö Ö + Ö +
   (3-5) 

Combine (3-4) and (3-5), the voltage drop on Lp can be calculated as: 

2

1
( )

1

p

L
etheth

eth p eth
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    (3-6) 
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Thus, the instantaneous voltage drop on Lp in the time domain can be calculated by 

reverse Fourier transformation: 

2
2

22

2

1
( ) sin( )

41

4

eth

eth

R
t

p L

L

eth p eth

eth

eth p eth

L k R
V t e t

L C LR
L

L C L

- ÖÖ
=- Ö Ö - Ö

Ö -

  (3-7) 

By choosing Cp as 6 pF, Lp as 30 nH, Rearth as 0.5 ohm, Learth as 10 uH, the instantaneous 

voltage drop on the inductance under different dV/dt is shown in Figure 3-4.  

 

Figure 3-4 Voltage noise under different dV/dt. 

The dV/dt is set from 50 kV/us to 200 kV/us. The higher the dV/dt is, the higher the 

voltage drop is. The voltage drop is the noise source for the input voltage of the driver, and 

also the input of gate-source voltage. Considering the driver chip is integrated with the module, 

the parasitic inductance from the driver chip ground pin to the MOSFET ground pin is around 

3 nH. The majority of the voltage drop is from the output pin of isolated power supply to the 

input pin of the driver chip. The voltage noise source can create a large voltage rise on driver 

input signal on the high side switch to turn it on. The input threshold voltage for the high level 

is 2.2 V, thus the maximum dV/dt in this circuit layout (Cp as 6 pF, Lp as 30 nH) is 100 kV/ns. 
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By minimizing the parasitic capacitance of the isolated power supply and parasitic 

inductance on the path, the noise voltage can be suppressed as well. The Cp is set as 3 pF to 15 

pF and the results are shown in Figure 3-5.  

 

Figure 3-5 Voltage noise under different Cp. 

The Lp is set as 10 nH to 15 nH and the results are shown in Figure 3-6. 

 

Figure 3-6 Voltage noise under different Lp. 
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As can be seen from Figure 3-5 and Figure 3-6, by minimizing the parasitic capacitance 

of the isolated power supply and the parasitic inductance from the power supply to the driver, 

the common mode noise voltage can be controlled by the input threshold voltage of the driver. 

To calculate the time of the peak noise voltage, the derivative of the noise voltage is 

taken as: 

( )
0LdV t

dt
=       (3-8) 

The time of the peak noise voltage happens at: 
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By taking tmax into formula (3-7), the peak noise voltage is: 
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What needs to be noted is, the noise voltage occurs on the input voltage of the high side 

gate driver, the low side gate driver will not have much influence, as there is no common mode 

current flowing through the low side ground. When the low side switch turns off, the high side 

switch will turn on after the deadtime. When the peak noise voltage exceeds the input threshold 

of the driver input signal, the low side switch PWM has already turned off. There will be no 

shoot through hazard in the converter. The oscillation and overshoot is possible to turn on the 

high side switch prior to the deadtime ends, as shown in Table 3-1. 
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3.2.2.  Common mode noise when high side switch turns off 

Then letôs take a look at the turn off of the high side switch. As analyzed above, the 

turn off of the low side switch induces a noise voltage source to the high side switch, no noise 

voltage is applied to the low side. Same for the high side switch turns off, the noise voltage 

source is also applied on the high side switch itself, which means, during the high side switch 

turns off process, the noise voltage applies on the driver input will prevent the device from 

turning off. When the low side switch turns on after a certain deadtime, shoot through will 

happen. So the common mode noise voltage happens at the high side switch turn off process 

can cause the device breakdown, as shown in Table 3-1.  

      The common mode current loop when high side switch turns off is shown in Figure 3-7. 

 

Figure 3-7 Common mode current path when high side switch turns off 

The simplified circuit during this switching transient is shown in Figure 3-8. 
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Figure 3-8 Simplified circuit during high side switch turns off 

The switch node voltage during high side switch turn off is: 

( )sw dcV t V k t= - Ö     (3-11) 

Vdc is the dc bus voltage. The voltage drop on the parasitic inductance can be calculated 

as: 
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   (3-12) 

By transforming with Fourier transformation, in the frequency domain, the switch node 

voltage Vsw and the voltage drop can be calculated as: 
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Combining formula (3-13) and (3-14), the voltage drop is: 
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Using reverse Fourier transformation from the frequency domain to time domain, the 

instantaneous voltage drop on parasitic inductance is: 
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  (3-16) 

The noise voltage during high side switch turn off has the same magnitude with the low 

side turn off condition, but 180o phase shift, which means the peak noise voltage appears with 

longer delay, and closer to the low side switch turns on time. There is a high possibility of 

shoot through when high side switch turns off. 

A comprehensive Simplis model is built based on the whole circuit shown in Figure 3-

1. Detailed SPICE models are built for isolated power supply, digital isolator, gate driver chip, 

SiC MOSFET etc. The system model schematic is shown in Figure 3-9.  

 

Figure 3-9 Simplis model schematic of the whole circuit 

To verify the common mode noise induced by the dV/dt, no gating signals are given to 

the driver, the dV/dt of the switch node is set as 16 kV/ns and 80 kV/ns for low side switch turns 
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off and high side switch turns off conditions. The calculated results match well with the 

simulation results in Simplis, as shown in Figure 3-10. The Vds is the drain-source voltage of 

low side switch, and VIN is the driver input voltage of the high side switch. During the low side 

switch turns off transient, which is highlighted by the red circle, the dV/dt is set as 16 kV/ns, 

the input voltage noise peak value is 0.5 V, which matches well with the calculated value 0.4 

V. During the high side switch turns off transient, which is highlighted by the blue circle, the 

dV/dt is set as 80 kV/us, the input voltage noise peak is 1.8 V, which is exactly the value 1.8 V 

calculated by formula (3-10).  

     

 

Figure 3-10 Simulation results of high side and low side switch turns off 

3.3. EMI problem caused by baseplate/heatsink 

Besides the parasitic capacitance of the isolated power supply, another challenge is the 

parasitic capacitance in the integrated module. As the driver chip and the MOSFET share the 

same bottom copper layer and heatsink, the parasitic capacitance exists between the top copper 
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layer and the bottom copper layer of the DBC. The current loop is formed by the parasitic 

capacitance and the bottom copper. Figure 3-11 shows the side view of the integrated module.  

 

Figure 3-11 Side view of integrated module. 

During the continuous operation, the half bridge SW node has high dV/dt, which is 

coupled from the bottom layer to the input gating signal of the gate driver. The parasitic 

capacitance between the switching point and the bottom copper layer is calculated about 20 

pF. The current flow is shown in Figure 3-12.  

 

Figure 3-12 Current flow caused by baseplate/heatsink parasitic capacitance. 

When the switching speed is fast, the noise current caused by the parasitic capacitance 

is unneglectable. The inrush current caused by the parasitic capacitance between the module 
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and baseplate/heatsink will pull current from the driver internal capacitor, if the driver input 

signal current is not strong enough. The input capacitance of the driver chip could be 

discharged if the noise current is too large. The gate voltage could be unstable especially during 

the turn on transient.  

A 10 pF capacitor is connected to the input side of the driver, which helps to keep the 

gate voltage stable. The gating signals with and without the capacitance during turn on transient 

are shown in Figure 3-14.  With the external 10 pF capacitor, the gating signal is stable during 

the fast turn on transient. 

 

Figure 3-13 Switching performance with or without external capacitor 

3.4. Conclusion 

In this chapter, the general common mode noise and conductive EMI problems are 

analyzed. The common mode noise is mainly caused by the parasitic capacitance, and a closed 

loop current path is a prerequisite of generating a common mode noise. The common mode 

noise loop is identified, and the dominant parameters such as the isolation capacitance of the 
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power supply, and the parasitic inductance from the power supply to the driver input pin are 

analyzed. 

For SiC MOSFET device, the high dV/dt in the circuit can generate a large common 

mode current and noise source in the loop. In the soft switching condition, the high side switch 

turn off and low side switch turn off induces high speed voltage swing on switch node. The 

input signal of the high side driver will have a noise interference. There is no shoot through 

problem when low side switch turns off, but when the high side switch turns off, the delay of 

the peak noise voltage can be overlapped with the low side turn on signal, and causing shoot 

through problem. The instantaneous noise voltage on the input signal is calculated. A system 

model is built in Simplis, and matches well with the calculation results. For the hard switching 

condition, the noise is also caused by the dV/dt of the switch node. And the turn on condition 

should also be taken into account.  

The parasitic capacitance induced by the baseplate/heatsink is also analyzed. With large 

dV/dt, the driver internal capacitor will be discharged, causing an unstable voltage on the driver 

input signal. By adding an external capacitor, the oscillation of the gate signal can be 

suppressed significantly. 
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CHAPTER 4 High Frequency Soft Switching Topology  

4.1. Introduction 

As proved above, the proposed SiC MOSFET module has the capability of switching 

at multi megahertz switching frequency. The turn on switching loss is inevitable. Thus, the soft 

switching topologies should be chosen. The switching frequency could be pushed to above 

several hundred kilohertz or beyond 1 MHz by utilizing soft switching topologies with low 

Qoss (Coss) WBG devices. Megahertz operation of isolated DC/DC converters based on high 

voltage SiC has not been reported.  

In terms of the isolated converter topologies, the asymmetrical half bridge converter, 

phase shift full bridge converter and LLC resonant converter are three typical soft switching 

topologies. The soft switching of the asymmetrical half bridge converter and phase shift full 

bridge converter both depend on load condition and the leakage inductance. Comparing with 

phase shift full bridge converter, the asymmetrical half bridge converter has complementary 

gating signals whose duty cycles are no larger than 0.5. As the energy is transferred directly to 

the output, there is no short circuit state in the asymmetrical half bridge converter. The phase 

shift full bridge converter can be adopted to cover a wider power range. A SiC MOSFET based 

phase shift full bridge converter for vehicle onboard charger has been demonstrated at 6.6 kW 

and 200 kHz [45]. The problem of this topology is that the soft switching is hard to maintain 

in light load conditions, which limits the further increase of the frequency. The soft switching 

condition in LLC resonant converter is independent of the load condition. By properly 

designing the magnetizing inductance, the soft switching could be realized over the full load 
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range, which makes the topology more attractive in high frequency applications. The frequency 

limitation is limited only by the performance of the transformer. The LLC resonant converter 

has already been adopted in many applications including lower power (<1kW) computer power 

supplies. However, the research of high voltage megahertz frequency applications is rarely 

reported. 

The asymmetrical half bridge converter, phase shifted full bridge converter and LLC 

resonant converter are shown in Figure 4-1. Device loss is one of the dominant parts of the 

converter efficiency. The device loss is consisted by conduction loss, switching loss and 

reverse recovery loss: 

  
_ _*FET COND SW ON SW OFF QrrP P k P P P= + + +                      (4-1) 

The k factor is the coefficient of conduction loss relating to circulating current and duty 

cycle loss, which could be minimized by adopting proper topologies. The turn on switching 

loss and reverse recovery loss could be eliminated by zero voltage switching control. By 

adopting the proposed integrated SiC MOSFET module, the turn off switching loss could be 

minimized. Lower turn off current could lead to lower switching loss, which could be 

negligible if the current is lower than a critical value.  
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b) Phase shift full bridge converter 
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c)  LLC resonant converter 

Figure 4-1 State of the art soft switching topologies. 

4.2. Asymmetrical half bridge converter 

Asymmetrical half bridge converter is consisted by a half bridge in the primary side of 

the transformer, and a full bridge inverter in the secondary side. The gating signals of S1 and 

S2 are complementary, synchronous rectification is realized for the four switches of the 

secondary side. Zero voltage switching could be realized for all the switches in asymmetrical 

half bridge converter. The transfer function of this topology is: 

  2(1 )o inV D D n V= - Ö Ö Ö                (4-2) 
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Figure 4-2 Waveforms of asymmetrical half bridge converter. 

D is the duty cycle, n is the turns ratio of the transformer, Vin is the input voltage, Vo is 

the output voltage. The key waveforms of the asymmetrical half bridge converter are shown in 

Figure 4-2. VS1 and VS2 are the gating signal for the primary side switches, Vds1 is the drain-

source voltage of S1. ILm is the current of magnetizing inductance, ILo is the current of filter 

inductor. 

Interval 1, t0 ~ t1, S1 is in on state, S3 and S6 are on for the synchronous rectification. the 

power is delivered directly from primary side to secondary side, the leakage inductor and filter 

inductor are charged. The voltage on filter inductor VLo is: 

 (1 )= - -Lo in oV n D V V                             (4-3) 
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      1s Lm LoI I nI= +      (4-4) 

Interval 2, t1 ~ t2, S1 turns off, the energy stored in leakage inductor starts to discharge 

and resonant with the parasitic capacitance of S1 and S2 to realize zero voltage switching. VLlk 

is the voltage on the leakage inductance of the transformer. The switches of the secondary side 

are freewheeling, decoupling from the primary side. In this period,  

   
Llk inV DV=-                                 (4-5) 

  Lo oV V=-                 (4-6) 

2s LlkI I=                    (4-7) 

Interval 3, t2 ~ t3, at t2, S2 turns on, the deadtime is over. The primary side and secondary 

side still decouple until the current of the leakage inductor is discharged to the load current.  

Interval 4, t3 ~ t4, at t3, the leakage inductors is charged, the primary side couples with 

the secondary side. Thus the converter is back to the normal power delivery mode, which is 

the same as interval 1. 

Lo in oV nDV V= -                          (4-8) 

               2s Lo LmI nI I= -                                (4-9) 

Interval 5, t4 ~ t5, S2 turns off, the energy stored in leakage inductor discharges to help 

zero voltage switching of S1. Similar with interval 2, the primary side decouples with secondary 

side, the secondary side is freewheeling. 

Interval 6, t5 ~ t6, S1 turns on, similar with interval 3, the energy starts to delivery to 

output when the current of leakage inductor charges to the load current. 

The RMS current is calculated as: 
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To achieve the soft switching, the energy stored in the leakage inductor should be 

enough to charge the parasitic capacitance of the primary switches, thus the leakage inductance 

should satisfy 

               
2

2

2 oss in
lk

sw

C V
L

I
²     (4-11) 

Coss is the parasitic capacitance of the switches; Isw is the switch current at the turn off 

transient. According to the analysis, during the switch transition from S1 to S2, the polarity of 

the transformer current needs to be reversed. The primary side of the transformer is shorted 

and decoupled from the secondary side. The energy in leakage inductance is fed back to the 

source, which generates extra conduction loss without effectively utilizing the duty cycle. This 

intermediate status causes duty cycle loss. The duty cycle loss of asymmetrical half bridge 

converter is: 

    
2 2

(1 )

o lk o lk

in s in s

nI L nI L
D

V T D V T D
D = +

-
            (4-12) 

In order to realize soft switching in (13), the leakage inductance needs to be large in 

light load condition, thus, the duty cycle loss will increase. The soft switching would be 

compromised to reduce the conduction loss of the converter. To evaluate the turn off loss of 

switch, the turn off current of the primary side switch is: 

  
_

(1 ) (1 )
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L L

- - -
= + +          (4-13) 
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Vin, Vo and Io are fixed with the application, n and D are also fixed, thus, the duty cycle 

loss is depending on leakage inductance Llk and switching frequency Ts, the turn off current of 

a switch is depending on Lm  and cycle period Ts, which is the reverse of switching frequency. 

4.3. Phase shift full bridge converter 

As shown in Figure 4-1, phase shifted full  bridge converter is consisted by two H-

bridge converters on each side of the transformer. The gating signals of S1 and S2 are 

complementary with duty cycle as 0.5, the gating signals of S3 and S4 are also complementary 

with 0.5 duty cycle, which has a phase shift with S1 and S2. All four switches could have zero 

voltage switching. S4 ~ S8 in the secondary side are synchronous rectifier switches, soft 

switching could also be achieved. As there are four active switches on the primary side, the 

phase shift full bridge has short circuit mode and power delivery mode. The transfer function 

of phase shift full bridge converter is: 

          o inV D n V= Ö Ö                                  (4-14) 

The key waveforms are shown as Figure 4-3. 
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Figure 4-3 Waveforms of phase shifted full bridge converter. 

Interval 1, t0 ~ t1, S2 turns off, the energy stored in leakage inductors is released to 

charge the parasitic capacitance of S4, which helps the zero voltage switching. The secondary 

side is freewheeling and decouples from the primary side.  

           Lo oV V=-                (4-15) 

            Llk inV V=-               (4-16) 

Interval 2, t1 ~ t2, deadtime is over and S4 turns on, the secondary side is still 

freewheeling until the current of the leakage inductor is charged equals to load current at t2. 
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Interval 3, t2 ~ t3, the converter is working in the power delivery mode, S1 and S4 are 

on, S5 and S8 are on to work as synchronous rectifier. Both of the leakage inductor and output 

filter inductor are charged. 

                  (1 )Lo in oV n D V V= - -            (4-17) 

       1 4s s Lm LoI I I nI= = +             (4-18) 

Interval 4, t3 ~ t4, S1 turns off at the peak current, the energy stored in leakage inductor 

releases to charge the parasitic capacitance of S3 to realize soft switching. The output filter 

inductor is discharged by the output voltage. 

 Lo oV V=-                           (4-19) 

Interval 5, t4 ~ t5, S3 turns on with soft switching, the converter works in short circuit 

mode. The current of the primary side switch couples with the secondary side. 

           2 3s s Lo LmI I nI I= = -                     (4-20) 

The second half switching period from t5 ~ t10 is symmetrical with the first half 

switching period. The RMS current is calculated as: 

           
2 2 2

_
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n nV V DT V DT
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L L

-
= + +          (4-21) 

According to the operation principle, there are two transients for soft switching. During 

the first transient from short circuit mode to power delivery mode at t0, the energy stored in 

leakage inductor is 2

2 / 2lk swL I , 2swI  is the turn off switching current. During the second 

transient from power delivery mode at t3, the switch turns off at the peak current 1swI , which 
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makes the energy stored in leakage inductor 2

1 / 2lk swL I . As 1 2sw swI I>  , the soft switching of 

the first transient should be guaranteed. Thus, the leakage inductance should satisfy: 
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C V
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²                  (4-22) 

According to the analysis, the soft switching transient is from t0 ~ t2 and t3 ~ t4 during 

each half switching cycle. During t0 ~ t2, the primary side and secondary side is decoupled. 

Similar with asymmetrical half bridge converter, there is circulating current in primary and 

secondary side, generating extra conduction loss. The duty cycle loss could be calculated as: 
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D =            (4-23) 

To evaluate the turn off switching loss, the switch current of S2 and S4 at the first 

transient is the peak current 2swI , the switch current of S1 and S3 is the peak current 1swI . 
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4.4. LLC resonant converter 

The LLC resonant converter is shown as Fig. 48 (c). A resonant tank consisting by a 

resonant inductor and a resonant capacitor is used for generating resonant current to assist soft 

switching. Different with the previous two topologies, LLC resonant converter could realize 

soft switching in the full load range. The soft switching energy is mainly determined by the 
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magnetizing inductance but not the leakage inductance. Thus, the resonant inductor could be 

realized by leakage inductor of the transformer. When fs = fr, the LLC resonant converter could 

achieve unity gain. The key waveforms of the LLC resonant converter are shown as Figure 4-

4.  

Interval 1, t0 ~ t1, S1 is on, the power is delivered directly from primary side to 

secondary side. The magnetizing inductor is charged by the output voltage. The resonant 

inductor Lr resonants with Cr until the current of leakage inductor equals to the magnetizing 

inductor. 

/Lm oV V n=       (4-26) 

Interval 2, t1 ~ t2, S1 turns off, at the same point ILm = ILlk. Then Lr, Lm and Cr form a 

resonant tank. The energy stored in magnetizing inductor helps to charge the parasitic 

capacitance of the switch to realize soft switching. The interval 3 (t2 ~ t3) and interval 4 (t3 ~ 

t4) is symmetrical with the first half switching cycle. The conduction loss is mainly determined 

by the RMS current. 
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Figure 4-4 Key waveforms of LLC resonant converter. 

The circulating current in LLC resonant converter could be calculated as: 
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The turn off current of the primary switch is mainly determined by the magnetizing 

inductance when fs = fr:  

8

in s
sw

m

V T
I

L
=       (4-29) 

The larger the Lm is, the smaller the RMS current and the turn off switching current are. 

However, due to the requirement of soft switching, the value of Lm has an upper limit. For 

LLC resonant converter, the energy stored in magnetizing inductance is used to charge 
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parasitic capacitance of the primary side MOSFET. Thus, the magnetizing inductance should 

satisfy:  

16

s db
m

oss

T t
L

C
¢       (4-30) 

4.5. Topology comparison 

According to the topology analysis and comparison, a prototype is designed for 800V 

to 400V isolated DC/DC converter in megahertz applications. By calculating the duty cycle 

loss, RMS current and turn off switching current at 1 MHz, the comparison results are shown 

in Figure 4-5. The duty cycle loss is calculated on the condition to realize soft switching. Thus, 

in the light load range, the duty cycle loss is relatively large for asymmetrical half bridge 

converter and phase shifted full bridge converter. According to the comparison, considering 

the RMS current and duty cycle loss, the LLC resonant converter has the lowest conduction 

loss. The switches are all switching at 800V, the LLC resonant converter has the lowest turn 

off current, which is very beneficial for the megahertz frequency applications. Overall, LLC 

resonant converter has the lowest device loss in this application.  

 

(a)  RMS current comparison 
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(b) Duty cycle loss comparison 

 

(c) Turn off current comparison 

Figure 4-5 Comparison of the three topologies. 

For 1 MHz 800V to 400V 4.5 kW converter, the comparison is carried out as shown in 

Table 4-1.  For the LLC resonant converter, the duty cycle loss and the RMS current is lower 

than the other two topologies. Meanwhile, the turn off current is significantly smaller than the 

other two converters, which make it more beneficial for the megahertz frequency applications. 
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Table 4-1 Comparison at 1 MHz, 800V- 400V converter at 4.5 kW 

 

4.6. Conclusion 

In this chapter, three typical soft switching topologies asymmetrical half bridge 

converter, phase shifted full bridge converter and LLC resonant converter are analyzed. The 

operation principles are analyzed in details. The conduction loss, switching loss and duty cycle 

loss are analyzed and compared. In the power range of 6 kW, the conduction loss of LLC 

resonant converter is slightly higher than the other two topologies. However, LLC resonant 

converter has less duty cycle loss, which is the circulating current conduction loss in the 

primary side, which makes the conduction loss of LLC similar with the other two topologies. 

In the light load condition, in order to have smaller duty cycle loss and maintaining the power 

transfer, the soft switching needs to be compromised for asymmetrical half bridge converter 

and phase shifted full bridge converter. LLC resonant converter has load independent soft 

switching capability, which makes LLC able to realize soft switching in the full load range. 

The smaller turn off current enables the integrated SiC MOSFET module possible to operate 

below the lossless switching current boundary, which is very beneficial to the system 



 

 

109 

efficiency. Overall, the LLC resonant converter is chosen as the most suitable candidate for 

the high frequency high voltage converter in this dissertation. 
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CHAPTER 5 A High Frequency Transformer Design and 

Optimization  

5.1. Introduction 

Above analysis shows that the integrated SiC MOSFET can achieve zero switching 

loss in soft switching topologies, enable megahertz frequency in high voltage power electronics 

converters. In order to improve the power density, the frequency can be pushed to several 

hundred kHz or megahertz range especially if advanced power devices such as the SiC 

MOSFET is used. The high frequency high voltage transformer is a key component in 

converters that provides galvanic isolation and power conversion. However, optimal design of 

the transformer is a grand challenge which must consider magnetic core material, core and 

winding loss, and transformer thermal performance.  

Take electric vehicle applications for example, the high engine temperature and limited 

space in vehicle require the on board charger to have higher power density, less power loss and 

capability to withstand higher ambient temperature. The on board charging system is typically 

formed by a rectifier stage and DC/DC converter stage. It is well known that higher switching 

frequency has the benefit of reducing the size of passive components, such as EMI filter, 

capacitor and isolation transformer. Soft switching topologies and control schemes are further 

utilized to ensure the low switching loss, enabling several hundred kilohertz to megahertz 

switching frequency. Significant research has been made on the optimization of the high 

frequency power transformer [64-70]. The loss model and characteristics of different core 
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materials in high frequency range are analyzed in [64]. For the winding loss, [65] proposed the 

formula of the optimized dimension of foil or layer thickness with arbitrary current waveforms. 

However, [65] did not analyze the multi-strand Litz wire, which is most commonly adopted in 

the high frequency range. The optimal strands of Litz wire is calculated by Ferreira method in 

[66]. According to [67], Ferreira method is more suitable to calculate the loosely packed wire. 

For closely packed wires, the Dowell method is more accurate. On the other hand, the 

temperature performance also plays an important role as it is closely related to the permeability 

of the core. A complex thermal model is proposed in [67], the thermal impedance of each 

strand in wire bundle is calculated from tangential, orthogonal, orthocyclic and radial contact, 

which makes the thermal model too complex to apply. Also, very few literature focus on the 

comprehensive design method to achieve the pareto-front of the transformer including thermal 

design. A more comprehensive design method is needed to consider every aspect of core, 

winding and cooling system to achieve high power density with high efficiency.  

5.2. High frequency magnetic materials 

The transformer for a half bridge LLC resonant converter is designed as an example. 

The Steinmetz equation is conventionally used to evaluate the core loss: 

       cv s pkP k f Ba b= Ö Ö       (5-1) 

cvP  is the core loss per unit volume, sf is the switching frequency in Hz, B is the peak 

flux density. k , aand bare the coefficients relating to materials. Ae is the cross section area 

of the core. The peak flux density is determined by: 



 

 

112 

          
2

in

pk

p e s

D V
B

N A f

Ö
=
Ö Ö Ö

          

(5-2) 

Several ferrite materials can be suitable candidates for high frequency applications 

according to Figure 5-1 [75] and Figure 5-2 [77]. 

 

Figure 5-1 Ferrite material comparison. 

 

Figure 5-2 High frequency magnetic materials. 

The MnZn ferrite materials 3C9, 3F4, 3F45 from Ferroxcube, P61 from ACME and 

NiZn ferrite material 67 from Fair-rite are considered candidates in the dissertation. The 

permeability of the MnZn core material 3F4 [63] and NiZn core material 67 [64] are shown in 

Figure 5-3. 
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(a) 3F4 MnZn permeability vs. frequency 

 

(b) 67 NiZn permeability vs. frequency 

Figure 5-3 MnZn and NiZn materials permeability vs. frequency 

5.2.1. NiZn ferrite core material performance 

The permeability of the MnZn core 3F4 is much larger than that of the NiZn core 

material 67. The inductance of a transformer can be calculated as: 

2

= w e

e

n A
L

l

m
      (5-3) 

nw is the number of turns, ɛ is the core permeability, le is the core magnetic path length. 

The inductance is proportional to the permeability. Thus, for NiZn core material 67, the 

inductance is much smaller than the MnZn core 3F4. For LLC resonant converter, the 

magnetizing inductance has an upper limit, as the energy stored in magnetizing inductance 
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needs to be large enough to realize zero voltage switching. The upper limit of the magnetizing 

inductance is list in formula (4-30). By using the NiZn material, the transformer does not need 

to have air gap to reduce the magnetizing inductance, which reduce the fringing effect loss of 

the transformer. Another advantage of the matrix transformer is that the leakage inductance is 

larger than the MnZn core. Thus, it is not necessary for an external resonant inductor which is 

normally required as MnZn cores cannot provide a large enough leakage inductance. 

The toroid cores are used in the transformer. To make the transformer easy to 

customize, the matrix transformer structure is adopted here. The matrix transformer structure 

is firstly proposed in [65], the concept is shown in Figure 5-4. 

 

Figure 5-4 Concept of matrix transformer 

The transformer is consisted by N pairs of identical toroid magnetic cores, and winding 

area is the inner area of the toroid cores. There are four sets of NiZn transformers with different 

parameters for test in high frequency high voltage converters. The parameters of the 

transformers are listed in Table 5-1. 
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Table 5-1 Parameters of the NiZn Matrix Transformer 

Features Pairs of cores Number of primary winding turns 

Standard 7 3 

Shielded 7 3 

Standard 7 4 

Standard 9 3 

The turns ratio of the transformer is 1:1, which means the secondary winding turns are 

as the same as the primary side winding turns. The winding used in this transformer is # 44 

Litz wire. The picture of the transformer sets is shown in Figure 5-5. 

 

Figure 5-5 NiZn material 67 matrix transformer sets. 

The transformer is connected in a half bridge converter, with secondary side open to 

test the core loss. With the primary side acts as inductive load, the converter works in zero 

voltage switching mode. The test waveforms of the first set (6 pairs of cores, 3 windings) are 

shown in Figure 5-6. The converter is operating at 800 V, the transformer voltage stress is 

400V, with peak current 7.4 A, at 1.9 MHz switching frequency. The transformer works 

normally in the first 4 minutes, and suddenly have thermal runaway after that. The edge core 

has significant temperature rise to above 150 ęC, as shown in Figure 5-7.  
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Figure 5-6 Test waveforms of the NiZn material 67 in high voltage high frequency operation 

 

Figure 5-7 Thermal runaway problem of the NiZn material at high voltage 

The same problem happens in the other sets of matrix transformers, under different 

switching frequency or voltage stress, the transformer cannot achieve stable operation. One 

possible reason is the parasitic capacitance between the winding and cores introduces a 

significant circulating current in the core. The solution is to put a copper shielding between the 

winding and core. Another possible reason is the flux density of the edge core is higher than 

the other cores, thus, which makes the voltage on the edge core unbalanced. The solution of 

this problem is to use a set of washer on the edge cores, to have larger clearance between the 

edge cores and windings. The two solutions are shown in the second core in Figure 5-5.  
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 However, the four sets of NiZn matrix transformers cannot operate above 700V, which 

is 350 V primary side voltage stress on the transformer. The thermal runaway conditions of the 

four sets of NiZn matrix transformer are listed in Table 5-2. 

Table 5-2 Thermal runaway conditions for four sets of transformers 

Features # cores # primary 

winding turns 

Max voltage Peak current fsw 

Standard 7 3 740V 9.2A 1.3 MHz 

Standard 7 3 800V 7.4A 1.9 MHz 

Shielded 7 3 800V 8.2A 1.9 MHz 

Standard 7 4 650V 8.4A 1.3 MHz 

Standard 9 3 620V 7.9A 1.3 MHz 

 

As can be seen in the table, increasing the pairs of cores makes the maximum operating 

voltage even lower. Increasing cross section area is to reduce the flux density, given this 

experiment, and the capability of NiZn material 67 features in Figure 5-2, the transformer is 

not saturated. More research is needed to explore the reason NiZn material 67 cannot handle 

high voltage applications. 

MnZn ferrite core material performance 

The MnZn ferrite cores are evaluated then. The planar E cores are chosen in this 

dissertation. An assumption is made that the cross section area of the transformer relates to the 

volume according to different core shapes [33]: 

            
C

e eV y A= Ö           (5-4) 
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Thus, bringing (5-4) and (5-2) to (5-1), the volume of the transformer is relating to the 

switching frequency: 
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b b b b

-

- - - -= Ö Ö Ö      (5-5) 

Four MnZn ferrite core materials 3C96, 3F4, 3F45 and P61 are analyzed to show the 

impact of high frequency to the volume of the transformer. The parameters of the four materials 

are listed in Table 5-3. 

Table 5-3 Material parameters 

Ferrite Frequency Range (kHz) k  a b 

3C96 200-500 4.60×10-9 2.5 2.75 

3F4 400-1000 5.80×10-5 1.8 2.9 

3F45 500-1000 2.0×10-2 1.29 2.75 

3F45 1000-2000 3.0×10-12 2.9 2.6 

P61 200 - 2000 3.86×10-7 2.14 3.13 

 

With the switching frequency higher than 1 MHz, the volume of the transformer is not 

significantly depending on the switching frequency. At above 1 MHz switching frequency, 

3C96 has the largest core volume. With the same core loss and frequency, the volume of 3F4 

and 3F45 could help maintaining a low-profile core in high frequency range larger than 1MHz. 

Given the limited shape availability of the 3F45 cores, 3F4 and P61 could be chosen for the 

high frequency transformer around 1 MHz. 
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Figure 5-8 Core volume vs. switching frequency. 

5.3. Transformer models 

5.3.1. Core loss model 

The core loss is calculated by Steinmetz equation. For the LLC resonant converter, the 

excitation current is sinusoidal, so the standard Steimetz equation is used to calculate the core 

loss. The formula of Steimetz equation is shown in (5-1). The core loss is related to core 

materials, core shape, switching frequency, the number of turns etc. 

5.3.2. Winding loss model 

For high frequency transformer, closely packed multi-strands Litz wires are used to 

avoid the skin effect. The ac resistance to dc resistance of the Litz wires is calculated according 

to Dowell model: 

_F R  is the AC-to-DC resistance ratio given by the Dowells equation, which is given 

by: 
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p  is the layer of the Litz wire, dwire
is the skin depth of the Litz wire, and 

wired is the 

diameter of the Litz wire. Two wires are winded in parallel for primary side, single wire is 

winded for secondary side. The dc resistance of p layer Litz wire is: 

2

4 e

dc

wire

l n
R

pd

r

p
=       (5-8) 

ris the resistivity of the copper conductor, el is the effective length per turn of the 

winding, n  is the number of strands in Litz wire bundle.  Thus, the ac resistance of the Litz 

wire and the winding loss is 

 ac r dcR F R= Ö       (5-9) 

2

wire rms r dcP I F R= Ö Ö     (5-10) 

In order to minimize the winding loss, the winding should fill in the bobbin. If not, the 

design could be improved by increasing the strands of the Litz wire by m while decreasing the 

strand diameter by 1/ m  [52]. The outside diameter of the litz bundle is: 

p b b

tl

F b h
d

N
=

      (5-11) 

pF is the turn-packing factor of the winding, bb is the breadth of the bobbin, bh is the 

height of the bobbin. Considering the bundle packing inside the Litz wire bundle, the diameter 

of each single strand is: 








































