Abstract

BASHIRULLAH, RIZWAN. Current-mode Band-limited Signaling for Global On-Chip

Interconnects (Under the direction of Professor Wentai Liu).

Global on-chip interconnects are a limiting factor in modern high performance VLSI
systems due to cross-talk noise, signal delay and wire bandwidth constraints. This
dissertation addresses these limitations with a fundamental change in signaling technique
— the use of current-mode band-limited pulses. This work is intended to establish the
theoretical basis for the proposed current-mode and band-limited signaling scheme while
formulating its impact on signal delay, bandwidth and cross-talk noise both analytically
and experimentally.

A simple yet accurate closed-form delay expression for inverter driven on-chip
interconnects with arbitrary receive-end termination is presented. The solution can be
used for both resistive and capacitive termination to adequately model current and
voltage mode sensing schemes. The model is extended to consider fast input slope and
input-to-output capacitance effects of a CMOS inverter. A test chip fabricated in AMI
1.6um bulk CMOS technology is used to experimentally verify the proposed model.
Further analysis shows that the model can be used for sub-micrometer process to
accurately estimate delay and bandwidth performance of long on-chip interconnects.
Additionally, a new power dissipation model for current-mode signaling is developed to
understand the design tradeoffs between current and voltage sensing. Based on the results
and derived formulations, a comparison between voltage and current mode repeater
insertion for long global deep sub-micron interconnects is presented.

The performance of band-limited pulse signaling for cross-talk noise reduction in
high-density on-chip interconnects is addressed. The proposed signaling scheme uses
reduced edge-rate pulses to minimize the effect of high frequency components on cross-
talk noise. A simple low-overhead adjustable slew-rate driver/repeater is designed to
generate the band-limited pulses. In order to assess the various design tradeoffs imposed
by the proposed signaling scheme, a comparative analysis is presented to evaluate
performance in cross-talk noise, driver/receiver power dissipation and propagation delay.



A test chip with on-chip cross-coupled interconnect test patterns is fabricated in AMI
1.6um for experimental verification. It is shown that for a coupling-to-signal capacitance
ratio of 0.6 and data-rate of 50Mb/s, band-limited signaling yields approximately 72%
reduction in peak noise voltage.

This dissertation also explores a novel on-chip bus architecture based on hybrid
current/voltage mode repeaters to address signal latency and throughput while
minimizing the static power dissipation associated with low-impedance current sensing.
The adaptive bandwidth bus (ABB) presented herein is designed to automatically
increase or decrease the interconnection bandwidth to track the input data activity
envelope, thereby minimizing the overall power dissipation without a penalty in
maximum attainable data rate. To demonstrate the feasibility of the proposed adaptive
bandwidth bus (ABB) scheme, a preliminary “analog” architecture has been fabricated in
AMI 1.6pm bulk CMOS technology. The results and limitations of this design are
addressed, and an improved all-digital ABB architecture along with a power dissipation
modeling approach based on circuit-level and statistical analysis of microprocessor data
streams is presented to evaluate the performance of the proposed bus. Attaining a
maximum aggregate bandwidth of 16Gb/s (i.e. 1Gb/s per line) across lossy on-chip
interconnects spanning 1.75cm in length, the digital bus core fabricated in TSMC 0.35um
CMOS technology dissipates approximately 93mW with a supply of 2.5V and signal
activity of 0.5. Experimental results indicate a reduction in power of 50% over current-
mode (CM) sensing, and an improvement in interconnection delay and signaling

bandwidth of 35%-70% and 66% over voltage-mode (VM) sensing, respectively.
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Chapter |

Introduction

1.1. Motivation

Long global on-chip interconnects has been perceived as a major bottleneck in high-
performance VLSI systems due to an increase in signal propagation delays relative to
gate delays, increasing effects of cross-talk noise due to wire coupling capacitance, and
signaling bandwidth limitations due to diffusive and dispersive effects of signals
traveling over RC dominated wires. Therefore, as CMOS continues to scale in the deep
sub-micron regime, increasing performance measures such as higher clock rates will
become more difficult to attain. Assuming an approximate 30% reduction in feature size
and 0.7X scaling of interconnects for each technology node, the approximate increase in
wire RC delay is 70% per technology node [1]. Materials and process approaches to
minimizing relative delay and cross-talk are yielding smaller incremental performance
improvements with successive technology generations of the ITRS (The International
Roadmap for Semiconductors) [2]. Moreover, the increase in interconnect aspect ratio
and reduction of metal pitch with each technology generation increases the ratio of
coupling-to-total capacitance, progressively exacerbating the signal integrity problem.

Process scaling also allows for a higher level of system complexity and integration.
Raising the level of integration on a chip brings about a larger number of on-chip
interconnects. Of particular interest are the global interconnects used to connect
individual processing units, which can traverse the chip edge and thus be in the
centimeter range lengths. Although the probability of occurrence of global interconnects
is much lower than local interconnects [3], the increased propagation delays between

processing units is likely to limit the throughput performance of high-end processors.



The most popular solution to mitigate the increase in delay and cross-talk and
improve signaling bandwidth has been the systematic insertion of repeaters in long global
interconnects [4]. The underlying assumption of repeater insertion is that a chip is
typically wire limited, resulting in some unutilized silicon area that can be used to
accommodate the repeaters [5]. Often, however, optimal repeater insertion cannot be
achieved due to underlying critical processing units, which can result in increased signal
delays. Furthermore, as the optimal repeater insertion distance decreases with each
technology node due to increased interconnect resistive effects, the overall improvement
in delay can be undermined by the exponential increase in the number of repeaters on-die
and associated driver/repeater power dissipation [6].

This dissertation explores alternative solutions to address the propagation delay,
signaling bandwidth and cross-talk noise limitations in deep sub-micrometer global
interconnect by introducing a fundamental change in the signaling approach: the use of
current-mode and band-limited signaling. This work is intended to establish the
theoretical basis for the proposed current-mode and band-limited signaling scheme and
analytically formulate its impact on signal delay, bandwidth and cross-talk noise
reduction. Study of circuit design issues is followed by prototype fabrication for

conceptual and experimental verification.

1.2. Thesis Overview

A literature review of global interconnects technology trends and associated signaling
solutions are presented in chapter Il. Based on projections made by the ITRS, future
global interconnect trends are described while focusing on signal delay propagation,
power dissipation and cross-talk noise. The effect of copper and low k dielectrics, delay
degradation and coupling capacitance due to adjacent wires, die size model and cycles
time across chip is discussed in more detail. Signaling schemes and existing solutions to
problems associated with global interconnects are examined.

In Chapter IlI, the theoretical basis for the proposed current-mode signaling is
presented in detail. Propagation delay and power dissipation are addressed for
current/voltage mode signaling in deep sub-micrometer global interconnects. Based on

the effective lumped element resistance and capacitance approximation of distributed RC



lines, simple yet accurate closed-form expressions of delay and power dissipation are
presented. The usefulness of these solutions is that a resistive load termination for current
mode signaling is accurately modeled. Measurement results are provided to verify the
model accuracy. The test setup and precautions for the implementation of fast edge-rates
are also discussed. Based on the results and derived formulations, a comparison between
voltage and current mode repeater insertion for long global deep sub-micron
interconnects is presented.

In chapter IV, a band-limited signaling scheme to minimize signal cross-talk noise
for global on-chip interconnects is presented. The fundamental difference between this
technique and other solutions is that band-limited signaling minimizes the source of
cross-talk noise by eliminating fast edge rates pulses within critical interconnections
links. The effect of signal edge rate reduction on delay and power dissipation is analyzed
to address the potential disadvantages of the proposed technique. Theoretical expressions
are derived to evaluate the cross-talk noise waveforms due to an aggressor line operated
in both current and voltage modes. Circuit implementation issues of a simple band-
limited repeater are discussed and experimentally verified to evaluate the effect of band-
limited pulses on cross-talk noise, delay and power.

In chapter V, a novel on-chip adaptive bandwidth bus architecture based on hybrid
current/voltage mode repeaters is explored to address signal latency and throughput while
minimizing the static power dissipation associated with low-impedance current sensing.
The adaptive bandwidth bus presented in chapter V is designed to automatically increase
or decrease the interconnection bandwidth to track the input data activity envelope,
thereby minimizing the overall power dissipation without a penalty in maximum
attainable data rate. In addition, a power dissipation modeling approach based on circuit-
level and statistical analysis of data streams is presented to evaluate the performance of
the proposed bus. Circuit implementation details and measured comparative results of an
analog and digital implementation of the adaptive bandwidth technique are presented
with supporting experimental results.

Concluding remarks of the proposed techniques and related areas of future work are

presented in chapter VI.
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Chapter Ii

Global Interconnect Trends and On-chip
Signaling Techniques

2.1. Introduction

An increasing attention is placed on the design of on-chip interconnects due to the
dominant limitation of global interconnect signal delays, power dissipation and wire
coupling cross-talk noise on overall system performance. Therefore it is imperative that
future on-chip interconnect designs meet the increasing transmission speeds, reliability
and signal integrity needs despite the aggressive scaling trend of CMOS technology.

It is clear that global interconnect performance required for future generations of
integrated circuit technology will need to improve in the long-term via fundamental
changes in material technology. The use of copper and low-k interconnects has helped
mitigate some of the problems associated with signal distribution, however further
changes will be required. Architectural changes and new design approaches to high-
performance systems such as microprocessors will also be required. For instance, to
overcome the bandwidth limitations in the deep submicron regime, new approaches to
high-speed signaling are needed to meet the increasing clock frequency projected by the
ITRS [1].

In this chapter, a review of global interconnects scaling trends and associated
signaling solutions are presented. The literature review on scaling trends and the various
signaling schemes proposed to date will focus on delay, throughput, power and signal-
integrity issues instead of process fabrication related aspects and challenges. A
performance comparison amongst several signaling approaches will be presented in an

effort to identify design tradeoffs and associated circuit complexity.



2.2. Global Interconnect trends

As the complexity of high-performance systems continues to increase, the need for
substantial planning prior to the circuit implementation becomes evermore critical. In
particular, the process of design floor-planning to identify critical interconnect paths
during the micro-architectural definition is crucial to meeting performance goals. Critical
interconnection paths are often determined by global interconnects which can span
lengths that transverse the entire chip edge, connecting circuit blocks within the chip. At
a system-level the number of such global paths constitute only a fraction of the overall
wire-length distribution [2]-[4], as observed from the bi-modal wire-length behavior
depicted in Figure 2.1. The occurrence of these global wires, however, often limit the
maximum operating frequency and throughput due to delay latency and bandwidth

bottlenecks.

Local wires

Global wires

Occurrence Rate

(Normalized)

] ~,
| >

~0.5 wirelength

die _size

Figure 2. 1. Typical bi-modal wire length distribution. The first peak represents the occurrence rate of local
interconnects used for wiring of internal cells, whereas the second peak represents the occurrence rate of
global wiring.

To adequately describe the overall impact of global interconnects on the performance
of future technology nodes, it is important to consider the scaling scenario of global

interconnects as well as projections of system level and intrinsic device parameters. A



summary of scaling projections for short-term (2001-2007) and long-term (2010-2016)
goals is extracted from the ITRS 2001 [1], as shown in Tables 2.1, 2.2 and 2.3.

Table 2.1 summarizes the scaling trends of global interconnects which determine
physical as well as electrical properties of global wires. Table 2.2 highlights the projected
trends of system-level scaling such as operating frequency, power dissipation and number
I/0 pins. Table 2.3 summarizes the intrinsic device properties such as saturation current,
leakage current, parasitic resistance and capacitance and device time constants. The

discussions and projected results are thus based on parameters extracted from these
tables.

Table 2. 1. Global Interconnect parameters.

2001 | 2002 | 2003 2004 2005 2006 2007 2010 | 2013 | 2016
Year
Technology Node (nm) 130 115 100 90 80 70 65 45 32 22
Chip Size (mm?) 310 310 310 310 310 310 310 310 310 310
Number of Metal Levels 8 8 8 9 10 10 10 10 11 11
Jmax (A/cmy) —wire 5.8E5 | 7.1E5 | 8.0E5 9.6E5 1.1E6 1.3E6 1.4E6 2.1E6 | 3.7E6 | 4.6E6
Imax (mA) - via 0.36 0.36 0.33 0.32 0.29 0.27 0.24 0.18 0.16 0.11
Minimum Pitch (nm) 670 565 475 460 360 320 290 205 140 100
Wire aspect ratio(copper) 2 2 2.1 2.1 2.2 2.2 2.2 2.3 2.4 25
Via aspect ratio (copper) 1.8 1.8 1.9 1.9 2 2 2 2.1 2.2 2.3
Copper Effective 2.2 2.2 2.2 2.2 2.2 2.2 2.2 2.2 2.2 2.2
Resistivity (um-Q)
ILD dielectric (1) 3-36 | 3-36 | 3-36 | 26-3.1 | 2.6-3.1 | 2.6-31 | 2.3-2.7 2.1 1.9 1.8
Table 2. 2. System level parameters
Year 2001 | 2002 | 2003 | 2004 | 2005 | 2006 | 2007 | 2010 2013 2016
Generation (um)=DRAM 1/2pitch 130 115 100 90 80 70 65 45 32 22
Devices (M/cm?) (including SRAM) 89 112 142 178 225 283 357 714 1427 | 2854
Chip Size (mm?) 310 310 310 310 310 310 310 310 310 310
Signals (from TEST section) 1024 | 1024 | 1024 | 1024 | 1024 | 1024 | 1024 | 1280 | 1408 | 1472
Pins 1700 | 1870 | 2057 | 2263 | 2489 | 2738 | 3012 | 4009 | 5335 | 7100

Clock (MHz) = on-chip clock (max) | 1700 | 2320 | 3090 | 3990 | 5170 | 5630 | 6740 | 12000 | 19000 | 29000
10 (MHz) = Chip-to-Board

Peripheral Buses 1700 | 1870 | 2057 | 2262 | 2488 | 2737 | 3011 | 4009 5339 7100
Wiring Levels 8 8 8 9 10 10 10 10 11 11
vdd (V) 1.1 1 1 1 0.9 0.9 0.7 0.6 0.5 0.4

Power (W) 130 140 150 160 170 180 190 218 250.7 | 288.3

Table 2. 3. Intrinsic device parameters.

Year 2001 | 2002 | 2003 | 2004 | 2005 | 2006 | 2007 | 2010 | 2013 | 2016
Generation (um)=DRAM 1/2pitch 130 115 100 90 80 70 65 45 32 22
Tox Electrical equivalent (nm) 2.3 2.1 2 2 1.9 1.9 14 1.2 1 0.9
Nominal Va4 (V) 1.2 11 1 1 0.9 0.9 0.7 0.6 0.5 0.4

Nom. High Performance (HP) NMOS
sub-threshold leakage current, lsgieax (at

25C) (nA/pum) 0.01 | 0.03 | 0.07 0.1 0.3 0.7 1 3 7 10
Nominal HP sat. current lg4 (at 25C)
(uA/pm) 900 900 900 900 900 900 900 | 1200 | 1500 | 1500




Table 2.3. (continued)

Year 2001 | 2002 | 2003 | 2004 | 2005 | 2006 | 2007 | 2010 | 2013 | 2016
Parasitic source+drain resistance (Rsp)
(uQ-pm) 190 180 180 180 180 170 140 110 90 80

Parasitic source+drain resistance (Rsp),
percent of ideal channel resistance

(Vaallaa) 16% | 16% | 17% | 18% | 19% | 19% | 20% | 25% | 30% | 35%

HP NMOS device ™=Cgate(Vaallaa) (pS)

Cgate includes overlap/fringing

capacitances 1.6 13 11 0.99 0.83 0.76 0.68 0.39 0.22 0.15

Parasitic capacitance; % of ideal gate

cap. (This capacitance is included in 1

calculation) 19% | 22% | 24% | 27% | 29% | 32% | 27% | 31% | 36% | 42%

2.2.1. Delay and Cycles Across Chip

As shown in Table 2.1, it is clear that the implementation of copper and low k
materials will minimize the impact of scaling on wiring delay. An approximate delay
formula based on cross-sectional resistance and parallel plate capacitance formulations

can be derived in terms of parameters from Table 2.1, expressed as,

RC_ (e0p)er 1+ n(glmire(é)via(%]z (2-1)

CeLeLEl

where n is the number of adjacent wires at a metal spacing s. From Eq. (2-1), a projected

67% decrease in wiring delay due the combined effect of copper/low-k materials is
predicted, as shown in Figure 2.2a. However, the overall increase in propagation delay
over future technology nodes is unavoidable. For instance, the wiring delay of a 1-cm
long global unrepeated interconnect is projected to increase from 160-ps in 2001 to over
2.4-ns in 2016, a 1500% increase’. Notice that the increase in delay is independent of the
interconnection width, at least to a first order approximation.

Signal delay performance will also worsen due to the increasing loading of adjacent
interconnect lines, as shown in Figure 2.2b. Assuming that the metal width and spacing

are equal, an approximate 10x increase in metal width is required to minimize the delay

! These projections are based on global interconnect parameters of Table 2.1, extracted from the 2001 ITRS
roadmap. A simple parallel plate capacitance formulation is used to derive the capacitance of the line and
the effect of driver resistance and far-end loading has been neglected.



due to the projected limits of a single wire shown in Figure 2.2a. The use of wide lines or
‘fat” wires, can minimize the effect of adjacent interconnects on delay at the expense of a

significant area penalty.

3 r T r r T . r 10x increase in area

Z/----
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(Technology Node) Y
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(b)

Figure 2. 2. Projected delay performance over future technology nodes (a) combine effect of copper and
low k on delay performance. (b) Effect of adjacent wires on delay.

An important performance metric that is closely related to the increase in global
propagation delays is the number of clock cycles required to transverse the chip edge,
which depends on the projected clock frequency and chip size model. Interestingly, the
die size of high performance processors is projected to saturate at 310mm? due to the
increase in cost and power dissipation. According to the 2001 ITRS, additional logic
content will not be efficiently usable due to package power dissipation limitations, and
additional memory content (i.e. larger caches, more levels of memory integrated on-chip)
will not be cost-effective beyond a certain point. Based on a constant chip size

assumption, the number of clock cycles to transverse a chip edge for an unrepeated wire



is projected to increase from 2 cycles in 2001 to 220 cycles in 2016, as illustrated in
Figure 2.3a (this assumes only interconnect RC delay). A more realistic perspective of
chip size features and cycles across chip is shown for the Alpha Microprocessors in
Figure 2.3b and 2.3c [5]. Notice that the chip size of the EV8 is greater than 400mm?,
well above the 310mm? constant chip size model projected by the ITRS 2001 [1]. In
addition, the cycles across chip have steadily increased, with 7 cycles for the latest EV8
design operating at nearly 1.5GHz.

It is evident that the need for repeater insertion and other high-speed on-chip
signaling techniques will be fundamental to cope with the continued scaling trends.
However the increase in the number of repeaters on-die and associated driver/repeater
power dissipation and placement constraints due to underlying logic will pose even
greater challenges. A more detail discussion on interconnect performance with repeaters

is provided in section 2.2.3.
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Figure 2. 3. Chip size model and cycles across chip. (a) Projected cycles across chip for future technology

nodes for a constant chip-size model. (b) Alpha MPU die sizes and (c) clock frequency and cycles across
chip [5].
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2.2.2. Cross-talk Noise

Coupling capacitance between adjacent metal interconnects actually scales down with
technology node despite the aggressive decrease in metal pitches, an effect due to the
reduction in inter-layer dielectric (IMD) constant. However, the slower scaling in metal
thickness to maintain the line resistance from increasing rapidly, results in higher aspect
ratios (A/R), which combined with increasing global interconnect lengths ultimately
causes cross-talk noise to increase. Cross-talk noise on a victim line from adjacent
interconnects can cause fault detection errors as well an increase in propagation delay.
The increase in delay due to simultaneous opposite transitions of adjacent wires causes an
increase in effective capacitance seen by the victim line. This effect has been reported to
degrade the delay performance by 30% [6].

To a first order approximation, the ratio of coupling capacitance (Cc) to capacitance
to ground (Cy) can be approximated as Cc/Cv=(A/R)wire(A/R)via — Where it has been
assumed that the metal w=s=P,,/2; w=width, s=spacing, Pn=minimum pitch. This simple
relationship indicates a 60% increase in Cc/Cy over future technology generations, as
listed in Table 2.1. This trend, combined with faster switching edge-rates and reduced
noise margins due to threshold voltage scaling will undoubtedly pose a significant design
challenge. An example of the coupled noise effect is reported in [7] for the IBM S/390
G4 300-400MHz microprocessor. The G4 CPU is 17.35x17.3 mm? in size and was
designed in a 0.2pum Leg CMOS 2.5V process with a total of 7.8 million transistors [8]. A
histogram of the noise voltage for 20095 relevant nets is shown in Figure 2.4a. The
allocated noise margin is in the order of 500mV-600mV. Figure 2.4a shows a long tail of
nets that exceed the noise margin, with 476 and 157 nets exceeding 0.8 and 1V,
respectively. Figure 2.4b shows a histogram of the ratio of Cc/Cy. Notice that the
majority of the nets have a Cc/Cy ratio under 0.5, which is clearly much smaller that the
current projected trends for future technology nodes. Thus, coupling noise is likely to

pose bigger challenges in future technology generations.
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Figure 2. 4. Histogram for noise cross-talk analysis for the IBM S/390 Microprocessor (a) Noise voltage (b)
ratio of coupling-to-ground capacitance (Cc/Cy)).

2.3.3. Interconnect performance with optimal repeaters

It is estimated that the number of repeaters required for the 70nm node will exceed
1.6million [9], [10]. Although projections of this nature are important, estimating the
repeater count does not reveal some of the fundamental limiting trends for signaling
across long global interconnections. Historically, optimal repeater insertion techniques
have been used to minimize delay [11], often a determining factor for the system cycle
time. However, as the projected operating frequencies continue to increase, attaining
global bus speeds that are a mere fraction of the system frequency will become

increasingly difficult.
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Figure 2. 5. Global interconnect with optimal repeater insertion for future technology nodes. (a) Maximum
frequency of an optimally repeated interconnect, (b) cycles across chip and power dissipation and (c)
optimal number of repeaters and associated active area. All projections assume w=s=P,,, two adjacent lines,
lmex=(310)2 mm. These projections are for a single global interconnect with scaling parameters extracted
from Table 2.1-2.3.

To better illustrate the speed and propagation delay limitations of on-chip global
interconnects, projected trends using optimal repeater insertion for global signaling is
shown in Figure 2.5. The results are based on device, interconnect and system parameters
from Table 2.1, 2.2 and 2.3. It is assumed that the length of the global line spans one chip
edge of the constant chip size model of 310mm? (i.e. lmmx =310Y>mm or 1.76cm). In
addition, the metal width and spacing from adjacent lines are defined as w=s=2P, (where
Pm is the minimum pitch from Table 2.1). In Figure 2.5a, the maximum data frequency of
the global line (fnax) constitutes a small fraction of the projected clock and 1/0
frequencies. It should be noted that increasing the metal spacing and the width of the line
only gives small incremental results as long as the line remains RC dominated. In Figure
2.5b, the total number of cycles is shown to increase across generations, whereas the
power dissipation decreases. The later is due to decreasing capacitive loading of repeaters

and interconnect segments. It is to be understood that the overall interconnect power

13



dissipation is likely to increase in future generations due an increasing transistor, repeater
and interconnect count. In Figure 2.5c, the optimal number of repeaters required for
minimizing delay is shown to increase with each generation, as expected. The total active
area of the optimally sized repeaters decreases due to the reduction of feature size.

As depicted in Figure 2.5, attaining higher performance global signaling will require a
combination of the following solutions; 1) an above optimal number of repeaters to
maximize speed, 2) better performance on-chip global tracks, 3) high-speed on-chip
signaling schemes. All of the above mentioned requirements are ultimately limited by the
power, heat removal, placement blockage and the ubiquitous interconnection limited chip

constraints.

2.3. On-chip Signaling Techniques

On-chip signaling can be defined as the method to transmit information from one
location to the other within the chip [12]. It is important to differentiate on-chip signaling
from off-chip signaling techniques used in chip-to-chip, cable or optical links. When
communicating within a chip, interconnects typically do not present controlled
characteristic impedances and reflections are often not a problem because the wires are
RC dominated. In the RC regime, the signal response is damped due to slow diffusive
propagation.

There are instances, however, in which the line impedances of on-chip interconnects
are optimized for RLC transmission line behavior. Signal propagation in the high-
frequency RLC regime can allow for electromagnetic wave transmission as supposed to
the slow diffusive signal propagation. For instance, clock distribution within the chip
requires well-controlled transmission lines to minimize frequency dependent attenuation
or dispersion and prevent unwanted reflections to control the maximum clock edge-rate
and skew throughout the entire chip [13], [14]. On the other hand, the interconnection
wiring of a wide bus that communicates to and amongst the I-Cache and D-Cache, for
example, is more likely to exhibit dominant RC behavior.

The discussions presented herein are valid for any type of transmission line

interconnections. However, it is important to keep in mind that long on-chip
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interconnects are typically not optimized for electromagnetic signal propagation, mainly

due to area overhead of optimized transmission line structures (see section 2.3.6). On-

chip interconnects, for the most part, are predominantly resistive and capacitive and

exhibit a quadratic relationship with line length.

2.3.1. Performance Metrics

The solutions to signaling over on-chip interconnects described in the literature

focuses on achieving certain performance metrics which can be summarized as follows:

1)

2)

3)

4)

5)

Delay Latency: this refers to the propagation delay, often defined as the 50%
crossover delay of the input/output waveforms. Delay latency is crucial in
microprocessor design because it determines the critical paths of the design, often
resulting in stall cycles. If pipelining is not possible due to area or added system
complexity, delay latency can also limit the maximum operating frequency.
Power: power dissipation of on-chip interconnects has been reported to be 20%
or more of the total chip power consumption in CMOS VLSI’s [15], reaching tens
of watts.

Data throughput: unlike delay latency, data throughput refers to the maximum
data rate that can be supported by on-chip interconnects. The internal bus of a
microprocessor often operates at a much lower data rate then the system clock due
to the RC delays of on-chip interconnects.

Noise: refers to any deviation of the desired signal from its intended value [12]. In
this work, the noise induced in on-chip interconnects will be limited to cross-talk
noise from adjacent lines.

Area: the physical implementation of on-chip signaling solutions may result in
added interconnection area (i.e. differential interconnects as supposed to single-
end lines) and/or overhead active area due to associated design complexity of
circuits. In addition, placement blockages due to underlying circuits can play an
important factor in determining the feasibility of physical implementation.
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2.3.2. Repeater Insertion

Most high-performance microprocessors require the insertion of repeaters at a global
wiring level to mitigate interconnection delays, an increasingly challenging task given a
0.7X reverse-interconnect scaling trend per generation, a 14% increase in die size, and
doubling of clock operating frequency per technology node [16]. The main advantage of
inserting uniformly spaced and identical repeaters, dividing a long interconnect line into
smaller subsections, is the reduction in the quadratic relationship of RC delay on line
length to a less severe linear dependence [11], [17]. As depicted in Figure 2.6, inserting k
uniformly spaced repeaters can reduce the EImore delay approximation [18], [19] of an
interconnection with total resistance (capacitance) of Ry (Cy) from 0.5RC+ to 0.5R;C+/k.
The additional delay due to the buffers can be taken into account to a first order
approximation by [11]:

tsgo, = k[0.7 RO(CTT +Cy J+ R—kT(OACTT +0.7C, J] (2-2)

where R, and C, are the input capacitance and output resistance of the repeater. The
effectiveness of repeater insertion in reducing the interconnection RC delays has proved
invaluable in modern day process technology and remains the most popular technique
used in high performance processors [20], [21]. As such, delay modeling for repeater
optimization in on-chip interconnects has been extensively addressed in the literature
[22]-[25].
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Figure 2. 6. Uniform repeater insertion methodology.

Repeaters can also be used to increase the maximal data rate of on-chip interconnects
[26]. In [27]-[28], a methodology for increasing the data transfer rate on long

interconnection wires is proposed. It consists of inserting latched repeaters to form
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synchronous pipelines, similar to a FIFO (first-in first-out). Figure 2.7a shows a block
diagram of the repeater. In the pipeline, data propagates from one repeater stage to the
other as long as the next storage repeater stage is available. If the last repeater nearest to
the receiver-end cannot deliver its data, the current data is buffered and appropriate
control signal is sent to the preceding stage indicating that it will stop receiving data at
the next cycle [26]. Thus, the congestion and decongestion operations ripple from one
stage to the other each cycle. A similar idea coined as “elastic interconnects” was also
reported in [29]. The elastic interconnect circuitry is shown in Figure 2.7b. Its main
feature is the use of tri-state repeaters capable of sampling and maintaining data line
voltage levels. A dedicated congestion control line is used to hold data if the pipeline is
full or decongest the line otherwise. It should be pointed out that the implementation in
[29] aims to relieve the latency in multi-processor tile systems, instead of maximizing the
data throughput as in [27]-[28].
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Figure 2. 7. Repeater insertion with data storage capabilities (a) Synchronous pipeline based on repeater
insertion [27], [28]. (b) Elastic interconnects for multiple tile processor units [29].

Another repeater insertion technique used to reduce propagation delay is based on
regenerative repeaters [30]-[33]. Unlike typical repeater insertion techniques where an
interconnect line is divided into smaller sections and buffered, the parallel regeneration

scheme uses direction-independent buffering repeaters by sensing the beginning of a
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transition and subsequently enforcing it. Thus, this type of repeaters is ideal for bi-
directional buses. Regenerative repeaters can be classified into dynamic or static, as
shown in Figure 2.8 [32]. In the dynamic regenerative repeaters (Figure 2.8a-2.8¢c), a
gated clock is used to pre-charge the line to the supply voltage. After pre-charge, in the
event of a falling transition due to a logical high at the input of the line driver, which can
be implemented with a single NMOS pull-down driver, the regenerative repeaters sense
the beginning of the transition and locally provides a pull-down path. In the static
implementation (Figure 2.8d), the pre-charge transistor is removed and replaced by the

complement of the pull-down circuitry.
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Figure 2. 8. Dynamic and static regenerative repeaters [32] (a)-(c) dynamic (d) static.

Another static implementation of a regenerative amplifier is shown in Figure 2.9 [33].
The transient sensitive trigger (TST) block senses early transitions on the line activating
the acceleration transistors to locally speed up the transition. In steady state, both pull-up
and pull-down paths are turned off so that the line is not actively driven. The transient
sensitive accelerator in [33] also achieves higher cross-talk immunity due to the clamp
transistors.

In summary, various repeater insertion techniques were presented. Repeaters can be
optimized for minimal delay and/or maximum data throughput. Typically, higher
throughput is achieved at the expense of larger latencies due to the intrinsic delay
contribution of an increasing number of repeaters. Repeaters for delay optimization can
be implemented either by segmenting the interconnect line and inserting buffers or by
using a parallel regeneration scheme. Since regenerative repeaters are not inserted in the

signal path, it can be used in bi-directional signaling schemes.
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Figure 2. 9. Transient sensitive accelerator regenerative repeater [33].

2.3.3. Low swing bus

One of the most efficient ways of decreasing the power consumption in on-chip
interconnects is to reduce the operating voltage [34]. However, unless the devices scale
proportionally, simply reducing the supply voltage will cause speed degradation and can
offset the benefits in power savings. One possible way to achieving low operating voltage
while minimizing its effect on propagation delay is to reduce the signal swing only in the
internal bus [35], [36]. The proposed architecture for internal bus swing reduction in [35]
is shown in Figure 2.10a. The output of the bus driver is a reduced swing of Vcc/n, which
is restored back to Vcc by the receiver. An internal supply generator is used to create
voltages V¢ and Vs, which are fed to the source-offset bus driver circuit, as shown in
Figure 2.10b and 10c. Since low-Vt devices are used for both MOSFET’s in the bus
driver, and the input is operated with a signal swing of Vcc, the overdrive voltage for
both on and off state remains the same as the conventional CMOS driver.

The receiver circuit consists of a symmetric level converter, which restores the output
voltage to full swing, as shown in Figure 10c. However, due to the reduced output current
drive of the level converter, the bus receiver exhibits added conversion delay. This
internal reduced swing bus architecture has been reported to achieve power savings of

approximately 1/3 for a 100MHz operating frequency [35], [36]. This implementation of
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low swing bus requires two extra supplies (i.e. V¢, and Vg, ) to be routed across chip and

uses special low-Vt devices to compensate for the current drive loss.

Vcc

(b)

Figure 2. 10. Reduced swing signaling (a) Low swing bus architecture in [13] with (b) reduced swing line
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Figure 2. 11. Low swing signaling for clock distribution (a) Several reduced swing driver implementations
[15] and (b) associated performance for signaling in global interconnects.

Another implementation of reduced voltage swing is reported in [37], [38]. Although
the reported application in [37] targets the reduction of clock power, the implementation
is applicable to an internal bus. A reduced clock swing of 0 to V¢joek (i.€. Vciock < Vop)

output is created using one of the driver topologies shown in Figure 2.11a. The receiver
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consists of a sense amplifier flip-flop [39] with the exception of the pre-charge transistors
P1 and P2. As shown in Figure 2.11b, the well of P1 and P2 are tied to a high voltage
supply (i.e. Vwe =6V) thereby increasing the threshold voltage Vp and allowing the
low clock swing to switch off P1 and P2 completely during the evaluation period. A
performance comparison is shown in Figure 2.11b for power, Clk-to-Q delay and area.
Various other schemes for reducing the clock swing are reported in [40]-[42].

In [43], a low swing interconnect system with distributed line equalization is
explored. As shown in Figure 2.12, the system consists of three parts: a low swing
transmitter with overdrive and distributed equalization scheme; differential interconnects,
twisted to minimize noise effects; and a receiver using a clock regenerative amplifier.
Before each bit transmission, the differential lines are pre-equalized to recycle the charge.
The pre-equalization transistors are driven by global clock signal potentially increasing
the clock load and clock distribution slightly more complicated. The driver, which

consists of N-fet pull-ups and pulldowns, are operated from an additional reduced voltage

supply.

Transmitter Receiver
N Equalizer Circuits

5 ﬁEIX ﬁfDEﬁﬁ]EE[ Z

d
Clk

tWLStcd differential wires

Figure 2. 12. Low swing interconnect system [43].

A charge inter-shared bus (CISB) and charge-recycling (CRB) implementation of a
low swing bus has been proposed in [44], [45] and [46]-[48], respectively. In a
conventional bus, the individual bus lines are either charged to the supply voltage or
discharged to ground depending on the input data. Alternatively, in a charge inter-shared

and recycling schemes, the capacitive bus lines are shared with a dummy ground [44] or
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amongst each other via switches [46], which result in a reduction of voltage swing by a
factor of n due to capacitive charge-sharing between multiple data bit lines of a bus
(where n is the number of bits). The CISB scheme uses single-ended lines with extra bit

lines for references and the CRB uses fully differential signaling.
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Figure 2. 13. Charge recycling bus technique (a) Concept of data dependent charge sharing bus, (b) circuit
implementation.

To illustrate the concept of a charge sharing bus, the operation and architecture of
CISB in [44] is shown in Figure 2.13. In Figure 2.13a, the bus operation in each cycle
consists of pre-charging the data bit lines and pre-discharging the dummy ground. In
Figure 2.13b, when the bus drivers are enabled after pre-charging, the charge in the bus
lines is either discharged to the dummy ground or stay at the supply voltage. At the
receiver, an intermediate voltage reference is extracted from the reference lines “0” Ref
and “1” Ref, which is compared to the reduced swing data bit line voltages and converted
into CMOS-level outputs. The operation of the CRB in [46] uses the same concept of
charge sharing with the exception that the charge is recycled or reused between the
individual bit lines. The implementation of these bus schemes require multiple timing
signals, well capacitively matched bus lines and are susceptive to cross-talk noise to the

floating nature of the interconnects [49].
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To summarize, several reduced swing bus architectures have been presented [34]-
[49]. In general, most of the low swing schemes reported operate at low clock frequencies
(between 50-100MHz) and are susceptible to cross-talk noise due to reduced noise
margins. Differential signaling schemes can be used to improve signaling bandwidth and
cross-talk at the expense of increased wiring area. Delay overhead due to low-swing to
full-swing level conversion is typically unavoidable. Power savings of approximately
50% is typically achieved, with larger reported savings for the charge-sharing schemes.
In addition, most schemes require extra control signals, added power supply wire

distribution and low-Vt devices.

2.3.4. Noise-aware Bus

The combined effect of decreasing metal pitches, increasing interconnect aspect-
ratios and faster switching edge rates will progressively exacerbate the signal integrity
problem due to capacitive cross-talk noise from adjacent interconnects. The simplest and
perhaps the most effective way to decrease the effect of cross-talk noise due to adjacent
interconnects is to increase the spacing of the metal wires and/or use extensive shielding.
However, the continuing demands for high-level of system integration often does not
permit for this. The systematic insertion of repeaters can mitigate this problem in long
bus wires [20], [50], which often run adjacent to each other. Since repeaters divide long
interconnects into smaller segments, the cross-coupling capacitance can be decreased
resulting in smaller cross-talk noise [51].

Cross-talk noise on a victim wire from adjacent bus lines can cause the receiver logic
to trigger erroneously. Furthermore, simultaneous opposite transitions of adjacent wires
causes bus delay increase. One way of mitigating this effect is to carefully interleave
busses to suppress the simultaneous opposite transitions between neighboring wires. In
[6], a staggered firing bus (SFB) scheme was used to reduce the delay degradation due to
cross-talk noise, as shown in Figure 2.14. The basic idea is to drive interconnects at
different timing by applying additional delay on adjacent lines. Similar schemes have

been proposed in [52], [53]. The regenerative repeater insertion technique described in
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[33] is also used to minimize the effect cross-talk noise via clamp transistors that

maintain the line voltages stable in the presence of noise.
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Figure 2. 14. Stagger firing repeaters for reduced cross-talk noise.

In [54], a transition encoded dynamic bus scheme is proposed to reduce the effect of
coupling capacitance on delay. The worst-case delay occurs when neighboring lines
transition simultaneously in opposite direction to the signal line, resulting in a 2x increase
of effective coupling capacitance. The worst case coupling capacitance can be reduced to
1x with a dynamic bus that evaluates conditionally depending on input data. However,
now that the lines are pre-charged every cycle regardless of input data activity, unlike
static CMOS busses, there is substantial power loss for low input switching activity
signals. To compensate for the loss of power, encoder and decoder circuits are inserted at
the input and output of the bus lines, respectively. The encoder translates input data
activity into a logic state. A ‘0’ output indicates no transition occurred on the input and a
‘1’ output indicates the input transitioned from a ‘0’ to ‘1’ or 1’ to “0’. The decoder uses
the encoded signal circuit to reconstruct the original input to the encoder, and uses the
previously stored state to distinguish between the two transitions. The results in [54]
indicate a 10%-35% performance improvement with this technique.

Another technique proposed in [55], uses a static pulsed bus (SPB) driver, repeater
and receiver technique to reduce the worst-case effective coupling capacitance to 1x. As
shown in Figure 2.15, a pulse generator circuit produces a narrow pulse for every data
transition. The pulse propagates through the chain of repeaters and interconnect RC
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segments, and drives the input of a toggle flip-flop (TFF), as shown in Figure 2.15. The
TFF converts the received pulse back into a data transition at the receiver output. At the
driver end, transmitted pulses are monotonic since the data is transition encoded. In
addition, the repeaters are skewed in time to provide additional immunity from signals in
neighboring lines. The delay improvement of the SPB technique is therefore due to the
effective coupling capacitance reduction that results from transition ending the data and

repeater skewing.
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Figure 2. 15. Static Pulsed Bus technique.

2.3.5. Current-mode bus

Sensing current instead of voltage with a low impedance receiver can dramatically
increase the bandwidth of long global interconnects and reduce the overall propagation
delay. However, despite the frequent use of current sensing techniques in high-speed
SRAM circuits [56]-[58], current-mode sensing has received limited attention for global
bus on-chip signaling [59]. Therefore, the discussion presented herein will focus on
current sensing techniques used in memory circuits. However, the circuits presented can
also be applied for global on-chip signaling.

The speed performance of current sensing versus voltage sensing in SRAM data path
was analyzed in [60], [61]. The proposed current sensing data path circuit is shown in

Figure 2.16a, which consists of a positive feedback current sense amplifier followed by a
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differential to single-end output section for generating CMOS signal levels. The circuit
responds to a small change in current (about 150uA of read current) and exhibits a
sensing delay of 2ns for a bit line capacitance of 2pF. A slightly different circuit
configuration was demonstrated in [62], [63]. The circuit schematic of the clamped bit-
line sense amplifier for 1T DRAM in [62] is shown in Figure 2.16b. Although the circuit
operation occurs in three phases (pre-charge, sense and restoration), the main feature of
this circuit is that devices M5 and M6 (clamp transistors) provide a low impedance
termination to the bit lines thus enhancing the speed performance. The sensing of the bit

line currents is implemented via the positive feedback provide by transistors M1 and M2.
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Figure 2. 16. Current mode sense amplifiers for memory circuits (a) Current sense amplifier in [60], (b)
clamped current sense amplifier in [62].

A single-ended current direction sense circuit for multiport SRAM’s was proposed in
[64], as shown in Figure 2.17a. The M5 and M6 transistors operate in the linear region to
provide a low-impedance termination to the bit line (denoted as INT). A change in
current direction creates a voltage change in the drain of M5 (i.e. INT), which is sensed
by the positive feedback loop of M3 and M4. The difference in voltage V1 and V2 is
amplified into CMOS level by the second amplifier. Another implementation of a current
sense amplifier is presented in [65]. The input of the sense amplifier consists of a current-
conveyor type circuit, which provides a very low impedance termination to the bit lines
via the feedback amplifiers A1 and A2, as shown in Figure 2.17b. Although this
implementation of a current sense amplifier is limited in speed by the response time of
the amplifiers A1 and A2, it is capable of detecting very small changes in bit line
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voltages (~3mV). The transistors M1 and M2 are intentionally made with large gate
lengths such that a small change in bit line voltage creates a detectable change in V1 and

V2, which is subsequently sensed and amplifier into CMOS level by an amplifier (not
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Figure 2. 17. Current-mode sense circuits (a) Single-ended current sense amplifier for multi-port SRAM
[64], (b) current conveyor implementation for differential SRAM [65].

In summary, the key to high-speed current sensing schemes is the low input impedance
of the sense amplifier, which is typically implemented by terminating the line with a diode
connected transistor [60] or a transistor biased in the linear region of operation [62]-[64].
The voltage induced by the change in current at the input of the sense amplifier is
commonly amplified by a regenerative positive feedback loop and converted to CMOS
level by a second amplifier. One drawback of the high input sensitivity of the sense
amplifier is the relatively low noise margins, which is undesirable due to cross-talk noise
from adjacent interconnects. Other current sensing schemes based on non-regenerative
amplification are commonly used to drive I/O at high speeds [66]-[68], although typically
result in higher power dissipation.

2.3.6.  On-chip transmission lines

Electromagnetic wave propagation in on-chip transmission line structures is desirable
because the peak phase velocity is determined by the speed of light in the dielectric
surrounding the interconnect (i.e. 3x10%Ve m/s). Unlike distributed RC lines, where
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signals travel slowly by diffusion, the LC nature of an optimized transmission line
structure allows for faster signal transmission [69]. Signal transmission in the higher
frequency regime (R«wL) is explored in [69]. The technique uses a 7.5Ghz local
oscillator to up-convert and transmit 1Ghz of data bandwidth across an optimized on-chip
transmission line spanning 20mm in length. Although improvement in delay (i.e. flight
time) is achieved over standard repeater insertion techniques, there is a penalty in
interconnection area and local oscillator signal distribution. Moreover, signal
transmission at the higher frequencies required for electromagnetic wave propagation
results in losses that depend not only on the well-controlled series resistance of the line,
but also on frequency dependent losses such as skin effect, proximity effect and substrate
coupling effects [70].

In an effort to understand on-chip interconnects, a significant amount of work has
been dedicated to the modeling and characterization of on-chip transmission lines [71]-
[76]. Interconnect line structures have been designed for improved performance in [77]-
[79]. In [77]-[78], grooves are placed underneath the clock signal lines and in [79]
patterned ground shields are used to minimize the frequency dependent losses. The basic
idea behind segmenting or patterning the ground plane is to reduce the effective
capacitance seen by the signal line, which increases the characteristic impedance Z, and
thus lmax (the length that can be achieved with low loss transmission line behavior).
Although cross-talk noise coupling from lower metal layers can become an issue, this
technique results in improved performance without special processing requirements.

The use of off-chip transmission lines as a shared medium for global communications
has been proposed in [80]-[82]. In [80], a coplanar-waveguide (CPW) is used as an “off-
chip” but “in-package” transmission medium shared by multiple 1/0s. The interconnect
system is intended to be used as a miniature LAN with multiple users and capacitive
couplers as near-field antennas. Capacitive coupling as well as inductive coupling is used
in [81] to achieve high 1/O density and signal bandwidth for multi-chip modules (MCM)
via ball-grid array flip-chip technology. In [82], a chip carrier with thin film wiring
(TFW) is used to create a “DiePack” which contains several smaller ICs connected via
solder bump technology. The TFW of the chip carrier can thus be used for intra-chip as

well as inter-chip interconnections. These signaling schemes based on off-chip

28



transmission line carriers are more suitable for off-chip communications due the
associated power and circuit overhead. Furthermore, historically on-chip interconnects

have always been most economical when compared MCM type solutions.

2.4. Summary

Signaling across long global interconnects poses significant design challenges in
present and future technology nodes. The primary focus to date has been to minimize the
propagation delay, although wire cross-talk noise is progressively receiving much
deserved attention. In addition, the drive for low power systems has spawned significant
activity to decrease the power dissipation of on-chip interconnects by reducing the
voltage swings. As technology continues to scale, delay, noise and power performance of
on-chip interconnects will become increasingly important and is likely to limit overall
system performance. An added complication will result from the signaling bandwidth
limitations of on-chip global interconnect due to the increase in wire resistance.
Evidently, the designer will have to trade-off among these performance metrics to best
meet the desired target goals.

A summary of design techniques for on-chip signaling is presented in Table 2.4. The
summary of published work in Table 2.4 clearly shows that minimizing delay and power
dissipation have been target goals in both high performance MPUs and DSP cores. A
look at current signaling solutions and future technology trends suggest that minimizing
power dissipation will remain at the center of target performance metrics. Although delay
latency is crucial in high-performance systems, it is likely to be unavoidable even with
optimal repeater insertion due to the rapidly increasing clock frequencies.

Solutions to the cross-talk noise problem mainly consist of systematically inserting
buffers and/or regenerative repeaters whereas data throughput is addressed via
synchronous and elastic repeaters. It seems, however, that cross-talk will become an
increasingly difficult problem to solve due to higher wiring aspect ratios, faster edge-
rates and smaller metal pitches. In addition, longer global interconnects due to increasing

chip size and resistive effects will limit the maximum bandwidth of global signals.
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Table 2. 4. Summary of signaling techniques.

Technique Ref. Objective Comments Application
Buffer Insertion [11], Minimize propagation Reduces cross-talk MPU
[17]-[25] delay.
Regenerative [30]-[33] Minimize propagation Reduces cross-talk MPU
Amplification delay.
Synchronous [26]-[28] Maximize throughput Significant area WSI
Pipelines overhead. Suitable for
WSI
Elastic [29] Maximize throughput and Sensitive to noise. SOC, Multiple
Interconnects data MPUs
contention/congestion
Low swing [35], [36] Minimize power Requires internal DSP cores
internal bus dissipation supply conversion,
multiple supply
voltages and low V;
devices
Low swing [42] Minimize power, improve | Differential signaling, MPU
equalized bus cross-talk Clocking overhead
Reduced clock [371,[38], Minimize power Requires high-voltage DSP cores,
swing [40]-[41] dissipation in clock lines or multiple supplies. low end MPU
Delay penalty.
Reg. low swing
latches/FF.
Low V; devices.
Data dependent [44],[45], Minimize bus power Sensitive to noise. DSP cores
Bus/ Charge- [46]-[48] dissipation. Implementation
recycling Bus complexity
Low Speed: 50-
100MHz
Staggered Firing [6] Minimize delay due to Possible repeater MPU, DSP
Repeaters cross-talk noise placement constraints
Intentional data [52], [53] Minimize delay due to Additional digital MPU, DSP
skewing in cross-talk noise logic required.
repeater chains
Transition [54] Minimize delay due to Worst-case 1xCc, MPU
Encoded dynamic coupling capacitance clocking overhead
bus
Transition [55] Minimize delay due to Worst-case 1xCc, MPU
encoded static bus coupling capacitance Repeater staggering,
small circuit overhead,
Current-Sense [56]-[58], Minimize delay in Very small signal SRAM,
amplifiers [60]-[63], SRAMs swings. DRAM
[65] Voltage swing
conversion delay
penalty.
Current direction [64] Minimize delay in single- Sensitive to noise SRAM,
sense technique ended SRAMs DRAM
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Table 2.4. (continued)

Technique Ref. Objective Comments Application
Current-mode [66]-[68] High-speed 1/O Added power 1/0, MPU
signaling for 1/0 dissipation.
Off-chip signaling
Current-mode [59] Minimize on-chip delay | Increased static power MPU
sensing for global dissipation.
bus
On-chip [69] Minimize on-chip delay Local oscillator PU
transmission lines overhead, wide
optimized lines
On-chip [77]1-[79] Minimize transmission Controlled TL are MPU
transmission lines delay. suitable for clock
Patterned ground planes distribution..
to increase TL Z,.
Shared off-chip [80]-[82] Increase bandwidth and Off-chip TL carriers. SoC, MCM.

transmission line
mediums

1/0O density

Added power
dissipation.
Suitable for MCMs.
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Chapter 111

Current-mode Signaling for Global On-
chip Interconnects

3.1. Introduction

It appears, with the increasing speed requirements in VLSI circuits [1], that current
mode signal transporting techniques may provide an attractive solution to some of the
challenges caused by aggressive interconnect scaling. Current mode signaling has already
been shown to provide drastic speed enhancements in SRAM CMOS circuits [2]-[4].
Nonetheless, in order to apply current mode techniques to on-chip global interconnect
signaling, new models will be required to accurately and efficiently estimate propagation
delay and power dissipation during the early design stages of high performance VLSI
systems. Various techniques based on simulations and/or analytical closed-form
formulations have been proposed to model delay in interconnects. However, the bulk of
the work dedicated to this area targets capacitively terminated lines for voltage mode
signaling [5]-[7].

A useful closed-form delay analysis of current mode signaling for RC interconnects
was presented in [2]. However, the analysis assumes the output response is a linear-ramp
signal, and does not include transient effects due to a step or fast edge rate inputs. In this
work, in section 3.3, we present an analytical model based on the closed-form
formulation of the effective resistance and capacitance of a driven distributed RC line
with arbitrary termination. In section 3.4, based on this model and by satisfying certain
boundary conditions, a new closed-form single exponent approximation of
interconnection delay under step input excitation is derived for arbitrary load

terminations. It is shown that the accuracy of this work is the same as Sakurai’s
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formulation for voltage mode design [8], extended herein to accommodate current-mode
type circuits. Thereafter, the delay model is extended to take into account finite rise time
ramp input signals.

In addition to delay formulation, power dissipation in long global interconnects must
be accurately estimated. Power dissipation in on-chip interconnects constitutes a
significant fraction of the total power dissipation of modern day microprocessor designs.
To accurately model both dynamic and static power dissipation components of current-
mode signaling, a new closed-form power model is developed in section 3.5. In section
3.6, the optimum line width that minimizes the total delay for current mode circuits is
discussed. This analysis is extended in section 3.7, using the derived delay and power
models, a comparative study of current and voltage repeaters driving long global
interconnects is presented. In section 3.8, the delay model is extended to take into
account the effect of miller capacitance and is experimentally verified in section 3.9.

Finally, concluding remarks are presented in section 3.10.

3.2. Current-mode vs. voltage-mode

The terms “current-mode” and *“voltage-mode” are frequently used to describe circuit
topologies in which the “mode” of operation determines whether current or voltage
signals are processed. It is apparent, however, that signals do not stay exclusively in
current or voltage domain, and hence the “mode” of operation is a loosely defined term,
which does not qualify circuits in a strict sense [9]. However, there seems to be a widely
excepted premise that current-mode circuits exhibit higher bandwidth performance than
its voltage-mode counterpart. Much of this bandwidth enhancement is owed to sensing
signals with low impedance nodes that result in smaller signal swings and hence the
parasitic capacitances do not need to be charged or discharged as the signal is processed
[10][11].

Perhaps implicitly defined, the key to current-mode signal transporting is the
extension of signaling bandwidth and reduction of the system time constants that result
from sensing signals with low impedance nodes. Hence, from hereon after, for the
purpose of signaling in on-chip interconnects, current-mode or current sensing refers to

sensing a signal with a low impedance termination at the receive-end which resultsin a
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shift or extension in dominant pole position thereby increasing the bandwidth of the line.
Figure 3.1 shows an inverter driven interconnect line terminated by a receiver. Assuming
all things are equal, the parallel termination R_ determines the impedance of the receiver
and hence the current or voltage mode operation of the line.

Figure 3. 1. Inverter driven interconnect terminated by an arbitrary impedance.

3.3. Analysis model of voltage and current mode signals
3.3.1. Generalized Analysis Model

Long global interconnects can be modeled by distributed RC transmission lines as
long as the overall line resistance dominates the response (i.e. R»joL). These RC
interconnect lines can be driven either by voltage-mode or current-mode signals. Figure
3.2 shows typical voltage and current mode driver and receiver circuits. Current-mode
drivers are similar to voltage mode drivers in that a low output impedance node drives the
transmission line. Therefore, from a signaling point of view, both voltage and current
mode drivers can be approximated by a voltage source and a linear resistance. Current-
mode receivers, on the other hand, provide a low impedance node at the receiver whereas
voltage-mode receivers present a high impedance capacitive termination.

The key to current-mode signal transporting is the low impedance termination at the
receiver which results in reduced signal swings and increased bandwidth performance
[2]. It can be shown, that the bandwidth performance of current-mode signaling is a direct
tradeoff with the signal amplitude across R_ at the receive-end, similar to the gain-

bandwidth tradeoff concept of analog amplifiers [12].
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Figure 3. 2. Typical circuits for voltage and current sensing; (a) single-ended transmitter (b) voltage-mode
receiver (c) current-mode receivers.

A generalized model for a driven distributed RC line is shown in Figure 3.3a. The
driver is modeled as a voltage source with output resistance Rs and capacitance Cs. Note
that previously derived models do not explicitly consider the effect of driver output
capacitance Cs. For sake of generality the output of the line is terminated with a resistor
R_ and load capacitance C,. For voltage-mode signaling, the termination resistance R, is
infinite and the output voltage is seen across C.. In current-mode signaling, the

terminating resistance R is finite.

Load (b)

Figure 3. 3. R_ and C, are determined from the receiver circuit topologies shown in Fig 3.1b and 3.1c; (a)
generalized distributed RC model (b) approximate effective lumped element model.
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3.3.2. Effective Resistance and Capacitance

A simple lumped element model with effective resistance and capacitance, to account
for the distributed transmission line behavior, can be used to provide analogous results to
the Elmore Delay [5]. Since Elmore’s formulation is basically a first moment (i.e. mean)
approximation of the signal delay time, Moment-Matching Methods [13]-[14] can be
used to derive a first-order RC network with effective lumped element parameters for
voltage and current mode signaling.

The effective resistance and capacitance of Figure 3.3b is derived in Appendix A,

which can be expressed as,

S T I
Cut :3——;+Csﬂs%+c|_m RSR;RT (3-1b)
and
n =ﬁ (3-1c)
ns =ﬁ (3-1d)

In Eqg. (3-1), Rrand Cr are the total resistance and capacitance calculated from the per
unit-section components R,=Rt/N and C,=C+/N; N is the number of distributed sections;
Rs (R and Cs (Cy.) are the source(load) resistance and capacitance, respectively. »_ and
nsare defined as voltage loss factors of the load and source, respectively. In the ideal case

for voltage mode signaling (Rs=0, R_ = o0, Cs= C_ =0), the total delay is:

RrCy N+1 _R,C N(N+1) (3_2)
2 N )

ToeLay =

which is the same result obtained in Elmore’s formulation. Thus, the lumped element
resistance and capacitance in Eg. (3-1) are the effective components that model the
distributed transmission line. The generalized effective lumped element model is shown
in Figure 3-3b. For current mode signals the source voltage (Vp) is scaled by #.. The
usefulness of this model is that an equivalent lumped element model can predict the

approximate step response of an interconnect line for both current and voltage mode
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signals. Furthermore, due to its relative simplicity, the expression in Eg. (3-1) can be used

in performance driven layout tools to optimize interconnect speed.
3.4. Delay formulation

3.4.1. Delay under step input excitation

The step voltage response for a distributed line with 1000 segments and the lumped
element model with effective resistance and capacitance is shown in Figure 3.4. Since Eq.
(3-1) is derived by reducing a multi-pole system to a single dominant pole, the effective
model voltage response of Eq. (3-1) will cross-over the distributed output response. This
cross-over point occurs at approximately 63% of the normalized output voltage (i.e. when
the delay is ReCef). An improved analytical approximation of the delay can be obtained
by satisfying the boundary conditions at Vges and v with a single exponent, as shown in

Figure 3.4. The new approximation to the normalized output response is given by:

v(t)=1-(1+v, )e_% (3-3)

where RC is the time constant of the new approximation single exponent function. By

forcing the boundary condition at v(t=tee3), the following equality is obtained:

_ toe

0.63=1—g " Cer

t 063

=1-(L+v,)e RC (3-4)

0.6
effective model response

0.4

Yoe3=V{t=tpe3)

distributed response

je— single exponent

; approximation
920 y=vie=p)
0 0.2 0.4 0.6 0.8 1
Time {ns)

Figure 3. 4. Single exponential function approximation for the step response of a distributed interconnect
line.
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The delay (t,) defined as the time from (t=0) to the time when the normalized voltage

reaches v at the end of the line is given as:

(3-5)

- In(0.37)

In Eq. (3-5), Rt and Ce are given by Eq. (3-1). An optimal value of v was found
iteratively and is approximated by:
v, =Vv(t=0)=0.57, R o2 (3-6)
RL
From equations (3-1), (3-5) and (3-6), the final expression of delay for voltage and

current mode signals given an input step excitation is derived as:

| 12+ 0.5(n, /R.7)
t, 1-v

R.Cr
T 141.0058In[1.2+ 05| L
RLT

umn 1 1
—|1+——— |+ R | 1+ +NCqrl+ R+ )+ C+1+R
{ > ( 3RLT] . SI'( ZRLT] Ns SI'( LT) e LT( ST)}

3-7)
where R =R/Rr, Rs=RJRr, Csi=C4JCt and C1=C./Ct. Ry and Cy are the total
interconnect resistance and capacitance, respectively. The term inside the brackets depicts
the contribution of the normalized source and load terminations (i.e. Rsr, R.t, Csr and
CvL7), exhibiting great similarity to the equations derived by Sakurai [8]. However, Eq. (3-
7) can be used to predict the delay of current mode signals (R. < «) in addition to voltage
mode signals (R. = ). The accuracy of this formula is shown in Figure 3.5. In Figure
3.5a, the delay formula is compared with the distributed RC response with 1000 segments
(i.e. N=1000) and Sakurai’s voltage mode model. The analytical formula in Eq. (3-7)
matches well with Sakurai’s model, which is determined to have an error less than 3.5%
for a large range of parameters [8]. This accuracy is maintained for current mode signals

across a wide range of values, as shown in Figure 3.5b-3.5d.
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Figure 3. 5. Comparison between SPICE simulations for a distributed line with 1000 segments and Eq. (3-
7). Parameter v represents the normalized threshold voltage at which the delay is calculated. (a) Voltage-
mode (b) current-mode, R =500Q. In (a) and (b), Ry and C; are the total interconnect resistance and
capacitance, respectively. Similarly, the delay is shown versus (c) R. and (d) C.. Unless, otherwise
specified, Rs=250Q and C, =250fF.

3.4.2. Delay for slow ramp inputs

Propagation delay under linear ramp input excitation is typically desired since it
closely approximates the real input conditions of digital CMOS circuits. Under steady-
state conditions, the output response to a linear ramp input can be approximated by a
delayed and scaled ramp signal waveform. This approximation is valid only when the rise

time (tg) of the ramp input is greater than the total steady-state time delay (tsr) of the step
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response obtained in Eq. (3-7), that is, when tg > tsr (the approximate tsr value is obtained
in section 3.4.3). In other words, the approximation is valid when the propagation delay is
independent of the input rise time. Under these conditions, Eq. (3-7) can be approximated
by the ReCesr product, which is expressed as:

t
R Ml Ly Ry |1t

]"' NsCsr (1+ Rir )+77LCLT (1+ RST) (3-8)

It is interesting to note that when the effect of the source and load capacitance is not

considered (i.e. Csr = C1 =0), the result in Eq. (3-8) can be shown to be identical to [2].

3.4.3. Generalized Delay formulation for ramp inputs

A generalized delay approximation for ramp inputs with arbitrary rise time (tg) can be
extrapolated from equations (3-7) and (3-8) using a piece-wise linear fitting function.
First, the boundary conditions for equations (3-7) and (3-8) are defined as tg =0 and
tr>tsr, respectively, where tsr was previously defined as the steady-state delay of the step
response. It follows that the desired delay formulation for arbitrary rise time ramp signals
falls in the shaded region depicted in Figure 3.6a, bounded by the propagation delays of
the step and slow ramp output response waveforms. To obtain a generalized delay
equation for ramp inputs, a piece-wise linear fitting function is used to weight equations
(3-7) and (3-8) according to the rise time of the input ramp, as shown in Figure 3.6b. The
dependence of the 50% ramp delay (tsor) ON rise time (tg) are depicted in terms of the
normalized formulations (tsor /tsp) and (tr/ tso), respectively.

It follows that in region | (0 <tr/ tso < tsr/ tsp), tsor /tso Can be expressed as,

twr 3
t t t
50R =1+ 50 _R (3_9)
tso st |tso
tso

From equations (3-7) and (3-8), equation (3-9) can be approximated by,
tsor _,,  0.3068-1g

t
%0 tgr In| 2.4+ 11
RLT

(3-10)
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Figure 3. 6. Generalized delay formulation for ramp inputs with arbitrary rise time; (a) step and slow ramp
response. The shaded area corresponds to the desired delay formulation. Regions of validity are defined to
extrapolate the approximate 50% delay (tsor) formula for ramp inputs. (b) A piece-wise linear
approximation fitting function is used to model the dependence of tsor On rise time tg.

As shown in Figure 3.6b, the term tsr determines the slope of the fitting function in
region I, and hence the accuracy of Eq. (3-10). A good approximation to the steady state
delay term (tsr) was found via SPICE simulations to be tsr =tgg (i.e. recall that tgg is the
time delay when the normalized output waveform reaches 98 % of its maximum value).
Then, Eqg. (3-10) can be rewritten in general form to satisfy both region | and Il as

follows,
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0.3068 0<tg <tgg
tso TR (Reg. 1)
In| 60 + 2571 g
tsor = LT (3-11)
t tg > tog
= (Reg. 1)

Since 0 < /Rt <1 holds true (i.e. 7./R.1=0 when RL=c0 and 7 /R =1 for R =Rs=0),
the range of tgg in EQ. (3-11) for which the boundary between region I and Il are satisfied,
can be expressed as 3.63tsp < tgg < 4.67t50. Notice that this finite range approximation to
the steady-state delay time is simply used to provide a good fit of the proposed formula
Eqg. (3-11) to the entire continuous range of tspr across a wide range of simulation
parameters. The validity of the above mentioned fitting method can be verified in Figure
3.7, where each sample represents one out of a total of eighteen hundred SPICE
simulations of a distributed line with 1000 subsections and various load and source
terminations. The ranges of parameters simulated are 20fF < C_ < IpF, 20fF < Cg <
250fF, 200 < Ry < 1kQ, 1pF < Cr < 4pF, 100Q < Rs < 5002, 100Q < R_ < . The
calculation results by the proposed formula agree well with the SPICE simulation results
across both regions | and 11, as shown in the error scatter-plot in Figure 3.7b. A histogram
of the overall error distribution is shown in Figure 3.7c. The mean error of Eq. (3-11) was
found to be approximately 1.9% with a standard deviation of 1.5%.

Notice that the result in Eqg. (3-11) does not require an iterative solution since all the
variables can be derived entirely in closed form. This result is an improvement over
existing RC delay models since it accurately models the distributed nature of
transmission lines while taking into account the effect of both resistive and capacitive
loads (R_ and C) with a complex driving source impedance (Rsand Cg) for arbitrary rise

time (tg) ramp inputs.
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Figure 3. 7. Probability of error distribution of Eq. 3-11; (a) comparison between delay approximation
using Eq. 3-11 and SPICE simulations of a distributed RC line with N=1000. A total of 1800 individual
cases were simulated for a wide range of circuit parameters. (b) Error distribution of calculated and
simulated delay for each individual data point and, (c) probability of error histogram. The mean error is
determined to be 1.9% with a standard deviation of 1.5%.

3.5. Power dissipation model for current-mode circuits

There are three primary sources of power dissipation in current-mode circuits: static,
dynamic and short-circuit power dissipation. Typically, the major component is the static
power dissipation that arises from the constant current path from Vyq to ground via the
resistive termination R, as shown in Figure 3.8. The dynamic power is dissipated when
the capacitive components are charged through the PMOS device and discharged via the
NMOS device. The third source of power dissipation arises from the finite input signal

edge rates that result in short-circuit current. Generally, careful control of input edge rates
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can minimize the short-circuit current component to within 20% of the total dynamic
power dissipation [15].

The dynamic power dissipation of current-mode circuits cannot be modeled by the
well-known equation den:VddZCTf, since it assumes that all the capacitive components of
the distributed RC line are charged to Vyq. As illustrated in Figure 3.8, the voltage at any
point of a resistively terminated line will be less than Vgq, resulting in a smaller dynamic
power dissipation component. To accurately model this effect, we find the steady state
voltage at each node of an N-segment distributed RC line,

Vi :Vddni [ :0,1,2...N (3-12)
where the voltage drop factor #; is calculated as
0 = Ri (3-13)
R, +Rs+ Ry

In Eq. (3-13), R is the resistance seen to the right of the i node, expressed as

R =R +R_—IR, (3-14)
where R, is the unit segment resistance and Rr=NR,. The dynamic power component at
each node can be written as

P = (Vg7 P C; T -act (3-15)
Ci is the capacitance at each node and act is the switching activity factor. Hence, the total
dynamic power dissipation can be expressed as

Paynamic = i R = i(vddni JCif-act (3-16)
=0 -0

short—circuit dynamic static

Figure 3. 8. Power dissipation breakdown of current-mode interconnect signaling.
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Evaluating the summation in closed-form and letting N approach infinity results in the

final expression for total dynamic power dissipation for current-mode circuits

2 2
_ 2 act. 2Ry [Re R 1R (3-17)
Paynamic = (. Vaq )*  -act {CL +CS{1+ R +[RLJ :|+CT [1+ R +3[RLJ :”

where 7. is given by Eq. (3-1c). Note that as R_ approaches infinity (i.e. voltage-mode),
Eq. (3-17) reduces to the more familiar dynamic power dissipation formulation of
voltage-mode circuits.

The static power dissipation component of current-mode circuits can easily be

expressed as

Ve (3-18)
RL

Pstatic =

In Eqg. (3-18), as R_ approaches infinity, the static component reduces to zero. The
short-circuit power dissipation component can be expressed as a fraction () of the total
dynamic power dissipation in Eq. (3-17)

Pshort—circuit = % - Paynamic (3-19)

where y typically ranges from 0.1 to 0.2 [15].

3.6. Optimum line width

Let us consider the relationship between total delay and interconnection line width,
where the former is determined by the sum of driver (Rs, Cs), interconnection (Ry, Cy)
and load termination (R, C,) delays. It can be easily shown that for a given
interconnection line, there exists an optimal line width that minimizes the total delay. For
the special case of voltage-mode signaling (i.e. R. = =), the total delay tso can be
rewritten from Eq. (3-7) as,

%:o.w +0.74-(RgrCqr + Ry C 1 + Rer +C (1) (3-20)

Next, assume that the total line resistance and capacitance is given by,
R =Ry~ (3-21b)
W

CT = CareaWI + Cfringel (3'21b)
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where Re,, Carea and Ciringe are specific to process technology and are defined as the sheet
resistance (€V/sq), parallel plate area capacitance (F/m?) and fringe capacitance (F/m) of
the interconnection metal layer, respectively; | and w are the interconnect line length and
width, respectively. Then, by minimizing Eq. (3-20) with respect to interconnection line
width of the Ry and Cy terms, we have

Cringel +2C
Wopt :J Rsh ( fringe L J (3_22)
Cie 2Rg

Figure 3.9a shows the 50% delay for voltage mode sensing given by Eq. (3-20) versus
line width for several loading capacitances. As predicted in Eq. (3-22), the optimal line
width increases as the loading capacitance increases. Notice that the effect of fringe
capacitance on the optimal line width (wqp) can be neglected when Cp » Cringe |.

A slightly more complicated yet generalized formulation for the optimal line width
can be similarly derived for current-mode signaling by minimizing Eq. (3-7). For
simplicity, only the terms inside the curly brackets {} in Eq. (3-7) are considered. Then,
differentiating in terms of w and equating to zero, the following relationship is obtained,
6Rg Ry (Rg + Ry W +12Rg Ry w* + lz(Rs +Ry)-3RE(Cr +2C4 )-3RE (Cy +2C, )}‘NZ
—2C,(Rg + Ry W-Cy, =0

(3-23a)
where Rg=Rd/(Ren), RU=RU/(Rsu), CLi=CL/(Careal), Ca=Co(Careal), and Cta=Ciringe/Carea.
Eq. (3-23a) can be easily solved numerically to yield the optimal line width (Wgp). A
further simplification of Eq. (3-23a) is possible if the fringe capacitance is neglected.

Then the following expression holds:

2
Woge 1 {Jl_ (Rg +R) +[Rg + R J(REICLI L R3Cq )_1} (3-23b)

Ry + Ry 3Rg Ry Re Ry

Although the fringe capacitance in any modern process technology should not be
neglected, the approximation in Eg. (3-23b) exhibits an asymptotically improved
accuracy when Cy;, Cq » Ciz and Ry, Rg »0. The dependence of Wy 0n Rs, R and C is
shown in Figure 3.9b and 3.9c using Eq. (3-23a) and Eq. (3-23b) for (=0, 2 and 4, where
€ is defined as {= Ciringe/(Carea tm). Notice that for small values of R, Eq. (3-23a) should

be used to accurately model the effect of fringe capacitance. Additionally, since no
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constraints are placed on the range of Wey, it is to be understood that wy: in Eq. (3-23) is
valid only for values larger or equal to the minimum interconnect width (Wmin) specific to
the metal layer and process technology. Also, it is easy to verify that in the limit of R_ =
o, Eq. (3-23) reduces to Eqg. (3-22), as to be expected.

Cfn‘uge /um= t.: Corea

8 T T T T 8 T T T T
Cp=2pF
7 7
O [
%5 %5
[¥] [¥]
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Figure 3. 9. Shown in (a) is the total delay versus line width, indicating that there exist an optimal width
(Wopt) that minimizes delay. The optimum line width that minimizes delay versus load termination R, is
shown for several (b) Rs values and (c) C_ loading. Results are based on 0.18-pum copper process with M5
signal line and M3 shielding for a 10-mm long line (Rg,=0.07Q/sq, Caea=14 aF/ pm?2, and Cringe=C Carea
um). Unless otherwise specified, Rs=200Q and Cs=150fF.

One important result of Figure 3.9b is the reduction in optimum width (wqp) for
decreasing values of R, indicating that higher interconnection densities can be achieved

with current-mode signaling. At a glance, this result may not be as intuitive and an
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attempt is made to explain this behavior. Lets first assume that R = « and that Eq. (3-20)
holds. A closer look at Eq (3-20) reveals that the only terms that depend on the
interconnection width w are the product terms RsCr and Rr(C_+Cxingel) — i.€., these terms
are obtained by expanding and multiplying out by RrCy. Thus the optimal width that
minimizes delay can be approximately expressed as a function of the ratio Ry
(CL+Ciringdl )/(RsCr), as described in Eq. (3-22). Next, as R_ is allowed to decrease and
referring to Eqg. (3-7), this ratio can be roughly approximated by
[Rr(CL+Ciringel )]/[RsCr(1+0.5R1/R)], which decreases as R, is reduced. Consequently, the
reduction of R_ effectively increases the weighting factor on line capacitance Ct and as a
result, the optimum width decreases to minimize the line capacitance.

The exact dependence of wgy on delay parameters is more complex and can be
approximated by Eqg. (3-23). Notice that even the interconnection length | has an effect on
the optimum line width. To summarize, as R_ is reduced the optimum line width
generally decreases to minimize the capacitance of the line. This reduction in wgy is more
pronounced for small values of Rs. In Figure 3.9c¢, the optimum width is shown versus R.
for various C, values. Notice that the reduction in optimum width is also prominent for
large C_ values, indicating that current-mode signaling can be desirable for heavily

loaded lines such as clock distribution networks.

3.7. Repeater insertion with current and voltage mode
signaling

The most popular speed improvement technique used in global interconnect buses is
the insertion of repeaters with full-swing voltage mode signaling. It is a well-known fact
that repeaters improve the quadratic dependency of delay on interconnect line length to a
less severe linear relationship [7]. Thus, most high performance systems such as
microprocessors require repeating signals at the global level to some extent. For instance,
the Intel Itanium™ microprocessor [16] fabricated in a 0.18-um 6-metal layer process
and with a total of 25.4 million transistors, requires approximately 85% of its global nets
to be repeated. Of about 13,000 total nets at the top level approximately 11,000 require

insertion of repeaters. Interestingly, the average number of repeater drop points per net is
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approximately 1.5 [16]. That is, only a sub-optimal number of repeaters were used in the
physical design [16], [17].

Since optimal repeater insertion can seldom be achieved in an actual design due to the
complexity that arises with its physical implementation (i.e. placement, area, power,
noise), a comparison of sub-optimal/optimal repeaters with voltage and current mode
signaling is made. Figure 3.10a shows the comparison benchmark used for the analysis,
where k uniformly spaced drivers divide a long interconnect with total resistance Rr and
total capacitance Cr. A possible implementation of the voltage and current mode
repeaters and receiver are shown in Figure 3.10b and 3.10c, respectively. The generalized
model in Figure 3.10d is used to approximate both voltage and current mode repeater
circuits. Notice that a conversion delay (t.q) is added to account for the low to high swing
conversion delay penalty of the current-mode repeater.

Repeater
Rr Ry Ry Receiver
k k k
— AAA— e —AAA— -
IN ¢ | [ | cr ouT
k- kT k=

,t.':d
[ VL full swing

conversion delay tcd

o
A\ ¥
VL 5 2 VL E C,
R, L

(b} (c)

Figure 3. 10. Analysis benchmark for voltage and current mode repeater insertion (a), with
repeaters/receiver circuit topologies for (b) voltage and (c) current sensing. (d) Simplified repeater circuit
model with conversion delay (t.g).

Figure 3.11 illustrates the delay latency, power dissipation and maximum throughput
projections of voltage and current sensing repeaters. The results are based on equations
(3-7) and (3-17)-(3-19) for a 0.18-um process with interconnect resistance (Ry) and
capacitance (Cy) varied from 50-1000Q and 100fF-2pF, respectively. Other pertinent
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parameters are defined as follows: V44=1.8V, Wp/Wn=3, activity factor act=0.5, short-
circuit dissipation factor ¥=0.1, hox=50(Wp/Wn) and R =100Q. hy is the optimal driver
size and Wp(Whn) is the minimum size width of the pMOS(nMOS) transistor.

In Figure 3.11a, the delay latency of an unrepeated interconnect line with a single
current-mode (CM) receiver exhibits comparable performance to a repeated line with k
uniformly spaced voltage-mode (VM) drivers (i.e. k-1 repeaters). The optimal number of
drivers (Kopt), is derived by minimizing Eq. (3-20) with respect to k, which yields,

RrCr

2(C|_ + CS)RS (3-24)

kopt =

where Ry and Cr are given by Eq. (3-21). Notice that the inclusion of the source
capacitance (Cg) in the delay formulations presented in this paper yields a lower kqp: than
[7]. Figure 3.11a shows that the conversion delay (tcq) overhead due to low-to-high swing
conversion of the CM repeaters/receiver can have a noticeable impact on the overall
latency of a repeated line.

Figure 3.11b shows the total power dissipation (Pr) (i.e. dynamic + static + short-
circuit) dependence on interconnect delay RrCt for several k values and a target data
frequency of 2GHz (i.e. 4Gb/s NRZ data rate). In the CM sensing case, for short
interconnect lines (i.e. RyCr < 0.5ns), a large static power is dissipated due to the current
path from the power supply to ground via R, resulting in large overall power dissipation
(Py). This indicates that CM signaling should be used for long global resistive
interconnects to minimize the static power dissipation. However, the minimum power
dissipation (Pmmin) that is required to achieve a target data frequency of 2GHz is smaller
when CM repeaters are used. For simplicity, in the CM sensing projections, the power
dissipated in the driver, interconnect and receiver is assumed to be larger than the power
dissipation of the level conversion circuit. Any additional power dissipated in the CM
level conversion circuits can be added to the projected trends. In general, the result of
Figure 11(b) can be attributed to the reduction in dynamic power dissipation due to the
lower voltage swing and a fewer number of CM repeaters. As shown in Figure 3.11b, CM
signaling can achieve the target data rates with nearly 1/3 the number of VM repeaters.
This trend is illustrated in Figure 3.11c, where the improvement in maximum throughput

(frax) Of the CM sensing scheme is apparent. For instance, at RyCr=1ns, 3 CM repeaters
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achieves nearly 4.8Gb/s more NRZ bandwidth than 3 VM repeaters, and exhibits the
same data rate performance as 9 VM repeaters. This comparison is extended in Figure
3.11d to illustrate the dependence of the power and data rate ratio (Pt/frax) On the number
of repeaters (k-1). Again, the advantage of CM mode sensing over VM signaling is more

evident for long interconnections (i.e. RfCr =2ns).
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Figure 3. 11. Delay, power and maximum throughput comparison of current (CM) and voltage (VM) mode
signaling. (a) Delay latency vs. R+C+ for sub-optimal/optimal voltage mode repeaters and a single current
mode driver (k=1). (b) Total power dissipation for various k values assuming a 2GHz data frequency (fyata)-
To determine the minimum power dissipation (Ptmin) curves, the bandwidth of each repeated section must
be > fyaa- That is, the steady state delay (tsr) defined in section 3.4.3, must be satisfied (i.e. tsr < 1/fg44) foOr
each of the interconnect line segments across all k values. (c) Maximum NRZ data throughput and (d)
power data rate ratio vs. number of VM and CM repeaters.
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3.8. Delay Overshoot due to finite edge rates

The analysis in the previous sections assumes a linear resistance (Rs) and capacitance
(Cs) model for the interconnect line driver (i.e. inverter). However, when an inverter is
driven by a sharp input edge, the input-to-output or miller capacitance (Cy) of the
inverter causes a voltage overshoot at the output, which may add to the overall delay.
This effect is shown in Figure 3.12, indicating that the recovery time (tmier) Of this
overshoot voltage can contribute appreciably to the overall delay time [18]. An offset
delay term (tost) Can be used to account for this effect,

toficet :{I—R[HV—T}L 2Cu [0.37+0.74(R; Csr + Ry Cy7 + Rgr +Cy1 )]}—a-to
2\ Voo of

(3-25)
where Cg IS the effective load capacitance seen by the driver, given by Eq. (3-1b). The
first term in {3} brackets of Eq. (3-25) represents the recovery time (tminer) and to (i.e. ty
when v=0) is the zero crossing delay time of Eq. (3-7). The term a is used as a pseudo-
empirical fitting factor that can be extracted from simulations, typically ranging 0 <a < 2.
The overall delay (tg,) can be approximated from equations (3-7) and (3-25) as,

tay =ty + Lot —V-tR tr <tniler (3'26)

output response
with Iir\lear Rgand Cg

\ (R \ |
AN
| s \ c
loffset  CM T
IRV AV AN
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W single exponent

o 2670 crossing delay

Figure 3. 12. The miller effect due to a sharp transition at the input causes add recovery time (tier)-
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3.9. Experimental Results

The test chip fabricated in AMI 1.6um bulk CMOS technology consists of six
parallel-terminated test lines to experimentally verify the proposed model. Figure 3-13
shows the 2x2 mm? die micrograph with model 10 and 34A GGB probes. Due to the
small die area, poly interconnects were used to model the effect of long metal RC
interconnects (I >10mm). Parameter extraction of resistance and capacitance was
performed using a 4275A LCR meter, with measured values given as follows: Rt=500Q,
Ct=1.63pF, C =771fF, R =4.44kQ, 2.22k Q, 1.11k Q, 555Q, 277Q, and an open ended
termination for voltage mode signal. The driver is an inverter with the PMOS and NMOS
sized as Wp/Lp = 5x(48um/3.2um) and Wn/Ln = 5x(14.8um/3.2um), respectively. The
extracted linear driver resistance and source and miller capacitance is Rs=250Q,
Cs=1.3pF and C=350fF, respectively.

i

:}’i':‘*ﬁ‘ o . -

iy

Figure 3. 13. Chip micrograph for delay formula verification.

The test setup used to create a fast input edge (i.e. at least 5V for AMI 1.6um devices)
and measure the input/output waveforms is shown in Figure 3.14. A fast input edge is
created using a PSPL 4015B output driver, a 3dB attenuator and a 5541A bias-T. The
PSPL 4015B driver creates a 30ps -9V output edge, which is attenuated and DC biased to
create a sharp falling input edge (i.e. approximately 5V to —1V). The input edge is
measured to be approximately 300ps with a high-impedance model 34A GGB probe. In
order to de-embed the measured waveforms from the probing and testing equipment, a
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single probe is used to measure both input and output waveforms. The measurements vs.

SPICE simulation and model results are shown in Figure 3.15. Measurements of the input

and output waveforms were made using a TEK 11801A oscilloscope with an SD-24

sampling head. The measured

result is seen to agree well with the proposed model. The

accuracy of the measurements is within 100ps, limited mainly by the bandwidth of the

model 34A probes.
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ov oV POWCLSEJTJ
PSPL _k —6V1 e L s 45y
40158 2V
l s l 5541A | scape
Driver Out 3:'( 4015RPH }:'1 3dB )‘T[ Bias:T 1 = [R=30ps
TriggerIn [ pulse head Attenuator 5V \
Y
TEK 11801A | | | o~ Model 10
Oscilloscope EV P Probes +5V
Trigger Out
Ch1 W
Ch2 ouUT
GPIB
1m coax
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Figure 3. 14. Experimental setup for delay measurement.
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Figure 3. 15. Measured and theoretical results of delay analysis.

60



6 6 r=
. 0.9
AW Rrep
5 e 5
\{: W RiTC

il e TG 0.8

~4 ' ' ~4
E | — model - g 0.7
E 3t « SPICE 0.8 5 3 06
2 A 0.5
2 2 04
:
1 1 01

0 051 15 2 253 354 45 5 0 051 15 2 253 354 45 5
Ry, (kQ) Ry, (kQ)
() (b)

3 6
— model v=
23 _ model 5 « SPICE __—erevv 7" 0.9

2 « SPICE y= 4 =

Delay (ns)
i

Delay (ns)
W

A
0.6
1 Yie &,
o
0.3 qo1 1
0 051 152 253 354 45 5 0 051 152 253 354 45 5
Ry, (kQ) Ry, (kQ)
(c) (d)

Figure 3. 16. SPICE simulations vs. model results for TSMC 0.35um Al process with M3 line between M4
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Further model comparisons are made in sub-micrometer process via SPICE
simulations. Figure 3.16 shows simulation vs. model comparison results in TSMC
0.35um Al process for 2um wide metal-3 lines that are 10mm and 20mm in length,
sandwiched between metal-4 and metal-2 planes. The accuracy of this model is over 90%
for the simulated range of parameters. Notice that as the resistive load termination (R.)
increases, the delay asymptotically approaches that of a driven interconnect with a purely
capacitive load (C_) termination (i.e. voltage mode). To achieve reasonable delay
reduction, R_ should be chosen such that R « Rs+Ry. An estimate of the maximum NRZ
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data throughput in TSMC 0.35 um is shown in Fig 3.17. For simplicity, it is assumed that
the data throughput is equivalent to 1/tg (i.e. the reciprocal of 0-90% delay). The results

indicate over a 2x increase in data bandwidth as R, is decreased.
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Figure 3. 17. Maximum NRZ data rate vs. R,.. Driver size is Wp/Wn=5 x (8um/3um).
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3.10. Summary

A simple closed-form expression for the effective resistance and capacitance of a
driven distributed RC line with resistive termination is presented. Based on this model, an
analytical closed-form delay expression under step input excitation is derived. The
formulation is valid for both voltage and current mode signaling and exhibits an error less
than 5% for a large set of simulated circuit parameters. An extension to this formulation
for ramp inputs with arbitrary rise time exhibits a mean error of approximately 1.9% and
standard deviation of 1.5%. To model the power dissipation in current-mode sensing
schemes, a new closed-form expression for dynamic power dissipation is presented to
accurately predict the reduction in dynamic power due to the voltage drop along the
resistively terminated interconnect line. In addition, the optimum interconnect line width
that minimizes the total delay is formulated. The optimum line width for a current mode
bus is shown to be typically much smaller than that of voltage mode signaling. This
reduction in optimum line width is found to be more prominent when the driver source

resistance (Rs) is small and the load capacitance (C,) is large.
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The effect of fast input edge and input-to-output capacitance of a CMOS inverter is
considered. Analysis shows less then 10% error in model uncertainty for a wide range of
parameters. Results from experimental measurements of an AMI 1.6um test chip is
shown to agree with the proposed model. The proposed model can be used to estimate
delay and bandwidth performance of both current and voltage mode signaling schemes.

The key to current-mode signal transporting is the shift in pole position and reduction
of the system time constants that result from sensing signals with low impedance nodes.
The analysis presented herein shows that current-mode signal transporting techniques can
be used to enhance the overall delay and bandwidth performance in long global on-chip
interconnects.

Using the delay and power expressions, a comparative study of delay latency, power
dissipation and maximum throughput is presented for voltage and current mode repeaters.
It is shown that a single current-mode driver achieves comparable performance to the
optimally spaced voltage mode repeaters. An increased margin of interconnection delay
latency can be used to accommodate the low-to-high swing delay conversion of the
current-mode repeater/receiver, while maximizing the data throughput. It is found that
current mode signaling is best suited for long resistive interconnects to minimize the
static power dissipation, which can be significant for short interconnects. It has been
shown that the increase in NRZ data throughput for current sensing repeater insertion
schemes can be significantly larger than the voltage mode signaling schemes. In addition,
current-mode signaling can be used to meet the increasingly difficult target data
frequencies with a fewer number of repeaters, minimizing the complexity associated with
inserting a large number of repeaters in critical delay paths. Perhaps, a hybrid repeater
insertion approach, with voltage mode repeaters for intermediate interconnects and
current mode repeaters for long critical interconnections can be envisioned in future deep

sub-micron systems.
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Chapter 1V

Band-limited Signaling for Cross-talk
Reduction

4.1. Introduction

The current interconnect scaling trend in CMOS technology suggest that mitigating
the effect of increasing wiring resistance on propagation delay, exemplified by high metal
aspect ratios, is of significant relevance in high performance VLSI [1]. However, higher
aspect ratios combined with decreasing metal pitches with each technology generation
will progressively exacerbate the signal integrity problem due to an increase in coupling
capacitance between adjacent conductors. Therefore, its is likely that the cross-talk noise
due to coupling effects will become increasingly important and will eventually become a
dominant problem over intermediate and global propagation delays. The potential
problem due to cross-talk is augmented given the reduced noise margins in modern high
performance non-static logic circuits (i.e. dynamic circuits with multiple phase clocks
and pre-charge logics), as well as the decrease in device threshold voltages.

To reduce cross-talk noise due to capacitive and inductive effects, we propose a
signaling scheme based on band-limited basis waveforms to partially replace the fast
edge-rate pulses in critical high-density interconnect communication links within the
system. The fundamental difference between this technique and other solutions is that
band-limited signaling for critical paths results in the minimization of the cross-talk noise
source itself. If we operate under the assumption that signaling across global interconnect
tracks result in several clock cycles of latency [2], or that the processing margin is
available, the increase in propagation delay due to band-limited signaling can be

acceptable. The rationale for this is that in highly integrated large-scale systems, the
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latency in global propagation delay is unavoidable and will continue to worsen with
future technology nodes [1]. In contrast, the penalty in fault detection errors due to cross-
talk noise coupling effects is usually unacceptable.

In order for band-limited signaling to be efficiently deployed on silicon, its
implementation should have minimal circuit overhead and must be compatible with
repeater insertion methodologies used in high-performance designs. Moreover, the band-
limited approach can be designed to support current-mode schemes to minimize cross-
talk noise and maximize signaling bandwidth.

In this chapter, we investigate the effect of band-limited signaling on cross-talk noise
and address relevant issues such as delay and power dissipation related to the proposed
signaling scheme. In section 4.2, the band-limited signaling scheme is defined and a
cross-talk noise model for current/voltage mode coupled on-chip interconnects is
analyzed in both frequency and time domain. Theoretical expressions are derived to
evaluate the cross-talk noise waveforms due to an aggressor line. In section 4.3, circuit
implementation issues of a band-limited repeater are discussed. A test chip fabricated in
AMI 1.6pm bulk CMOS technology is used to experimentally verify the effect of band-

limited pulses on cross-talk noise. Concluding remarks are presented in section 4.4.
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4.2. Band-Limited Signaling
4.2.1. Definition

If we recall, data transfer in digital communication systems involves the construction
of orthogonal basis functions and mapping these functions into a vector space to form a
signal constellation [3]. The vector space of a baseband pulse amplitude modulation

(PAM) signal can be represented as,

X(t) = Z In- g(t - nTb) (4-1)

In Eq. (4-1), the I, s are the transmitted symbols, g() is the basis function and Ty is
the bit time. From a circuit implementation perspective, due to its simplicity in generation
and moderate complexity in detection, g(-) is typically chosen to be a constant throughout
the bit time (i.e. square pulses). In band-limited signaling, the basis function g(-) is
modified to improve its spectral characteristics for transmission in long global
interconnects. Since typical implementations of pulse-shaping filters for digital
communication systems [4] incur in large power dissipation and speed limitations, an
alternative approach is required. In this work, the basis waveform g(-) is generated
instead by approximating a Raised Cosine pulse at 100% excess bandwidth with a
reduced edge-rate signal. For modeling purposes, the reduced edge-rate signal transitions
can be represented by a half-cycle of a sinusoid to take into account for the soft turn
on/off transitions of MOS transistors. An example of the waveform approximation is
depicted in Figure 4.1, referred to as Raised Cosine Approximation (RCA) from hereon.

The RCA pulse grea() is defined as,

Orea(t) =é{l+ cos(ﬂ (t -Ty )]] 0<t<2T, (4-2)
2 Ty

Its Fourier transform is easily derived and expressed as,

GRCA(f>=—A[ sin(2fT, ) }e‘”’“b (4-3)

2| A l-4a1212)

It can easily be shown that the RCA pulse is the frequency dual pair of the RC filter
at 100% excess bandwidth. The spectrum of the RCA pulse contains tails or side-lobes
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that decay inversely as f ©, whereas the spectrum of a rectangular pulse decays at a rate

inversely proportional to f 2 [3].

1.2 T T T

— RAISED COEINE

[y

=
[

Voltage (v)

Timt‘e] ns)

Figure 4. 1. Raised Cosine Approximation (RCA) waveform.

4.2.2. Cross-talk Noise Model
4.2.2.A. Frequency domain Analysis

Using the previously derived effective resistance and capacitance in Eq. (3-1), a
simple model can be obtained for two coupled interconnect lines of length |, as shown in
Figure 4.2a. The approximating lumped element model is shown in Figure 4.2b, where
Cc and Cg; (i=1,2) are the effective coupling and vertical capacitances of interconnects,
respectively, and Rg; is the effective resistance defined in Eq. (3-1a). Results obtained
from extensive HSPICE simulations suggest that a good approximation to the effective
coupling capacitance is Cc= 0.85C, |, where Cq, is the distributed unit-length coupling
capacitance. The driver and receiver circuits are model with linear resistance and
capacitance values previously defined as Rs, Cs, R_ and C.. Note that the input loads of
the signal and quiescent line receivers may be resistive or capacitive depending on the

signal transporting technique (i.e. voltage or current mode).
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Figure 4. 2. Equivalent cross-talk model for two adjacent drivers; (a) driver/interconnect models (b)
equivalent circuit model.

Since the worst-case cross-talk for long on-chip interconnects occurs at the receiver
end [5], the signal and cross-talk noise transfer functions given by Vnoise(s)/Vin(s) and

V0oan(S)/Vin(s), respectively, are derived,

Vioa () _ 1+ s-72Re2 (Cer +Cc )l muy (4-4a)
Vin (9) {52 [7047 2 ResRe2 (CesCa +CeiCe + CeaCo )]+}
S[ﬂLlREl(CEl +Cc )"‘ N 2Re2 (CEZ +Cc )]+1
Vo (9) _ (TIL177|_2 Re2Ce ) S (4-4b)

Vin (s) {52 (70171 2Re1Re2 (CesCz + CeiCe + CeaCo )]+}
S[ﬂLlREl(CEl +Cc )+ N2Re2 (CEZ +Cc )]"‘1

The resulting transfer functions Vi oap(s)/Vin(s) and Vnoise(s)/Vin(s) are depicted in
Figure 4.3. Note that V| 0ap(s)/Vin(S) can be viewed as the sum of two separate transfer
functions composed of a low-pass (i.e. Vp(s)/Vn(s)) and a band-pass (i.e. Vep(s)/Vn(S))
component (shown in dashed lines), such that,
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Vionp (S) _ Vip(S) + Vgp (S)
Vin(s)  Vin(s) Vin(s)

The objective of the following frequency domain analysis is to gain some

(4-5)

understanding into the frequency sensitivity of a quiescent line to cross-talk noise from
an adjacent aggressor. To model the frequency and cross-talk sensitivity of the quiescent

line, we introduce parameters,

o, =10 s (4-6a)
fo
Cc
¢ __ 4-6b
fe=gie (4-60)

where o; and £ are defined as the frequency offset and cross-talk factors, respectively. In
(4-6), fo and fagg are the maximum gain and 3dB frequencies of Voise(s)/Vin(s) and
Vioap(S)/VIN(S) transfer functions, respectively. The parameter o; is simply a measure of
the frequency deviation between the peak noise frequency (i.e. fo for Vnoise(s)/Vin(s))
and 3dB signal frequency (i.e. fags for Vioap(s)/Vin(S)), whereas S represents a loss

factor determined by the aspect ratio of the parallel interconnects.

Y,

_40_ NO]SE fsdB .......... 4
—45-V]N -----------
_50 : R : Loy

01 1 10

Frequency (GHz)

Figure 4. 3. Frequency response of aggressor and victim lines for coupled lines in Al 0.18-um process with
ground planes above and below (W=1-um, spacing=0.28-um).
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For the special cases when both interconnect lines are equal, the 3-dB frequency (faqg)

can be expressed in terms of f, and f; in the following form,

g2 ¥ ()
f3dB = f < +1 - < (4'7)
’ [1— pé 1- B2
From (4-7), f34s can also be written as,
fog = foll—er ) (4-8)
which results in the following expression for ¢s in terms of f:
2 2 2 2
oy =1-| || L¢ ~ | +1- e - (4-9)
1- ,Bc 1- :Bc

Equations (4-7) and (4-9) imply that the relative position of f, and fsgs can be
controlled with interconnect design parameters. A plot of os versus S is shown in Figure
4.4a. A low p. represents small coupling capacitance Cc whereas a large j. indicates
large Cc. Notice that as fc is increased, os increases exponentially indicating that the
difference fo-fags increases rapidly. A similar result is obtained in Figure 4.4b, where the
dependence of a; and S with interconnect spacing are shown in shaded regions. As to be
expected, at large spacing s (i.e., . <<1) the cross-talk between the aggressor and victim
lines is minimized, whereas the opposite is true for small s.

In general, the increase in S implies that the victim line is more susceptible to the
input excitation of the aggressor line, and the increase in oz implies that the susceptibility
due to higher frequency components tends to be larger. This suggests, that in a high
cross-talk factor f; interconnect environment, the cross-talk noise can be minimized if

band-limited signaling such as RCA pulses is used instead of square pulses.
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Figure 4. 4. Frequency analysis of cross-talk noise (a) af versus Bc (b) Cross-talk frequency offset and loss
factors vs. spacing. The analysis is based on the UMC 0.18-um Al process with interconnects in Metal 4
(W=1-pm, T=0.57-pm and H=0.8-pm, L=10000-pm.

To gain a better understanding of the potential impact of the band-limited signaling
scheme on interconnect wires with large aspect ratios or equivalently high g, we first
formulate the cross-talk noise reduction in terms of the SQ and RCA pulse spectrums.
The cross-talk noise power spectral density with input source pulse shapes Gso(f) and
Grcea(f) can be defined by:
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2
vn%,SQ(f>=V\L,OA'2S) G&(f) (4-10a)
IN
Vi ()]
Vi pon (1) =22 G (1) (4-10b)
IN

where Ggrea(f) is defined in Eq. (4-3) and Gsq(f) is given by the ubiquitous:

sin(7fT,, ) i,
Ty

Gg(f)= ATb[ (4-11)

Next, using equations (4-3), (4-10) and (4-11) we define y(f) as the frequency envelop
of the ratio of the two cross-talk noise power spectral densities:

COS(’E' fT)bz) 0< T, <1
1-4(fT,
HOE ° (4-12)
1
1< Ty <oo
1-4(fT, )? °

Equation (4-12) gives the frequency dependent envelope of the best-case cross-talk
noise improvement of RCA over SQ signaling versus normalized bit time (fTy), as shown
Figure 4.5. The relative improvement at the first (i.e. fT,=1) and second (i.e. fT,=3)
components of the data frequency is 9.54dB and 30.88dB, respectively. Notice that
assuming a linear time invariant interconnect channel, the improvement in cross-talk

noise over SQ signaling is independent of the noise transfer function, as to be expected.

\ 9.54dB
_10 [

30.88dB

dB

1Y)

S

Figure 4. 5. Relative performance improvement of RCA signaling over SQ signaling.
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4.2.2.B. Time domain Analysis

Unlike frequency domain analysis of cross-talk noise, time domain expressions can
provide information on the instantaneous changes of cross-talk voltage in the quiescent
line due to an aggressor. Thus, the peak noise voltage can be found to determine whether
it exceeds the noise margin of the receiver. In order to determine the cross-talk voltage
waveform due to a band-limited step input at the aggressor, the input waveform is first

defined as the superposition of two sinusoidal terms, which can be expressed as,

Vin (1) =(3AJ- Hl— COS(%J]' u(t) +[1— cos[’i—:J]- u(t —tR)] (4-13)

where u(t) denotes the unit step function, A is the amplitude of the waveform and tg is the
input rise time. Notice that the expression in Eq. (4-13) is general and can be used to
represent a SQ input by letting tr approach zero, whereas an RCA waveform can be
represented when tg=Tp/2 (i.e. tr is half the bit time). Figure 4.6 shows the input

waveform composed of two sinusoidal terms.

1.2 T T T T T T T

-
o
T

Voltage (v)

soft transifians

=
kS
T

0.2F

1] 0.1 0.2 0.3 0.4 0.5 0.6 0.7
Time (ns)

Figure 4. 6. Representation of a reduced edge-rate step with rise time tR. The waveform is composed of
two sinusoidal terms.
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For completeness, the output response of both the aggressor and victim lines at the
receiver-end are derived. The aggressor line output response given the effective lumped
element model of Figure 4.2b with input waveform as defined in Eq. (4-13) can be
derived from the transform domain multiplication of Eq. (4-4a) and the Laplace of the

input waveform. The Laplace of the input waveform can be expressed as,

Vi (9) :ﬁ[l— S _ ] L4etes) (4-14)

2|s s?+w

The product of Eq. (4-4a) and Eq. (4-14) yields the following expression:

A s a 1 _
Vioap (S)=?[ : + ° I__ 2 > 2 ](1+e tRS) (4-15)

sz+bls+b0 32+bls+b0 S s“+wy

where a;, ao, by and by are the coefficients of the transfer function defined in Eq. (4-4a).
The output time-domain response can be expressed as:

Viour (t)=Vioao ()+Viow (t-tr) (4-16)

In Eq. (4-16), VLoap(t) is the kernel of the output response. Assuming that the coupled

interconnects are symmetric (i.e. Rg1=Rg;=Re and Cg1=Cg,=Cg), the kernel can be

written after some algebraic manipulation as:

2 2
1 1+ B — 1 1- B¢
2t f 1 O i 2t f 1 A e
R N TV A S B N GRS LTy B

Vioap t)= > >
G [ s I e
2tafy | | 1- Ao 2trfo | | 1+ Ao

2 t 1 ; t
vi- B¢ COS[”g—M)—[ZtRfO }sm[ng—M]

(e oo e

(4-17)

foo— 1 / Pe (4-18)
27 CcRe Y1+ B¢

where f, and ¢ are defined as,
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2{ 1 1
¢: 2'[Rfo 1_130 (4_19)

1- 1
(57

In similar manner, the transform domain of the noise transfer function is given by the

product of Eq. (4-4b) an the input waveform in (4-14), which can be written as,

VNOlSE(S)ZA'[L]‘[l_ - > ]'(“‘e_tRs) (4-20)

2 | s®+bs+b, ||S $°+w}

where ag, b1 and by are the coefficients of the transfer function defined in (4-4.b). The
output time-domain response of the quiescent line due to a finite rise time input

waveform can be expressed as:
V20ur (t)=Vyoe (t)+ Vioise (t—tr) (4-21)

The kernel Vnoi(t) in EQ. (4-21), can be written as:

2 2
2tg f 1- —wo‘/ t 2t f 1+ ~@oy 5t
Viole (t):% 05. RTo ! Be e 4B RTo ! Be e he |,
14 1 1+ B¢ 1+ 1 1- 5
2tr fo 1- 8. 2t fo 1+ B,

(4-22)
where the initial phase ¢ is given by EqQ. (4-19). The expression in (4-21) is used to find
the time-domain response to input step with finite rise-time. For an arbitrary input pulse
pr(t) of finite duration Ty, the noise voltage can be written as,

pr (t)=V20ur (t)-V20ur (t-k tg) (4-23)
In Eq. (4-23), the pulse width is defined as Ty=ktg, where k is any positive integer.
For the special case when the pulse width is tg (i.e. k=1), the peak cross-talk noise can be
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expressed in closed form by assuming that the peak noise occurs at the maximum of the

sinusoidal term. Solving for t=tpeq yields,
t peak =tR[o.5+MJ (4-24)
/4

Thus, an approximate closed form expression to the peak cross-talk noise is given by
Vpea= Vnoise (t=1tpeak). In general, the peak cross-talk voltage can be obtained from Eq. (4-
23), where less than 10 iterations of simple back substitution are typically sufficient. The
aggressor load and victim cross-talk voltage are shown in Figure 4.7. Note that a resistive
load termination (R\) results in decreased noise only due to the reduced voltage swings of
current mode signaling. That is, for the same voltage and current mode line response, the
ratio of the peak noise to the voltage swing at the far-end of the aggressor line remains
fairly constant for different R,.
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Figure 4. 7. Load and cross-talk voltage waveforms. The following parameters are used: R =1kQ,
C_=500fF, Cr=2pF, Rt=500, Rs=250, Cs=100fF and tg=2.5n.
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4.3. Circuit Implementation

4.3.1. Adjustable Slew-rate Repeater

Repeaters, in general, are uniformly inserted in long global on-chip interconnects to
minimize delay and improve data signaling bandwidth [5], [6]. In this work, repeaters are
also used to limit the bandwidth of the output pulse. To realize a wide range of output
edge-rates, a simple adjustable slew-rate repeater for on-chip signaling is proposed in
Figure 4.8. Unlike typical implementation of slew-rate control drivers [7], [8], based on
weighted current switches that are activated sequentially with signals derived from delay
lines or counters, the proposed circuit has small overhead. This is particularly important

given the increasing number of on-chip repeaters used in modern high performance VLSI

designs [9].

A
vdd | \IN
| |
'Vp |

|

0
| |
IN - J\: [
= |
BE | |
EH | [
- | |
control
voltages
(b)

Figure 4. 8. Adjustable slew-rate repeater (a) circuit (b) transition time and control voltages and (b) fall
time.

The non-inverting adjustable slew-rate repeater shown in Figure 4.8a operates as a
typical buffer with the exception of voltage controlled MOS resistors P1 and N1. The
dependence of output transition time on bias voltages Vp and Vy, designed to be
symmetric about VVdd/2, is shown in Figure 4.8b. Notice that by setting Vy to VVdd and Vp
to ground, fast transition times can also be obtained. Measured output transition
waveforms from a test chip fabricated in AMI 1.6um bulk CMOS technology are

superimposed for several bias voltages, as shown in Figure 4.9.
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Figure 4. 9. Measured output driver response (a) rise time and (b) fall time.

Figure 4.10a shows the measured rise and fall transition times versus bias voltages Vp
and V\y, respectively. Due to device mismatch, an offset voltage is required to equalize

the transition times, as shown in Figure 4.10b. The mean offset voltage is approximately
140mV.
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Figure 4. 10. Measured rise and fall time (a) vs. bias voltages VP and VN. (b) Offset voltage required to
equalize rise and fall transition times.
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4.3.2. Cross-talk Noise

In order to experimentally evaluate the effect of band-limited pulses on cross-talk

noise, measurements were performed with cross-coupled test patterns, as shown in Figure

4.11a. The test chip fabricated in AMI 1.6pm, is shown in Figure 4.11b. To model the

lateral wiring capacitance exhibited in deep sub-micrometer process technology, the

cross-coupling capacitance between aggressor and victim lines were implemented using

the vertical capacitance of metal 1 and metal 2 layers instead. Table 4.1 summarizes the

signal and coupling capacitance values.

IN _:>°‘\

BL driver

Figure 4. 11. Experimental test setup (a) test cases (b) die-section microphotograph.

Table 4. 1. Summary of capacitance values.

Signal C1 C2 C3 C4 C5
Capacitance 1.85pF 95fF 190fF 380fF 571fF 1.14pF
CCOUPLlNG/CSIGNAL - 0.05 0.1 0.206 0.31 0.62
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Measured signal and noise waveforms for output rise and fall transitions are shown in
Figure 4.12. Notice that the peak noise voltages in the victim lines, except lines 1 and 2
on the falling output transitions (i.e. C1 and C2), exceed the device threshold voltage for
this process — V1n=0.56V and Vp= -0.97V. This occurs even for small coupling-to-
signal capacitance ratios of 0.05 (see Table 4.1). Thus, in deep sub-micrometer process,
where the device threshold voltages are low and the aspect ratios of minimum pitch
global wires are projected to exceed 2.5 [1], the effect of noise cross-talk will become a

dominant problem.
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Figure 4. 12. Measured signal and noise waveforms due to (a) rising edge and (b) falling edge.

The measured peak noise voltage in the victim line versus output signal rise time is
shown in Figure 4.13. The effect of limiting the output pulse bandwidth on cross-talk
noise is more prominent at faster edge-rates, indicating that small changes in rise time
can yield significant improvement in noise performance. For instance, in the case of line
5 (i.e. Cb), decreasing the rise time by 2.18ns from an initial 3.5ns yields a reduction in
peak noise of 500mV, whereas decreasing it by 10.7ns from 23ns yields a reduction of

only 193mV. Notice, however, that the results in Figure 4.13 indicate that a relative large
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change in signal rise time is required to guarantee that the peak noise does not exceed the

device threshold voltages.
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Figure 4. 13. Measured peak noise voltage vs. rise time.

4.3.3. Performance Evaluation

It is clear that the bandwidth of an output data stream cannot be limited or chosen
arbitrarily. Thus, it is useful to formalize the definition of band-limited signaling for the
purpose of digital on-chip signal transmission as it pertains to this work. Based on the
pulse basis function definition in Eq. (4-2), the reduced edge-rate signal can be rewritten

as,
T
A os|t|s(1—aR)-7b
A ot Ty To Tp
g(t) = ?{1+cos[f(|t|—(1—aR).7J” (1—aR).7s|t| <(U+ag) (4-25)
T,
0 |t|>(1+aR)-7b

In Eq. (4-25), A is the signal amplitude and ogr is defined as the ratio of signal

transition time (tg) and bit time (Ty), or

t
OR =R O<ar<l (4-26)
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The definition of ar in Eq. (4-26) indicates that the range of output transition time is
ultimately limited by the target data-rate. This also implies, given fixed driver/receiver
and interconnect parameters, that the maximum reduction in cross-talk noise occurs when
ar=1 (i.e. trg=Tp). Figure 4.14 illustrates measured waveforms for an arbitrary 50Mb/s
data stream with ag=0.18 (Figure 4.14b) and ag=1 (Figure 4.14c). The induced noise
waveforms on C5 of the test setup in Figure 4.11a indicate a reduction in peak cross-talk

voltage of 72%.
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Figure 4. 14. Measured signal and noise waveforms for a 50Mb/s data stream (a) input; signal and noise
waveforms for (b) ag=0.18 and (¢) ag =1.

When using band-limited signaling for an on-chip communication link, it is important
to consider two additional factors - power and delay. To evaluate the power and delay
performance due to increased output transition time, simulations were carried out using
the test model depicted in Figure 4.15a. Indicated in Figure 4.15b is the power dissipation
versus rise time (tg) for the aggressor and victim receivers, denoted as Prec and Pnoise,
respectively. The receivers consists of two cascaded inverters with Wp/Lp=12pum/1.6um

and Wn/Ln=4pm/1.6pm.

84



—
N :
! f=—0oUTI
BL driver - : OUT1 ouT?
e OUT2
Forrver taeiay e Pegc
=C5 -
[ / T _ Pyorse
NOISE
(a) L
0.5 y . 10 . : 20
or 418
Prec
0‘4' P + L 8 L t ] 16
ik Foriver ‘““y
] 71 @ {14
3 3 6f 7 -~
% 0.3 % 6 12 é
E’ 53r 10 =
g 2 3
£ 02 & 4r {g O
ar {6
o1y 2t {4
1 o 2
0 = : 0 0
tg (ns) tr (ns)
(b) ©

Figure 4. 15. Simulated power and delay tradeoffs due to band-limited pulse signaling, (a) test model, (b)
signal and victim receiver power dissipation and (c) driver and delay performance.

The results shown in Figure 4.15b can be explained as follows. An increase in tg at
the input of the aggressor receiver (i.e. OUT1) causes larger short-circuit power to be
dissipated, hence increasing Prec. However, the noise voltage induced in the victim line
(i.e. NOISE) decreases with increasing tg, causing less current to conduct and Pyoise to
decrease. Thus, when the peak noise voltage in the victim line is large enough to disturb
the internal node of the victim receiver, there exists an optimum tg that minimizes power.
Figure 4.15c shows the driver power (Ppriver) and overall delay (tqeay) performance of
the aggressor — tqaay IS defined as the 50% point between IN and OUT2, as depicted in
Figure 4.15a. Ppriver decreases significantly as tr increases because a larger fraction of
time is allocated to charge the capacitances associated with the interconnect line and

driver/receiver circuits (i.e. CV%/tg). However, tqeiay iNCreases more or less linearly with
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trise, indicating that careful attention should be given so as not to violate allocated timing
margins. A summary of performance tradeoffs versus ag given a target signaling data-rate
of 50Mb/s is shown in Table 4.2.

Table 4. 2. Band-limited signaling performance tradeoffs for Th=20ns (data-rate=50Mb/s).

OR Peak Noise | Power Dissipation (mW) | Delay/ bit-time
(tr/ Tp) | Voltage (V) Prec + Pnoise | Poriver (taetay/ Tb)
0.18 258 0.351 6.91 0.14
0.25 2.25 0.325 6.18 017
05 14 0.274 4.63 0.32
0.75 1.0 0.269 4 0.448
1 0714 0.29 35 0575

4.4, Summary

A band-limited signaling scheme has been proposed to reduce cross-talk noise in
global on-chip interconnects. Unlike typical implementations of cross-talk noise
reduction techniques, the proposed signaling scheme aims to reduce the noise source
itself by decreasing the signal edge-rates. Theoretical formulations of cross-talk noise are
presented to understand the effect of band-limited signaling on interconnect coupling
noise. Based on the effective resistance and capacitance extraction of coupled
interconnects, closed form time domain equations have been derived for the noise and
signal voltages. Further analysis of cross-talk noise is carried out in frequency domain to
understand the performance improvement of band-limited signaling over square wave
signals.

Design tradeoffs for band-limited pulse signaling in on-chip interconnects are
presented and experimentally verified. It is shown that reducing the edge-rate of data
streams in on-chip high-density interconnects yield significant improvement in cross-talk
noise — up to 72% reduction in peak noise voltage for coupling-to-signal capacitance of
0.6 and data-rate of 50Mb/s. Although the propagation delay increases nearly linearly
with transition time, the power dissipation associated with driver, interconnect and

receiver circuits decrease significantly. It is observed that, if the coupled peak noise
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voltage is large enough to induce a change in victim receiver output voltage, there exists
an optimum transition time that minimizes the power dissipation of both aggressor and
victim receivers.

More importantly, since materials and process approaches to minimizing relative
crosstalk are yielding smaller incremental performance improvements with successive
technology generations of the ITRS, the use band-limited signaling — or the option to do

so with adjustable slew-rate repeaters — may serve integral in meeting performance goals.
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Chapter V
Adaptive Bandwidth Bus (ABB)

5.1. Introduction

Repeaters have been traditionally used for optimizing wire delays [1]. However, as
operating frequencies continue to increase, repeaters will be required to improve the
signaling bandwidth of interconnects for the purpose of achieving high-speed on-chip
data transmission [2]. A dominant limitation of interconnects at higher frequencies is the
signal dispersive effects due to lossy conductors. One possible approach to extend the
bandwidth of lossy interconnects is via an alternative repeater insertion technique based
on current-mode signaling. Current-mode signaling uses low-impedance receive-end
signal sensing to fundamentally enhance the interconnection bandwidth and hence
increase the maximum attainable data rates in addition to reducing the wire delays.

The advantages of current-mode signaling can be summarized as follows:

1) An increase in signaling bandwidth (i.e. higher data rates) and the reduction in

interconnection latency.

2) Reduction in the number of repeaters for a given target data rate.

3) Decrease in dynamic power dissipation via the reduction of signal voltage

swings.

To compensate for the increase in static power dissipation associated with current-
mode signaling, the proposed adaptive bandwidth signaling scheme allocates the required
interconnection bandwidth only when input data transitions are sensed, otherwise
remaining in low-bandwidth voltage-mode to eliminate the static power consumption

altogether.

88



To demonstrate the feasibility of the proposed adaptive bandwidth bus (ABB)
scheme, a preliminary “analog” architecture has been fabricated in AMI 1.6um bulk
CMOS technology, as described in section 5.2. The limitations of this design are
addressed, and an improved all-digital ABB architecture is presented section 5.3. In
section 5.4, a power dissipation modeling approach based on circuit-level and statistical
analysis of data streams is presented to evaluate the performance of the proposed bus.
Circuit implementation details and measured comparative results of an experimental
adaptive bus fabricated in TSMC 0.35um CMOS technology, which operates at a
sustained bandwidth of 16Gb/s (i.e. 1Gb/s per line), are presented in section 5.5.

Concluding remarks are presented in section 5.6.
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5.2. Preliminary Study - Analog ABB

The key to current-mode signal transporting is in the reduction of RC time constants
that results from sensing signals with low impedance nodes [3]. In addition, it should be
noted here that although line inductance is assumed to be negligible because of high
conductor attenuation (i.e. R»wL), current sensing techniques have been shown to be
effective for driving long interconnects in the presence of on-chip inductive effects [4].
As shown in Figure 5.1, simulations carried out in HSPICE based on 1.8V-0.18um bulk
CMOS technology parameters for a fixed driver size with metal-6 interconnection length
of 20mm, minimum-width of 0.5um and minimum adjacent metal spacing, the signal
rise-time at the receiver decreases as the termination load resistance R is reduced. This
improvement, however, is at the expense of an increase in power dissipation due to the
static current path between driver and receiver circuits, which is not present for voltage-
mode signals (i.e. R ~ «)

In this section, we explore an analog adaptive bandwidth bus scheme that uses
current-mode sensing to allocate interconnection bandwidth when input data transitions
are sensed, and otherwise remains in low-bandwidth voltage-mode to compensate for the

increase in static power dissipation associated with current-mode signaling.
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Figure 5. 1. Effect of receiver termination on signal rise-time and static power dissipation.
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5.2.1. Principle of Operation

Figure 5.2a shows an adaptive bandwidth line divided into smaller segments of
resistance Ry and capacitance Cy with appropriately spaced repeaters. Each repeater is
used to terminate the line, amplify the signal and drive the following interconnect
segment. An adaptive control unit is placed at the input of the bus and connected to a
control line, which is distributed to all the repeater stages.

The operation of the bus can be described as follows. The control unit senses input
data transitions generating a voltage (Vcrro) that is proportional to the input data activity
of the bus (Figure 5.2b). A special type of hybrid current/voltage mode repeater senses
changes in the control line voltage Vcrre and adjusts the termination resistance of each
interconnect segment, effectively changing the signaling bandwidth of the lines.
Therefore, the adaptive bus exploits the higher signaling bandwidth of current-mode

operation (i.e. low impedance termination) only when data transitions are sensed.
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Figure 5. 2. Adaptive bandwidth line (a) architecture (b) input data activity and control line waveforms (c)
hybrid current/voltage mode repeater.

Notice that in the absence of data transitions, Vcrre is discharged to minimize power
dissipation (Figure 5.2b). Therefore, the adaptive bus must ensure that Vcrgr IS set high
before a pulse is launched in the repeater chain so as to allocate the required interconnect
bandwidth. The time required to charge the control line is defined as the setup time or
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processing delay of the bus. The setup time of an adaptive bus imposes that input data
transitions are sensed early in the datapath. To further reduce this processing delay of the

ABB, an improved design architecture has been proposed in section 5.3.

5.2.2. Hybrid Current/VVoltage Mode Repeater

Figure 5.2c shows the schematic of the input stage of the hybrid current/voltage mode
repeater (HCVR), which consists of an inverter with a voltage controlled feedback
transistor. The HCVR operates as an inverter when the control voltage (Vcrry) is less that
the feedback transistor threshold voltage. Because of the high input impedance of the
inverter, the line operates in full-swing voltage mode. As Vcrre IS increased, however,
the feedback device turns on causing the repeater to operate as a self-biased inverter with
low input impedance for current sensing operation.

The operation of the HCVR was validated via a test chip fabricated in AMI 1.6um
bulk CMOS technology. The test setup consisted of two cascaded inverters (sized at
Wp/Wn=240um/80um) driving an interconnect line with resistance Rt=375Q and
capacitance Ct=1.43pF, and the HCVR at the receiving-end of the line. The HCVR
devices were sized at Wp1=192um, Wy1=64pum and Wy=40um (see Figure 5.2¢). A
minimum L=1.6pum was used for all devices.

Shown in Figure 5.3 are the measured voltage waveforms of the HCVR. When
Vcerri=0V (i.e. voltage-mode), the line voltage rise time at the input of the HCVR is
2.96ns and the overall delay is 2.45ns, as shown in Figure 5.3a. When Vcrr =5V (i.e.
current-mode), the rise time and overall delay are 1.35ns and 2.04ns, respectively (Figure
5.3b). Notice that this includes the CMOS level conversion latency. The results indicate a
reduction in rise time of 55% and in delay of 17%.

The maximum bandwidth or NRZ data rate of the HCVR for several Vcrro Voltages
is depicted in Figure 5.4. In order to characterize the bandwidth performance of the
interconnection and low-to-high swing conversion circuit, measurements were taken at
the input (i.e. INh) and output (i.e. OUT) nodes of the HCVR, respectively. The
maximum bandwidth of the interconnection, obtained via 1/rise-time measurements at
INh, indicate an increase of nearly 400Mb/s over the Vcrr. range. However, the

maximum NRZ data rate measured at the output node (i.e. OUT) was limited to 660Mb/s,
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above which the pulses began to distort due to the speed limitation of the low-to-high
swing circuit. Although in the present design the low-to-high swing conversion consists
of a couple of cascaded inverters, a more advanced process with faster devices is likely to

remove this limitation.
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Figure 5. 3. Measured waveforms of the HCVR (a) voltage-mode (b) current-mode.
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5.2.3. System Implementation

Figure 5.5 shows the system implemented to evaluate the performance of the adaptive
lines. The control unit, which generates a voltage (Vcrr) that is proportional to input
data activity, consists of transition detector (TD), a charge pump (CP) and a lone pulse
detector (LPD).

For every input data transition, the transition detector generates short pulses that are
three inverter delays wide. These short pulses are used to increase Vcrre Via the charge
pump circuit shown in Figure 5.5. A current source biased at Vgown Simultaneously
discharges VcrrL at a fixed rate. Thus, in the absence of data transitions, the control line
is discharged to bias the HCVR in voltage mode

A lone pulse detector circuit, shown in Figure 5.5, is used in parallel with the charge
pump to ensure correct data transmission given the onset of a lone input pulse — i.e. a
narrow pulse preceded by a long period of inactivity. This circuit is activated only when
Vcrre IS less that V1 and an input data transition is detected. When both conditions are
satisfied, the LPD forces Vcrre high via large PMOS transistors to update the HCVR
operation to current-mode and allocate the required interconnection bandwidth.

:+  Control line

e
IN P —

Chip Edge :

D Prbi-g

Adaptive bandwidth line

Figure 5. 5. Test chip implementation
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Notice that when the LPD is activated, a fast Vcrry rising transition may cause
undesirable signal coupling effects from the control line to an adjacent adaptive bus line.
Therefore, the routing of the control signal must take into consideration cross-talk effects
via conventional techniques, such as increased metal spacing and/or partial shielding.
Other possible coupling effects due to gate-to-source/gate-to-drain capacitance of the
HCVR input amplifier stage are attenuated since the internal node is statically clamped
(i.e. resistive path) to the supply rails.

In Figure 5.5, the bias voltages Vty and Vgown also serve to externally force Verre
high or low for current or voltage mode operation, respectively. For instance, by setting
V1u=Vdd and Vgowmn=GND, VcrrL Will remain high regardless of input data transitions —
a condition used to test the repeater chain under current-mode (CM) operation.
Conversely, reversing the bias voltages forces voltage-mode (VM) operation (i.e.
V15=GND and Vgown=Vdd).

Figure 5. 6. Test chip photograph.

5.2.4. Performance Evaluation

5.2.4.A. Experimental Results

Shown in Figure 5.6 is a photograph of the test chip fabricated in AMI 1.6pum. Due to
the small die area, poly interconnects were used to model the effect of long RC wires.
Measured waveforms shown in Figure 5.7 depict the operation of the ABB. Figure 5.7a

shows an arbitrary input data stream (IN) and control voltage (Vcrtr), Which reacts to the
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input signal activity. In the absence of transitions, the charge-pump discharges Vcrre low
within approximately 36ns, whereas the LPD updates Vcrre high on the onset of a pulse
within 2ns. Notice that the fast update time is necessary to allocate bus-signaling
bandwidth before data is launched. Figure 5.7b shows the waveforms at the output node

(OUT) indicating correct data transmission.
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Figure 5. 7. Measured waveforms of the ABB operation (2) input and control voltage (b) output.

Shown in Figure 5.8 is a comparison of the power dissipation versus data rate
performance for current-mode (CM), voltage-mode (VM) and adaptive-mode (ABB)
signaling schemes. The measured results are based on a test line with four uniformly
spaced repeaters and interconnect line segments of Rt=436Q and Cr=1.65pF each. At
Vdd=5V (Figure 5.8a), the ABB scheme achieves the same maximum data rate as the
CM scheme (approximately 40% higher than VM signaling), while minimizing the power
dissipation by nearly 62% over the CM bus when the activity rate is low. Reducing the
supply voltage to Vdd=3V (Figure 5.8b) yields similar improvements in relative

performance for the ABB scheme — approximately 50% increase in signaling rate over
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the VM bus and 63% reduction in power over the CM bus. Furthermore, a comparison
between the ABB scheme at Vdd=3V and the VM bus at Vdd=5V indicates nearly 2.5x
reduction in power dissipation with only 4.5% penalty in maximum data rate (i.e.
420Mb/s over 440Mb/s).

It is worthwhile noting that the discharge time of Vcrr. determines the data rate for
which the ‘Adaptive’ and ‘CM’ curves in Figure 5.8 merge, and should be considered to
further improve the power dissipation performance of the ABB. Since Vcrro Sets the
operation of the bus in current or voltage mode, the slower it discharges the longer it
remains in current-mode dissipating static power. Thus, reducing the Vcrre discharge
time yields a reduction in power dissipation at higher data rates, effectively shifting the

‘Adaptive’ curve in Figure 5.8 to the right.

15
4§0Mbrs
s R
@ Siop L
= o
£ &
= = gl
o @)
0 : it B P 0 Al o .
10° 10! 102 10° 10° 10! 10 10°
Data Rate (Mb/s) Data Rate (Mb/s)
(a) (b)

Figure 5. 8. Measured power dissipation vs. data-rate (a) Vdd=5V, (b) Vdd=3V.

In the present design, a capacitance (Cctr.=1.5pF) was added to the output of the CP
(Figure 5.5) to regulate the control voltage (Vcrri). However, experimental results
indicated that this is not necessary. In fact, the addition of Ccrr. causes the discharge
time to increase, which limits the improvement in power dissipation of the ABB scheme

at higher data rates.

97



In general, an important advantage of CM sensing over VM signaling is that its
dynamic power dissipation component can be significantly reduced as a result of smaller
voltage swings in the interconnect. This can be inferred from Figure 5.8 by noting that
the slope at which the power increases with increasing data rates is smaller for the CM
bus. For instance, at Vdd=5V, the measured change in current is 24pA/Mb/s for CM
signaling and 55pA/Mb/s for VM signaling — a reduction of 56%. Thus, at higher
operating frequencies, the power dissipation of full-swing VM signaling is likely to
become more dominant.

Figure 5.9 shows the overall delay performance of four uniformly spaced repeaters
given an input step for both CM and VM signaling schemes. The 50% delay is measured

to be 6.2ns for CM sensing and 8.8ns for VM signaling, indicating nearly 30% reduction

in delay.
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Figure 5. 9. Measured delay of CM and VM signaling schemes. Test line consists of four uniformly spaced
repeaters (each interconnect segment has R1=436Q and C;=1.65pF.

5.2.4.B. ABB Circuit Overhead

Several factors contribute to the overall area of the ABB scheme, such as 1) the
number of repeaters per bus line, 2) the number of bus lines sharing a single control unit
and 3) the length of the interconnect segments between repeaters. A summary of the

active circuit area of the ABB, which include its control unit and HCVR buffer, are
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shown in Table 5.1. Area projections for sub-micrometer process, assuming a scaling
factor of S=0.7 per technology node [5], are also provided for comparison.

The scaling projections suggest that the active area of the ABB scheme can be
reduced to less than 1.5% if 0.18um process is used. Moreover, the equivalent metal bus
wiring area in 0.18um technology that is required to match the resistance and capacitance
of poly-silicon interconnects used in the present design, represents a significant fraction
of the total bus area. For instance, the poly-silicon wire segments of Ry=436Q and
C==1.62pF roughly correspond to a Metal 5 wire over Metal 4 ground plane which is
1.8um wide and 9.8mm in length — based on 0.18um parameters Rsg=0.08C/O,
CAREA=38aF/um2 and Crrinee=55aF/um. The ratio of repeater to interconnect area -
Ancvr/(WinT X 1inT), 1S roughly 1%.

Table 5.2 shows the percentage overhead area of the ABB control unit parameterized
by the number of repeaters and bus lines. As the number of repeaters per bus line is
increased, the relative overhead of the control unit decreases. A more significant
reduction in overhead results from the sharing of the control unit with multiple bus lines

— less than 12% overhead for shaded areas in Table 5.2.

Table 5. 1. Actual and projected area of ABB circuits. *Calculated from AMI 1.6um design.

Feature Size(pm) 1.6 0.35 0.18
Control Unit Area -
Acy (um?) 49.5k 2.85k 685
HCVR Area —
Avcvr (Lm?) 13.5k 778 186

Table 5. 2. ABB circuit overhead parameterized by the number of repeaters (k) and bus lines (N).

Number of ABB % of active area overhead vs. N-bus lines
Repeaters Acu ( 1 )xlOO

® Ancvr L kN

k N=1 N=4 N=8 N=16

2 183% 46% 22.9% 11.4%

4 91.6% 22.9% 11.4% 5.2%

8 46% 11.4% 5.7% 2.8%

12 30.5% 7.6% 3.8% 1.9%

16 22.9% 5.7% 2.8% 1.4%
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5.3. Digital Adaptive Bandwidth Bus (ABB)
5.3.1. Analog vs. Digital ABB

One of the drawbacks in the analog implementation of the ABB is that the bus input-
to-output propagation delay varies with Vcrre — as the bandwidth of the line is
proportional to Vcrre. This uncertainty in propagation delay and data arrival time with
respect to the global clock boundaries can cause detection errors at the receiving end of
the bus. In order to ensure correct data detection, the digital ABB implementation uses a
binary or digital control line to set the bandwidth of the bus lines. Thus, in the event of
data transitions, Vcrre is set to logical level HI; and in the absence of data transitions
Vcrre IS set to logical level LO. Since data transitions are sent across the bus lines only
when the control voltage is set to the appropriate voltage level, the propagation delay

remains constant.

5.3.2. Concept and Architecture

Figure 5.10 shows the adaptive bandwidth bus (ABB) consisting of bus lines divided
by appropriately spaced repeaters that are capable of terminating the interconnection
segments with either a high impedance capacitive load or a low impedance resistive load.
The bus uses a separate control line, which is shared among multiple bus lines, to indicate
whether the repeaters should operate in voltage-mode (i.e. capacitive load) or current-
mode (i.e. resistive load). The control signal used to indicate the operation mode of the
bus is generated by a set of transition detectors placed at a relevant location in the
pipeline stage of each bus line. These pipeline stages are logical-function independent to
the operation of the bus, but are required to provide the additional timing margin for the
ABB, as explained in section 5.3.3. The transition detectors can be implemented by a
sampled XNOR function embedded in flip-flops to isolate the pipeline data changes from

the control line.
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Figure 5. 10. Architecture of the adaptive bandwidth bus (ABB).
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Figure 5. 11. Cycle-by-cycle operation of the ABB.

Figure 5.11 shows the cycle-by-cycle operation of a 2-bit wide bus with a single
shared control line Cin. Data sequences Din[0] and Din[1] are pipelined and delayed by
Cp cycles before appearing at the bus inputs denoted as Bin[0] and Bin[1], respectively.
For simplicity, it is assumed that the logical levels of the pipelined data are not modified.
In Figure 5.11, the bus initially operates in CM, as indicated by a logical level “1” in the

control line. In the absence of data transitions for Cp+1 cycles, the control signal Cin
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switches to “0” setting the bus lines to VM operation. In the event that data transitions are
detected early in the pipeline stages, the transition detectors activate the control line to
revert the bus lines to CM operation, allocating the signaling bandwidth required to
reliably transmit data. Therefore, the ABB dynamically switches from CM to VM and
vice-versa to eliminate the static power dissipation, indicated by the shaded regions in
Figure 5.11.

5.3.3. Control Signal Generation and Timing Constraints

The mechanism of generating the control signal for the ABB can be synchronous, as
indicated in Figure 5.10, or asynchronous, via an interlocking handshaking operation with
valid and acknowledge signals [6]. However, in either case, the timing margins (i.e. setup
and hold time) must be satisfied for proper operation. Since the interconnection
bandwidth must be allocated prior to launching data transitions into the bus lines, timing
margin violations may result in 1) loss of data due to lack of signaling bandwidth (i.e.
narrow pulses), or 2) data-dependent delay uncertainty due to signal latency variations
causing increased jitter at the bus outputs.

Figure 5.12 shows the setup and hold time constraints of the ABB. The setup time is
crucial to the ABB and can be defined as the time prior to a data transition (Bin[0:N])
that is required to update the bus operation from VM to CM. It consists of the worst-case
delay determined by the signal path of the transition detectors, control logic and control
line. For long global busses, the control line signal path is dominant due to driver,
interconnection, control repeater and buffering delays to the bus line repeaters. However,
if the control line is assumed to be identical to the bus lines and continuously operated in
CM, only the first column of bus line repeater stages are to be updated before the input
data sequences (Bin[0:N]) are launched. As the first wave of data transitions propagate in
the first interconnection segments, the following stages are subsequently updated to CM,
similar to a falling domino effect. As a result, the setup time can be significantly reduced.
Therefore, the worst-case bus line repeater spacing distance must also be considered to
determine the minimum data pipeline depth in order to satisfy the setup time constraints.

The hold time constraint of the ABB can be defined as the time after the last data

transition (Bin[0:N]), prior to shifting the bus lines from CM to VM, that is required to
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guarantee reliable data transmission. Since the control line is identical to the bus lines, the
ABB has an inherent positive hold time — the “OR” gate and buffering to the bus line
repeaters provide additional delay. As shown in Figure 5.12, an optional delay element
such as a flip-flop (i.e. shaded) can be inserted in the control line signal path to guarantee
hold time constraints. Notice that increasing the hold time does not limit the operation of
the bus, however it retains the bus in CM operation for additional time dissipating static

power.

Control Line

tsetup [

Transition i
Detector ~ Cp-1 ngrclli\:ll\’l(l)(ljth
L Data Pipeline
Din[0) ‘ ‘ m - AW
Cp+l

Figure 5. 12. Setup and hold time constraints of the ABB.

5.3.4. Design Considerations

As in any on-chip bus design, it would be desirable to meet the target data rate and
latency constraints with the fewest possible number of repeaters with the goal of
achieving lower power designs. In order to maximize the spacing between repeaters and
lower the bus power dissipation, several factors must be taken into consideration.

1) Data pipeline latency. Unlike conventional busses, the ABB uses the latency built
into pipeline stages of existing designs to meet its timing constraints. This implies that
the maximum setup time allocated to the bus, and hence the maximum length of
interconnection segments between repeaters, is determined by the available latency in the
data pipeline — assuming that the signaling data rate and noise constraints are satisfied.
Additionally, if the data pipeline is deep enough, the control lines can be operated using
the slower VM instead of CM signaling techniques, in order to further reduce the power
dissipation of the ABB.
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2) Cross-talk noise. Since the voltage swings of the bus lines are reduced, induced
noise from adjacent aggressor lines can deteriorate the noise margins of the repeater
stages. This is particularly important if adjacent lines use full-swing VM signaling,
although it’s effect on cross-talk noise is not linearly proportional to the voltage swings.
That is, since the bandwidth of an adjacent voltage-mode line is smaller than its current-
mode counterpart, the edge-rates of the aggressor signals are also smaller, and hence
partially but not entirely canceling the effect of larger voltage swings. In addition, the
static low-impedance nodes at the receiving-end of the repeater stages provide better
immunity to noise when compared to dynamic or capacitively terminated lines.
However, the overall increased sensitivity to cross-talk noise compared to standard full-
swing static busses should be taken into account via conventional techniques, such as
increased metal spacing and/or partial shielding.

3) Number of control lines. A wide bus (i.e. 32 or 64 bits) can be divided into several
groups of lines, each one group with its own dedicated control line. Since the ABB
operates by allocating signaling bandwidth when transitions are detected in the bus lines,
dividing the bus into smaller groups has the potential advantage of isolating the transition
activity within the groups from each other. That is, the transition activity of the lower
order bits, for instance, can be isolated from the rest of the bus lines and vice-versa. As a
result, by selecting the appropriate number of control lines, it is be possible to optimize
the power dissipation of the ABB for a given type of bus activity profile (i.e. instruction
address bus, data bus). The disadvantage, however, is that as the number of control lines
increases, the associated power dissipation increases as well. The tradeoff between the

number of control lines and power dissipation are dealt in more detail in section 5.4.
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5.4. ABB Power Dissipation Analysis

5.4.2. Bus Transition Statistics

The power dissipated in an adaptive bus line depends not only on the number of data
transitions, contrary to conventional busses, but also on the number of cycles between
each transition. The rationale for this is that the number of cycles between transitions
determines the current or voltage mode operation of the ABB, and hence its power
dissipation. Therefore, the probability that an n-bit wide data pattern remains unchanged

for i consecutive clock cycles can be defined as,

P, :i'N_IC (5-1)
where N; is the number of occurrences in which any n-bit data pattern remains unchanged
for i consecutive clock cycles before at least one transition occurs; and N is the data
stream length in clock cycles.

To obtain the probabilities of sequential bit patterns as defined in Eq. (5-1), a time-
based Alpha 21264 machine simulator program [7] was modified to extract statistics on
instruction and data (i.e. load/store) address streams. A total of 100 million 32-bit
instruction and data addresses were collected for benchmarks from the SPECINT2000
test suite. The addresses were grouped into half-bytes (4-bits) and the number of clock
cycles before each 4-bit pattern change was accumulated.

Figure 5.13 shows the accumulated transition statistics of instruction and data address
patterns extracted from the GCC benchmark (i.e. C Programming Language Compiler).
The probability distribution of a 4-bit data address pattern transitioning in i-clock cycles,
as shown in Figure 5.13a, provides useful information as to the correlation between
switching activity and the number of cycles prior to transitions. In similar manner, the
activity profile of instruction and data address streams shown in Figure 5.13b and 5.13c,
respectively, illustrates the correlation between sequential bit patterns and bus lines (i.e.
[0:3], [4:7], etc). In Figure 5.13b and 5.13c, each bar is divided into 1, 2, 3, 4, 5 and
greater than 5 clock cycle bins. For instance, “1” refers to the percentage of total
simulated clock cycles in which a 4-bit pattern remains unchanged for 1 cycle; “2” refers
to the percentage of total simulated clock cycles in which a 4-bit pattern remains
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unchanged for 2 cycles; and so forth. The results indicate that the instruction addresses

exhibit a high correlation of switching activity for the lower order bits, which indicates a

higher spatial locality amongst the address streams since instructions are usually stored in

adjacent locations of memory. Conversely, data addresses exhibit a more uniform

switching activity distribution within the bus lines — representative of a lower probability

of in-sequence address streams.
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5.4.2. Analytical-Based Power Dissipation Model

The analytical procedure used to determine the power dissipation of a bus line for an
arbitrary data input pattern is summarized in Figure 5.14. Using superposition, the
average power P; dissipated in a bus line is evaluated for periodic waveforms as shown in
Figure 5.14 (i.e. i is the number of cycles before each transition), multiplied with the
probability of sequential bits defined in Eq. (5-1), and added to obtain the total power, Pr.
Referring to Figure 5.14 and evaluating the summation, we obtain

. N;
Pr=>PRpr=>PR N (5-2)

i= i= c
For the special case when P;=VddC/iT; where C is the line capacitance and T is the
clock period, Eq. (5-2) reduces to Pr=Pp=(Vdd’C/T) Y (Ni/No), where Y (Ni/No) is the
activity factor and Pp is the dynamic power dissipation of the bus line. Therefore,
formulating the power dissipation using Eq. (5-2) yields higher accuracy since it includes
all sources of power dissipation (i.e. static, short-circuit and dynamic) related to a given
bus line topology. Notice that P; can be easily extracted and tabulated from SPICE

simulations.
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Figure 5. 14. Power dissipation model.
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If we formulate the upper bound to the power dissipation of n-bus lines as Pnj=nP;,
which is the worst case power dissipation since it assumes that all n-bus lines transition

simultaneously, the worst case power dissipation in n-adaptive lines can be approximated

as,
Cp Nc Cp
Pous.n = Z ProiPai  + Pn,Cp 2 N P, (5-3)
i=1 i=Cp+1

In Eq. (5-3), Cp is the ABB setup time in clock cycles and Pncp is the power
dissipation of n-bus lines given that the data pattern remains unchanged for Cp cycles.
The first term in Eq. (5-3) is the power dissipated while the bus operates in CM whereas
the second term represents the power dissipation after switching to VM. The power
dissipation in VM operation is due to the finite setup time of Cp cycles, which causes the
bus to remain in CM for at least Cp cycles before switching to VM.

In similar manner, recalling that the control line will transition only if the data
patterns remain unchanged for i>Cp cycles, the average power Py dissipated in the
control line can be approximated as,

Cp Nc
Petrl = 2 Prn,i I:)n,N(: + z(prn,i ' I:)n,i—Cp) (5-4)
i=1 i=Cp+1

Equations (5-3) and (5-4) can be used to approximate the power dissipation of n

adaptive bus lines.

5.4.3. Simulation Analysis
5.4.3.A. Circuit test benchmark

The overall power dissipation performance of current and voltage mode signaling for
on-chip interconnects is evaluated using a circuit-level test benchmark designed in 3V-
0.35um CMOS technology with 4-Al metal layers, as shown in Figure 5.15. A 1-cm long
metal-3 interconnect over metal-2 ground plane is modeled with a 1000 segment
distributed RC line. The resulting total resistance (Rt) and capacitance (Cr), including
fringing capacitance due to adjacent interconnects, is given by 175Q and 2.56pF,

respectively. To fairly compare the power dissipation performance of both schemes, we
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deliberately add inverters “I1” after the current-mode receiver interface circuit. The
inverters are sized with Wp=2x10pum and Wn=2x3um and minimum drawn length of
L=0.4um. The target maximum data rate was set at 1Gb/s (i.e. bit time Tp=1ns), which
requires at least two VM repeaters, whereas no repeaters were required for CM signaling.

Figure 5.16 shows the overall power dissipation performance of the test benchmark
for several i, where i represents the number of cycles in bit times (T,) for which the
logical level remains unchanged. At relatively large i, the VM line in Figure 5.15b
exhibits lower overall power dissipation than the CM line in Figure 5.15a. This is due to
the static power dissipation inherent to parallel resistive termination of CM signaling.
However, as i is decreased, the dynamic power dissipation of full-swing VM signaling
dominates. For this example, the crossover point occurs at approximately i=2.5 or
Tp=2.5ns, which is equivalent to a bus frequency of 200Mhz (i.e. 1/5ns) — relatively small
compared to current GHz processors.

Notice that the slope at which the power dissipation increases is smaller for the CM
signaling case, a result due to the reduced voltage swing in the interconnect line. It should
be pointed out, that unlike low-swing VM signaling schemes, CM signaling reduces the
voltage swing while enhancing the bandwidth of the line. The results depicted in Figure

5.16 suggest that CM signaling is beneficial at higher signaling data-rates.
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Figure 5. 15. SPICE simulation benchmark for power analysis, (a) current and (b) voltage mode. The
design was based on TSMC 0.35um parameters.
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Figure 5. 16. Power dissipation comparison of current and voltage mode benchmarks depicted in Figure 15.

5.4.3.B. Power Savings

Based on the proposed power dissipation model described in section 5.4.2, instruction
address streams were extracted for three benchmarks from the SPECINT2000 test suite -
MCF (Combinatorial Optimization), PARSER (word-processor) and GZIP (compression)
— to verify the savings in power dissipation of the adaptive bus technique over a current-
mode bus. In this example, the adaptive bus uses one control line to update the state of
four bus lines (i.e. total of 8 control lines for 32 bus lines). The control lines operate in
current-mode and are assumed to be identical to the bus lines, with and update time
latency of 3 cycles (i.e. Cp=3). Figure 5.17a and 5.17b shows the power savings without
and with the added power of the control lines, respectively, indicating that higher
performance gains could be obtained by minimizing the total number of control lines.

The mean power savings of all three simulated benchmarks including control lines is over
50%.

110



100 u

00 - OMCF || | ] || |
B PARSER
¥ T oezip mIm im im Im h
o 70 - L - - L H
(=
S 60 - = - - = -
(1]
(2]
g 50 - - L - - L H
o 40 - == - - == H
o
2 30 — — — — — H
20 - L - - L H
10 - L - - L H
0 - ; ; ; ; ; L
[0:31  [4:71 [8:11] [12:151 [16:19] [20:23] [24:27] [28:31]
Bus lines
(@)
100
%0 O MCF
B PARSER
¥ nezp
% 70 - — — =
S 60 M - - - - -
3]
(2}
g 50 - - - - - H
© 40 - - - - - |
o
2 30 — — — — — H
20 - — — — — — =
10 — — — — — =

[0:3] [4:71  [8:11] [12:15] [16:19] [20:23] [24:27] [28:31]
Bus lines

(b)
Figure 5. 17. Percent reduction in power dissipation of the adaptive hybrid current/voltage mode bus

technique over current-mode bus. The adaptive bus uses 1 control line per 4 bus lines, (a) performance
without power dissipation of control lines, (b) with control lines included.

5.4.3.C. Power dissipation dependence on data profile and control
line design

The results depicted in Figure 5.17 clearly indicate that the static power dissipation
inherent to current sensing techniques - most dominant in bus lines with low switching

activity - can be significantly minimized with the proposed adaptive bus. However,
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address busses may also exhibit low probability of in-sequence address streams, as in the
case of data addresses (i.e. load/stores) for the GCC benchmark shown in Figure 5.13.

To examine the effect of varying switching activity distribution within bus lines on
power dissipation, the performance of the adaptive bus is compared against both VM and
CM signaling schemes. In this example, two designs for control lines are also compared,
as shown in Figure 5.18. The type-1 adaptive bus consists of 8 control lines, each one
used to update the signaling state (i.e. CM or VM) of 4 bus lines; whereas the type-II
adaptive bus uses 2 control lines, each one updating the state of 16 bus lines. The main
difference between the two control line design approaches, apart from the obvious
reduction in the number of control lines, is that a type-Il bus will shift from CM to VM
only when all 16 bus lines remain inactive for more than Cp clock cycles, whereas in a
type-1 bus only 4 bus lines need to be inactive. Thus, the probability that a type-II
adaptive bus will remain in CM operation for a longer fraction of total simulated clock

cycles is likely to be higher than the type-I bus.
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Figure 5. 18. Control line design for 32-bit adaptive bus. Type-1 uses 8 control lines (1 per 4 bus lines) and
Type-11 uses 2 control lines (1 per 16 bus lines).

Type-1I:

The overall power dissipation performance of a 32-bit wide bus for simulated
statistics of the GCC benchmark is shown in Figure 5.19. The following observations can
be inferred from these results:

1) The CM bus exhibits the highest power dissipation; nearly 2.5 and 1.4 times
higher than the VM bus for instruction and data addresses, respectively — this is due to
static power dissipation of CM signaling. However, the relative change in power
dissipation for instruction and data address streams is only 10% for the CM bus whereas
the VM bus changes by 94%. This indicates that CM signaling is more suitable for

increasing switching activity, an effect due to the reduction in voltage swings.
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2) The type-1l adaptive bus outperforms the type-I bus for both instruction and data
address streams. In fact, the type-Il bus remains in CM operation for a longer percentage
of total simulated clock cycles — because the probability of all 16 bus lines remaining
inactive is likely to be lower than 4 bus lines remaining inactive. However, there is an
increase in power dissipation due to the additional control lines of the type-I bus, making
the type-1l bus more suitable.

3) The type-II bus exhibits nearly 13% and 40% improvement over the VM bus for
both instruction and data address streams, respectively, and up to 65% power savings
over the CM bus.

In addition to the power savings of the adaptive bus technique, an important result
that stems from using CM signaling is the reduction in the number of repeaters. As shown
in Table 5.3, the 32-bit type-1l adaptive bus can achieve the target data rate of 1Gb/s
across a 1-cm long wire with 34 instead of 96 repeaters/receivers required for the VM

bus.

Table 5. 3. Total number of repeaters and receivers for several bus signaling schemes.

Number of | CM VM Adaptive Adaptive
Repeaters (Type-I) (Type-11)

* 32 96 32+8=40 32+2=34
Receivers
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5.4.3.D. Power dissipation dependence on sequential data (i) and
setup time (Cp)

Figure 5.20a shows the power dissipation distribution versus the number of sequential

address streams expressed in clock cycles of a 32-bit 1Gb/s/line adaptive and current-

mode bus for the data activity profile in Figure 5.13c. The ABB minimum pipeline

latency or setup time is assumed to be Cp=3 clock cycles. In addition, both type-I and

type-11 adaptive bus designs are considered.
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Figure 5. 20. ABB power dissipation analysis for GCC data address streams shown in Figure 5.13c. (a)
Power dissipation distribution of adaptive and CM busses versus sequential data patterns and, (b) ABB
power dissipation dependence on setup time (Cp).
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Since the probability that a type-Il adaptive bus will remain in CM operation for a
longer fraction of total simulated clock cycles is likely to be higher than the type-I bus,
the power dissipation is higher for sequential patterns under Cp cycles, as shown in
Figure 5.20a. However, as the number of sequential patterns increase above Cp cycles,
the type Il bus dissipates less power due the increased control line overhead of the type |
bus. This overhead is evident in Figure 5.20b, which illustrates the overall power
dissipation of the bus as the setup time Cp is increased. As Cp increases, the ABB remains
in CM operation for a larger number of cycles causing an overall increase in power
dissipation. Notice that although the power dissipation distribution of the ABB is unique
to each data activity profile, the adaptive behavior remains the same. That is, above Cp

cycles of sequential data streams, the ABB dynamically minimizes the power dissipation.
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5.5. ABB Circuits and Performance Evaluation
5.5.1. Experimental ABB Test Chip

As described in section 5.3.2, the circuits required to implement the ABB consists of
transition detectors, flip-flops and hybrid current/voltage mode repeaters. Although drop-
in replacement of static bus implementations is possible, additional design is required to
ensure setup time constraints of the ABB. Moreover, since the bus is designed for
pipeline compatible circuits, the overhead of the transition detectors and the small FIFO
that precedes the control line (see Figure 5.10) must be taken into account.

The architecture of the experimental test chip used to evaluate the performance of the
ABB is shown in Figure 5.21a. The ABB consists of 16 bus lines operating over on-chip
interconnects spanning 1.75cm in length at a maximum of 1Gb/s each, with two
additional and identical control lines (i.e. 1 control line for every 8 bus lines). A 32-bit
pseudorandom input data sequence profile is generated with four independent and
externally controlled 8-bit data generators, pipelined with Cp=2.5 cycles of latency to
model a data pipeline, and 2X sampled with both edges of a 500MHz clock to generate a
maximum of 16Gb/s of total aggregate NRZ data bandwidth. For experimental
comparisons, the bus can be operated in current, voltage and adaptive modes. In addition,
the output resistance of the hybrid repeater stages in each bus line can be varied to
characterize the bus input-to-output latency. At the receiving-end of the bus, the output is
retimed to generate 32-bit parallel data sequences. To ensure proper bus operation and
retiming during testing, a programmable latency controller and an error checking circuit
are built into the chip to generate error pulses, which can be viewed in an oscilloscope.

The chip microphotograph of the experimental bus is shown in Figure 5.21b. All bus
lines in the 7mm? test chip are fabricated using metal-3 over metal-2 interconnects and
meandered due to limited die area. The chip was fabricated in 3.3V-0.35um EPI CMOS
technology and wire bonded to a pin-grid array (PGA) package, which is attached to a
PGA socket mounted on a 4-layer custom test board. Due to the high inductance per pin
(i.e. an average of 12nH [8]) and multiple signal path discontinuities, all high-speed 1/0
circuits were implemented with differential topologies, terminated with on-chip resistors
and limited to 300-500mV 1/O swings (see section 5.5.5).
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Figure 5. 21. Test Chip (a) architecture (b) chip microphotograph.
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5.5.2. Pseudo-random Data Profile Generator

A 16-bit high-speed data activity profile is generated from four independently
controlled 8-bit pseudo-random maximum length linear feedback shift registers (LFSR).
Each LFSR generates an 8-bit parallel data sequence and is sampled with both clock
edges to generate 4-bit data at twice the speed, as shown in Figure 5.22a. Therefore, the

core digital logic can be operated at 500MHz while generating 1Gb/s NRZ data

sequences.
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Figure 5. 22. High-speed data profile generator (a) block diagram and timing (b) 8-bit data generator
topology.
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The LFSR is modified to enable two independent modes of operation via an
externally controlled signal “Act” from a High Frequency Stimulus system (HFS 9000).
The modified LFSR is shown in Figure 5.22b. A high logical level in “Act” indicates
pseudo-random operation, whereas a logical low level holds the previous data pattern.
Therefore, the external “Act” signals can be programmed to generate an arbitrary data
profile. This feature is used to emulate realistic data activity profiles similar to those

extracted in section 5.4.

5.5.3. On-chip Clock and Power Supply Distribution

Figure 5.23 shows the 3-level H-tree clock distribution scheme implemented on both
transmit (TX) and receive (RX) sides of the ABB test chip. The clock tree consists of
differential buffers, each one use to drive four additional buffers. The outputs of the last
16-stages are shorted together to minimize the effect of localized device variations on
clock skew. To ensure minimum clock skew between the differential clocks, each clock
signal is generated from both true and complementary clocks from the preceding stages
and followed by two cascaded inverters to reduce the effect of PMOS and NMOS device
variations. Metal-3 and metal-4 layers were used to distribute the clock signals and the
lengths at each stage of the clock tree are made equal to reduce the effect of wire loading.

A differential on-chip clock distribution scheme was also employed to minimize the
effect of current spikes from clock buffers on supply and ground voltage. Although these
noise peaks occupy a wide-band frequency spectrum, it is dominant at multiples of the
clock frequency and is amplified by the inductance in the supply network [9]. Multiple
supply and grounds pins (i.e. 6-Vdd and 6-Gnd) were used to reduce the di/dt noise from
the package inductance.

To provide a stable power supply, wide metal-1 and metal-2 lines with low resistance
and decoupling capacitance cells are distributed on-chip. Fig 5.23 shows the cross-section
of the power and ground lines. On-chip decoupling cells are placed under the power and
ground lines, which are routed alternately to minimize the parasitic resistance of the
substrate contacts. The decoupling capacitors in each cell are made of large N-fet
transistors with the gate tied to the supply, whereas the source, drain and bulk contacts

are tied to ground, as shown in Figure 5.23. Notice that the gate-to-substrate capacitance
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of a 4-terminal MOS transistor biased in strong inversion does not vary significantly at
higher frequencies because the inversion layer charge is removed or provided by the
heavily doped source/drain regions. The frequency dependent gate-to-substrate
capacitance behavior is present in 2-terminal devices, in which the inversion layer is in a
sense isolated from the outside world and the electron concentrations is changed only by

slow mechanisms of thermal generation and recombination [10].
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Figure 5. 23. On-chip clock distribution and power/ground lines with decoupling capacitor cells.

Localized power supply grids are distributed to clock buffers and logic circuits from
three columns of global supply/ground rails, and placed in close proximity to the circuits
to minimize substrate noise. The close proximity of decoupling capacitors is required
since the resistance between two substrate contacts in an epitaxial process with a heavily
doped p-type bulk is independent of distance once a seperation of approximately four

times the EPI layer thickness has been reached [11]. That is, the substrate can be regarded
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as a single node and any noise injected to the substrate via the epitaxial layer will spread
throughout the chip. Since the EPI layer thickness of a standard 0.35um CMOS
technology is approximately 4um, the edges of decoupling capacitor cells were placed as
close as 1-2um from noisy clock buffers and digital circuits.

The total decoupling capacitance allocated to the core logic and clock distribution
network on each side of the test chip is approximately 637pF. This is 70 times the
combined load seen by the clock buffers on the transmit side of the bus, which is
approximately 9.2pF - i.e. CK/CKDb loads are 4.36pF/2.98pF, respectively. On the receive
side of the chip, the total clock load is slightly smaller at approximately 7.3pF — CK/CKb
loads are 3.8pF/1.56pF, respectively. It should be pointed that the interconnection loading
of both CK and CKb networks on each side of the chip is approximately 1.9pF, and
therefore cannot be neglected during the design stage.

The clock loads is mainly due to the 230 flip-flops that make up the bulk of the digital
core logic. The circuit topology of the flip-flops was chosen according to the clock
load/FF, the speed and the setup/hold time constraints. In order to exploit the advantages
of each FF, two circuit topologies were chosen for different datapaths. In Figure 5.24a,
the Power PC FF [12] has the advantage of low internal power dissipation and the
positive setup time that is characteristic to master/slave flip-flops [13]. Therefore, it was
used in the data pipelines and FIFOs stages to ensure hold-time constraints — i.e.
assuming that the skew between CK and CKb is less than one inverter delay, the positive
setup-time virtually ensures hold time constraints.

For the high-speed datapaths where a logic depth of at least 6-7 gate delays was
required, as in the LFSR circuits, the semi-dynamic flip-flop (SDFF) circuit topology
shown in Figure 5.24b was used [14]. This circuit has the advantage of negative setup
time with respect to the rising clock edge and conditional evaluation that reduces the
delay dependence on process variation. The negative setup time, in particular, is useful as
the operating frequency is increased since it allows the data edges to arrive slightly after
the clock rising edge. Notice, however, that a negative setup time can cause minimum
path delay errors due to hold time constraints. The clock load in gate-microns of the
SDFF was approximately 24um, slightly lower than the combined load of the PowerPC
FF at 34.4pum (i.e. 17.2pm/clock signal).
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Figure 5. 24. Flip-flop circuits used (a) PowerPC [12] and (b) semi-dynamic FF [14].

5.5.4. 1/O Interfacing Considerations
5.5.4.A.1/0O circuits

The ABB test chip, when fully operational, requires two 500MHz input clocks (i.e.
TX and RX) and four 500Mb/s activity signals, while generating up to four 1Gb/s NRZ
output scan signals. Since the performance of the ABB test chip depends to a large extent
on the quality of the I/O signals, the 1/O buffer design was carefully addressed to
guarantee proper operation.

In order to achieve high data-transfer rate in low-performance packages, differential
I/O buffers with on-chip terminations are used. On-chip termination is preferable over
off-chip termination because of unwanted reflections that are generally introduced due to
package parasitics. In addition, since electro-static discharge (ESD) protection is not used
in order to maximize the 1/0 bandwidth, the on-chip terminations provide a discharge
path for electro-static events. The buffers were designed to be operational with 300-
500mV swings, which are referenced to ground to maintain compatibility with testing
equipments.

Figure 5.25a shows the circuit topology of the input buffer. It consists of two cross-
coupled direct-drive Chappell receivers [15] for pseudo-differential signal amplification.
The signals are applied directly to the source nodes of the n-channel devices. The high

gain common-gate stages and the additional overdrive from the diode-connected devices

122



provide fast amplification of very low signal amplitudes (i.e. 300mV). The output signals,
which are amplified to nearly CMOS level, are distributed differentially across the chip
and converted to single-ended with a grounded source-coupled stage. The termination
resistance consists of three parallel n-channel devices, which are externally controlled to
compensate for process variations. Due to the small input signal swings referenced near
the chip ground, the resistance value of the termination devices biased in triode region

remains fairly constant.
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Figure 5. 25. 1/O circuits (a) input buffer (b) output buffer.
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To ensure good signal integrity for the high-speed output signals, the differential
scheme shown in Figure 5.25b is used. Complementary signals are generated from single-
ended internal scan signals using a process independent data skew approach [16]. This
technique is based on independently matching the sum of the pull-down delays of one
logic chain to the sum of pull-down delays of the second logic chain. Similarly, the sum
of pull-up delays of both logic chains is also forced to be equal. Since the pull-up and
pull-down delays are independently matched, process variation in n-channels or p-
channel devices affects both chains equally, and process dependent skew can be
eliminated to a large extent.

These complementary signals are distributed across chip using open-drain source-
coupled n-channel devices with differential interconnects to minimize the effect of cross-
talk, as shown in Figure 5.25b. The interconnect length varies from 200-2000um, and are
terminated with 600Q pull-up resistors in the output buffer cells. The output drivers
consists of differential amplifiers followed by source follower buffers, which are
terminated on-chip with n-channel devices operated in triode region. The buffers are
designed for 300-500mV signal swings.

To a large extent, the differential I/O and signal distribution scheme was chosen to
minimize ground bounce and supply noise due to all ten 1/0O buffers switching
simultaneously. However, even in differential signaling, a small skew between the two
signals can generate large current spikes that are easily coupled to the low resistance bulk
affecting the entire chip. Ensuring equal board trace lengths can minimize the skew of the
high-speed differential input signals. In addition, common-centroid layout is
implemented in all I/O circuits to minimize the effect of device mismatch.

To further reduce supply noise, dedicated power supplies are used for the input and
output buffers. In addition, on-chip decoupling capacitance is used for each 1/O cell.
Every input and output buffer has 50pF and 10pF of decoupling capacitance,
respectively. The smaller decoupling capacitance of the output buffers is due to area
limitation, and has the negative effect of shifting the power supply resonant frequency
closer to the nominal output buffer operating frequency. To avoid noise accumulation due
to the possibility of oscillations in the output buffer supply network, the effective series

resistance (ESR) of the on-chip decoupling capacitors is intentionally increased.
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Although this results in a slight increase in resistive voltage drop, the damping factor of
the supply network is also increased, thus minimizing the risk of noise accumulation due
to power supply resonance [17].

P-type guard rings are extensively used in close proximity to all I/O circuits to
minimize substrate noise. Dedicated ground pins are used to bias the substrate contacts in
order to decouple the I/0 ground noise from the bulk and improve the effectiveness of the
guard rings [11]. Therefore, the source connections of all n-channel devices used in the
I/O circuits and 1/0 decoupling capacitors are separated from the bulk connection.

5.5.4.B. Packaging and Board design

To accommodate the large number of differential high-speed signals in a 50-Q
environment, a four-layer board with top and bottom pre-peg stack-up thickness of 7.5
mils is used. With a dielectric constant of approximately 4.5, the trace widths with % oz.
Copper are roughly 24mils. The traces are tapered to 7mils near the package due to
routing density constraints. 50-Q differential microstrip lines are placed on the top layer
with a ground plane underneath. The multiple power supply planes and biasing signals
are routed in the third and bottom layers, as shown in Figure 5.26a. To reduce supply
noise, the board’s power supplies are tightly decoupled with discrete capacitors, ranging
from 0.1uF to 4.7uF. Since the smaller capacitors have lower parasitic inductance and
higher self-resonant frequencies, a wide range of noise frequencies is bypassed. In
addition, the internal board capacitance between the second ground and third supply
layers provide additional noise decoupling.

A medium sized cavity 108 pin-grid array (PGA) package provided by MOSIS is
used to electrically connect the chip die to a socket, as shown in Figure 5.26a. The
parasitic inductance of the I/Os due to wire bonds (1nH/mm), PGA traces (4-7nH) and
pins, and socket pins can be significant, ranging from 7nH — 15nH [18]. The socket is
soldered to the center of the test board, as shown in Figure 5.26b. A circular test board of
approximately 6-inches in diameter is fabricated in order to minimize the difference in
flight time in all high-speed I/O signals. The 50-Q traces, which are mounted at the

board edges using SMA connectors, span approximately 14cm in length.
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Figure 5. 26. Test board setup (a) board and package cross-section (b) experiment test board.

Figure 5.27 shows the time domain reflectometry (TDR) of the high-speed
differential signal path. In Figure 5.27a, the PGA package is removed from the test setup
to study the effect of the SMA edge launcher, signal traces and socket. The peak at point
a is due to the SMA edge launcher which appears to represent an inductive effect that
arises from a failure to bring the board’s reference planes all the way to the edge of the
board [19]. Following this peak, the trace impedance is approximately 50-Q as designed.
At point b, the impedance increases slightly and is followed by a dip due to the socket
and via pin capacitance. The increase in characteristic impedance is due to tapering the
differential microstrip lines near the socket fixture. The true edge rate of the signal path at
the socket end is approximately 260ps.
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Figure 5. 27. TDR measurements of high-speed I/O traces with (a) socket and (b) PGA package inserted
into socket (without on-chip termination).

The signal path degrades significantly as the PGA package is inserted into the socket,
as shown in Figure 5.27b. The TDR shows a bigger dip that follows point b due to the
package pin capacitance. Notice that the measured TDR after inserting the PGA package
into the socket shows a slower true edge-rate of 760ps — this does not include on-chip
resistive termination. The degradation in edge rate is partly due to the multiple reflections
as a result of impedance discontinuities between the board, socket and PGA package.
Therefore, the on-chip termination resistors are expected to improve the signal edge rates

of the high-speed differential lines (see section 5.5.6).

5.5.5. Hybrid Current/VVoltage Repeater

The hybrid repeater circuit, shown in Figure 5.28a, consists of a variable input
resistance amplifier followed by a variable output resistance driver, the later of which is
used to characterize the effect of driver resistance on line delay. The input amplifier
consists of a self-biased inverter stage with a feedback transmission gate, isolating the
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input from the internal node ‘A’ when the control voltage (Vctre) is set to ‘07 (i.e.
voltage-mode), and otherwise providing a low resistive termination when Vcrre
transitions to ‘1’ (i.e. current-mode). The additional leg of transistors on the internal node
is used to adjust the duty cycle, the input of which is typically biased at VVdd/2. When
operating in CM, the low swing voltage at the input node labeled ‘IN’ is amplified in two
stages to CMOS level at node “B’, with approximately 300ps of conversion latency.

As shown in Figure 5.28, the bus lines are divided into 3 equally spaced segments
spanning 5830um in length with a line width of 2um — with approximately Rt=204Q,
Ct=1.07pF per segment. Figure 5.28b shows the effect of driver resistance and supply
voltage variation on interconnection delay, measured from the input-to-output 50%
waveforms points. The worst-case measured delay variation was 8.56ns and 1.54ns for
VM and CM sensing, respectively, an improvement of 5.5x. At the nominal supply
voltage of 2.5V, the reduction in CM delay is in the range of 35% to 70%.
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Figure 5. 28. Repeater HCVR (a) circuit (b) measured delay versus supply voltage and driver resistance.
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5.5.6. ABB Waveforms

Figure 5.29 shows relevant ABB waveforms corresponding to an adaptive bus line
(i.e. bus[16]). The waveforms illustrated in Figure 5.29 indicate that as input data
transitions are sensed, the control signal switches to set the ABB in CM operation, and
otherwise reverts to VM to eliminate the DC power. This adaptive operation is shown in
Figure 5.30, where the dynamic change in voltage swing at the input of the repeater is
apparent. In the absence of data transitions, the internal nodes of the hybrid repeaters are
ideally isolated from the bus line causing the line voltage to reach the supply rails. When
data transitions are sensed, the input resistance to the repeater is decreased to allocate the
required interconnection bandwidth and reduce the signal voltage swing. Although, this
reduction in voltage swing results in higher sensitivity to cross-talk compared to standard
full-swing busses, it provides better performance compared to low-swing VM techniques

due to the static low-impedance nodes at the receiving-end of the repeater stages.
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Figure 5. 29. Measured 1/0 waveforms of an adaptive line (clock frequency ~ 500MHz, dual-data rate).
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Figure 5. 30. Probe measurements of internal repeater waveform indicating adaptive bandwidth operation.

Figure 5.31 shows measured output eye diagrams at 1Gb/s operation. In Figure 5.31a,
the bus is operated in voltage-mode and the output eye is completely closed due to ISI.
Figure 5.31b shows the output eye when the adaptive bus is enabled resulting in an eye-
width of approximately 650ps. The output eye-width opening at several data-rates for the

adaptive bus is indicated in Table. 5.4.

Table 5. 4. Eye-width opening versus line data rate for the adaptive bus.
Data rate/bus line | 1Gb/s 0.8Gb/s | 0.6Gb/s

Eye-width 650ps 930ps 1.4ns

Tek Run: 5.00G5/s  Sample I Tek Run: 5.00G5/s  Sample .
t ] {4

A 1.000ns
@: —1.000ns

W 200ps CRT o 2semy
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Figure 5. 31. Bus line output eye-diagrams at 1Gb/s (a) voltage-mode (b) adaptive-mode.
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Measurements using high-impedance probes show the adaptive operation at the input
of the last repeater stage for a pseudo-random pattern at 1Gb/s, as shown in Figure 32a,
and its corresponding eye diagram in Figure 5.32b. The worst-case eye-width of 640ps
occurs when the line switches from VM to CM and is subsequently followed by a 1-0 or
0-1 pattern. Notice that the ABB setup time (i.e. the time required to update the line from
VM to CM operation) is approximately 2.5ns (i.e. Cp=2.5), as shown in Figure 5.32b.

Tek 5.00GS/s . 4 Acqs . Tek Run: 5.00G5/s Sample .
f - : -
: -1 3 [-T-1

" |A: 640ps
@: 2.84ns

Iq@mmm” = M 10.0nms Cho £ 258mV
(a) (b)

Figure 5. 32. Measurements using probes (i.e. 20x signal attenuation) at the input of the last hybrid repeater
stage given a pseudo-random data pattern at 1Gb/s. (a) Internal adaptive line operation and (b) eye-
diagram.

5.5.7. Substrate Noise

A simple common-gate amplifier is used to sense the substrate noise of the test chip
in order to evaluate the noise injected by the ABB. The amplifier is placed away from
noisy digital circuits and surrounded with guard rings with a dedicated pin to avoid noise
modulation via the amplifier’s bulk node. Dedicated pins are also used for the supply and
gate bias voltage, as shown in Figure 5.33. Substrate noise coupling capacitors are placed
underneath the bus lines and are implemented with finger-structured MOS capacitors.
The substrate contacts are connected to drain/source nodes. Each capacitor consists of
eight fingers with W/L=80/1.6. A total of 19 capacitor cells are placed along the center of

all the bus lines, which adds to approximately 87.5pF. The substrate noise is coupled to
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the capacitor’s gate node, and distributed with appropriate noise shielding to the source
node of the common-gate amplifier.

Figure 5.33 shows an arbitrary data pattern (Bus[16]) and the substrate noise voltage
(Vn) due to input data activity in all 16 bus lines. The maximum measured peak-to-peak
noise voltage is 370mV - the simulated gain of the amplifier is 2, so the actual substrate
noise is 185mV. Similarly, when 8 bus lines are simultaneously activated the measured
peak-to-peak voltage is 286mV (or actual 143mV). Notice that the worst-case peak noise
occurs when the bus lines adaptively switch from current to voltage mode. The peak
noise, which is mainly due to the high parasitic inductance of the package, is well within

acceptable margin of operation.
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Figure 5. 33. Substrate noise due to adaptive bus operation of 16 bus lines.

5.5.8. Power Dissipation Comparisons

For comparison, the overall power dissipation of the bus in voltage, current and
adaptive mode of operation for varying data rates and data activity profiles is shown in
Figure 5.34. The data activity profiles are representative of MPU instruction and data

address streams. These are generated by externally controlling the operation mode of four
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independent 8-bit pattern generators - in hold-mode, it retains the previous data pattern
and in active-mode, it generates pseudo-random data sequences.

As shown in Figure 5.34, the ABB exhibits 50%-60% reduction in power over the
CM bus and 66% improvement in data rate over the VM bus. Although the VM bus is
shown to dissipate less power at 600Mb/s/line, at least 2-3 additional repeaters per line
(i.e. 32-48 additional repeaters for 16 lines) are required to meet 1Gb/s/line causing an
increase in overall power dissipation. At 16Gb/s, the ABB dissipates 93mW@2.5V, or
equivalently energy consumption of 5.81pJ/bit for 1.75cm lines.
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Figure 5. 34. Measured power dissipation versus data-rate and data activity profile (a) instruction (b) data
address streams.
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5.6. Summary

An adaptive bandwidth bus (ABB) architecture based on hybrid current/voltage mode
repeaters for signaling across long global interconnects has been explored to minimize
the static power dissipation inherent to current-mode sensing while achieving high-speed
data transmission. This technique allows for minimal repeater insertion while maximizing
the operating bandwidth. The attractiveness of current-mode signaling stems from the
fact that relatively high data-rates can be attained despite the continuing reverse
interconnect scaling trends. To compensate for the increase in static power dissipation
inherent to current sensing, the proposed bus technique adaptively changes the mode of
operation from current to voltage when the signal activity is low and from voltage to
current mode otherwise. Thus, the bus energy expenditure can be minimized to support
the required bus signal activity only.

A preliminary analog ABB fabricated in AMI 1.6um bulk CMOS technology has
been implemented to evaluate key aspects of the adaptive bus. Measurement results
indicate a 62% improvement in static power dissipation over CM sensing techniques
while achieving 40% increase in maximum data rate over VM signaling. A comparison of
the ABB and VM signaling schemes operating at Vdd=3V and Vdd=5V, respectively,
shows that the ABB dissipates nearly 2.5x less power with only 4.5% penalty in
maximum data rate.

A digital ABB for pipelined systems eliminates the data-dependent delay associated
with the analog architecture. Results from realistic MPU data streams extracted from an
Alpha 21264 time-based microprocessor simulator show the potential benefits of the
ABB. In addition, the power dissipation dependence on data activity profiles and design
variables such as number of control lines and pipeline depth are also addressed.

An experimental ABB test chip fabricated in TSMC 0.35um CMOS technology
attains 16Gb/s of aggregate NRZ bandwidth with 16 bus lines operating at a maximum of
1Gb/s with an eye-width opening of 640ps across lossy on-chip interconnects spanning
1.75cm in length. Results indicate a 35%-70% reduction in delay and 66% improvement
in maximum data rate over a voltage-mode bus, and 50%-60% reduction in power
dissipation over the current-mode bus. The energy consumption of the bus is 5.81pJ/bit

for 1.75cm lines.
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Chapter Vi

Conclusions

6.1. Summary and Contributions

This dissertation explores the use of current-mode and band-limited pulse signaling to

minimize delay, reduce cross-talk noise and improve transmission bandwidth in deep

sub-micron global on-chip interconnects. The contributions of this work can be

summarized as follows:

1)

2)

3)

The use of band-limited pulse signaling for on-chip data transmission as a means
to reduce the source of cross-talk noise. Silicon implementation of a low overhead
reduced edge-rate driver compatible with repeater insertion methodologies for
full-chip system implementation. Theoretical formulations of cross-talk noise for
capacitive and resistive terminations.

Closed-form delay and bandwidth formulations for current and voltage mode
signaling techniques based on single-exponent approximation to distributed RC
line system response. Power dissipation model for current and voltage mode
receive-end sensing. Experimental validation of proposed model with silicon test
chip.

Adaptive bandwidth bus based on hybrid current/voltage mode signaling used to
maximize signaling bandwidth and reduce delay while minimizing the static
power dissipation associated with current signal sensing. Silicon implementation
of analog and digital adaptive bus architectures in AMI 1.6um bulk CMOS and
TSMC 0.35um CMOS technologies, respectively.
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4)  Statistical analysis of realistic microprocessor data streams and power dissipation
modeling techniques to estimate power associated with current, voltage and

adaptive mode busses.

6.2. Future Work

The challenges associated with on-chip interconnects will continue to drive system
architects and circuit designers to implement new interconnect concentric solutions to
address the cross-talk noise, delay latency, bandwidth and power limitations. These
limitations tend to be system application specific. However, as operating frequencies
continue to increase, the noise and bandwidth limitation of on-chip interconnects are
likely to determine the direction of future research in this area. Delay latency, to a large
extent, will be unavoidable and must be taken into account during the early stages of
architectural planning. Several possible directions of future research are outlined in the

following sections.

6.2.1. Noise Aware Designs

The side-wall capacitive and signal transitions of an aggressor line can cause
detection errors on a quiescent victim line and degrade the delay performance of adjacent
wires. The continuing increase in wire aspect ratios to mitigate resistive effects only helps
exacerbate this signal integrity problem. Currently, the cross-talk noise problem seems to
be a critical obstacle in interconnect performance. Therefore, interconnect designs must
take into account the coupling capacitance effects. Possible areas of research are:

1) Differential interconnects: signals transmitted over differential wires
theoretically outperform single-ended approaches due to its inherent common-
mode rejection. Improved rejection from adjacent differential or single ended
wires can be improved by ‘twisting’ the wires. Low overhead singled-ended to
differential and differential to single-ended circuits are required to minimize
the power, latency and area. Low swing differential swing techniques can be

used to reduce the additional wire related power dissipation.
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2)  Transition encoded busses: encoding signal transitions reduces the capacitive
multiplier factor due to adjacent switching interconnects (i.e. the effective
capacitance due to side-wall capacitance). Low overhead encoding and
decoding circuits as well as dynamic pre-charge techniques can be
investigated.

3) Reduced edge rate interconnects. full-chip implementation of repeaters with
pulse shaping capabilities can further investigated to evaluate the overall
impact in noise, power and delay performance.

6.2.2. Signaling Bandwidth

The signaling bandwidth of future interconnects are likely to become increasingly
important. Typically, minimizing global delays has been of critical importance. However,
as the average global interconnect length and the clock frequency continues to increase,
achieving high-speed on-chip data transmission will become equally important.
Therefore, techniques for maximizing data throughput for global interconnects within on-
die processing units are required. Some possible areas of research are outlined:

1) High-speed current-mode signaling: although much of the work presented in
this dissertation addresses current-mode signaling, the static power dissipation
associated with this technique can be further reduced. Repeater stages with
dynamic resistive terminations can be investigated to potentially eliminate the
static current when the line is quiescent. Conditional evaluation of clocked
current-mode receivers can be used to minimize the static power to a fraction
of the clock period.

2) Line equalization techniques: In order to improve the ISI due to resistive
losses, equalization techniques can be implemented to maximize the repeater
insertion distance. Noise effects and circuit area overhead must be carefully

addressed to ensure the feasibility of this technique.

6.2.3. Adaptive Interconnects

Adaptive, self-compensating circuits are often used to minimize local device and

interconnection timing variations, leakage currents and overall power dissipation in large-
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scale systems. In order to achieve high computational efficiency, the compensating
variable is usually a voltage, such as a supply voltage used to track operating frequency
or body bias voltage used to minimize leakage currents. Other approaches may
implement scheduling algorithms to make efficient use of functional units or maintain
peak power dissipations within a specified level.

The research proposed as part of this dissertation is aimed to reduce power dissipation
by adaptively changing the signaling bandwidth of a subsystem in order to track the
computational load. Since signaling bandwidth is inversely proportional to power,
adaptively changing the bandwidth reduces the system power dissipation. Possible areas
of future research are new techniques to apply this concept to computational units. By
identifying critical nodes in the data-path, it possible to implement circuit topologies that
compensate for the speed limitations. Hybrid current and voltage mode techniques can be
used to adaptively change the system time constants to allocate signaling bandwidth as

necessary.
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Appendix A

A.1. Effective Resistance and Capacitance Derivation

A lumped, linear, time-invariant circuit such as that of a generalized distributed RC
line shown in Figure 3.3 (i.e. in chapter IlI), can be conveniently expressed in terms of
state equations by using the modified nodal matrix (MNA) representation [1]. The
generalized output equation can be expressed in the Laplace domain as:

[G+sc][X(s)]=bls) (A1)
where G and C are the nodal conductance and capacitance matrix, respectively; X(s) is
the vector of node voltages; and b(s) is the input source excitation. An NxN nodal

conductance matrix G for the circuit topology shown in Figure 3.3b can be written as:

(Gg+G, -G, 0 - 0
-G, 26, -G, O
0 -G, 26, -G, O
) . A-2
[G]z : : ( )

0 -G, 26, -G, 0
0 -G, 26, -G,
0 -0 -G, G_+G,

G is the segment conductance of the distributed transmission line and G, is the load
conductance. In Eq. (A-2), Gs=1/(Rs1+Ry); where Rg; is the source resistance.

As described in [2]-[3], the node voltage vector X(s) is expanded using the Taylor
series and coefficients of similar powers of s are equated to obtain the following
expressions:

GMO :b

(A-3)
GMy=-CMy; @>0

where Mg represents the moment vector. A general closed-form expression for the q"

moment and the k™ node voltage of X(s) is given by:
N .
mlf§+l =Z_Ginv(kvj)'c(j)'mé (A'4)
j=1

where N is the number of distributed segments and Gjny is the inverse matrix (G-1) which
can be expressed as:
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(G +IN-K)}-G e, +(i-)-Gs]

Gu'[GUGS+(N_1)'GLGS+GLGU] -
Ginv(k1j):

[Gu+(N_j)'GL]'[Gu+(k_l)'GS]

G, '[GuGs +(N _1)'GLGS +GLGu]

(A-5)

j>k

Similarly, we can express the 0" moment for the K™ nodal voltage as:

Kk _ GslG, +(N=k)-G ] _
M = [G,Gs +(N-1)-G, G +G, G, | (A-6)

Given equations (A-4), (A-5) and (A-6), all higher order moments can be derived.
To obtain the effective resistance and capacitance of the first order AWE
approximation, we express the reduced single order rational transfer function H(s) in

terms of the polynomial coefficients as:

i %
A= =2 (A1)
S*h gyl
by
where ag and by are calculated from the 0™ and 1™ moments from (A-4) and (A-6), given
as:
q =My (A-8)
Y
My

Since the pole of A(s) is 1/(ReCet), the effective resistance and capacitance can be

derived from Eq. (A-8), which can be written in closed-form as:

T A
Co =L rCane tRr ¢y Bt (A-9b)
and
TR (A0
e TR A0
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